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EPIGRAPH

We must dare to think "unthinkable" thoughts. We must learn to explore all the options

and possibilities that confront us in a complex and rapidly changing world. We must

learn to welcome and not to fear the voices of dissent. We must dare to think about

"unthinkable things" because when things become unthinkable, thinking stops and

action becomes mindless.

— J. William Fulbright, March 27, 1964
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The power dissipation and cost of the next generation pulse radar beamform-

ing systems needs to be reduced for the imaging and surveillance sensors. This research

work aims at developing and innovating the next generation, mobile hand-held, high per-

formance radar systems for outdoor surveillance applications, i.e. pedestrian detection

sensor. Integrating the low cost millimeter-wave (mm-wave) imaging array platforms

with advanced analog/baseband signal processing on silicon is proposed for reducing

the power dissipation, area, and cost of the next generation radar modules and for the

wide deployment of the sensors that are capable of detecting the vehicles and humans

with a good range/angle resolution and maximum detection range at the same time. The

system concepts of a bidirectional beamforming pulse compression radar system, the
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design and measurement results of the bidirectional mm-wave front-end circuits at the

front-end and the design and measurement results of a baseband/analog signal process-

ing sub-system and its blocks are presented, although the pulse compression radar is not

fully demonstrated. Low noise figure, low power consumption, high linearity and high

bandwidth in circuit level is maintained to provide the maximum detection distance,

good range and angle resolution for the overall system level.

The analog signal processing system is demonstrated in 90 nm CMOS process.

The baseband circuitry is designed as a pulse compression radar system that exhibits the

autocorrelation properties of the polyphase codes, maximizes the sensitivity and reso-

lution of a pulse radar system and alleviates speed and resolution requirements of the

ADC via an analog correlator while minimizing the power consumption. The baseband

circuitry includes a Friis loss tracking VGA for high dynamic range, a correlator /in-

tegrator circuit, a comparator, and offset calibration circuits. The different lengths of

radar codes are given as inputs to the baseband circuitry chip to find the time of flight.

Next, novel silicon millimeter-wave frequency circuits are implemented to re-

duce the number of elements in a beamforming front-end, although not specifically

designed for the radar system front-end. Bidirectional circuits are motivated by the re-

quirements of scalable microwave and millimeter-wave phased array transceivers. The

first bidirectional amplifier in silicon/silicon-germanium is reported to date - a W-band

bidirectional cascaded constructive wave amplifier (BCCWA) in a 0.13 μm SiGe BiC-

MOS technology which operates as either an LNA or PA one at a time. The first phase

shifter/variable gain amplifier at W-band in a 0.13 μm SiGe BiCMOS technology is also

reported to date. The circuit can operate both as a continuous variable gain amplifier and

phase shifter one at a time. The first dual-channel distributed amplifier (DA) is reported

to date. The DA is proposed for a highly linear multiple-input receiver front-end and

can replace two LNAs at the same time.

Next, millimeter-wave circuits in 45-nm CMOS SOI process are presented. The

design and state-of-the-art measurement results of millimeter-wave (Q-band) balanced

resistive ring mixer, LNA, and SPDT switch are demonstrated. The results indicate

that 45-nm CMOS SOI demonstrates the lowest mixer conversion loss, lowest switch

insertion loss, and lowest LNA noise figure compared to other CMOS processes.
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Chapter 1

Dissertation Summary

1.1 Dissertation Background

Communication and computing have benefited from CMOS technology scaling

improvements. Nanoscale devices on silicon allow low power sub-THz speeds. The

other important applications such as imaging could benefit from the scaling of silicon

technology. In the near future, effective micro-systems will require hundreds/thousands

of electrical, mechanical, biological, optical systems together on the same chip. Exploit-

ing the low cost of silicon technology to realize a dense array of various microsystem

designs on a single silicon chip will be essential creating tomorrow’s technology. Sen-

sors, specially imaging sensors, are crucial part of these micro systems.

1.1.1 Case Study: Pedestrian Detection Sensor

In 2010, in motor vehicle traffic crashes in the United States, 2.24 million people

were injured (pedestrian injuries: 70,000), 32,885 people died (pedestrian deaths: 4,280

- twelve people every day) and the total cost of pedestrian death and injury among chil-

dren ages 14 and younger is $8.32 billion per year (Safe Kids Worldwide). As accidents

at intersections account for about a half of all traffic fatalities, preventive measures are

required to avoid collisions involving cars, pedestrians and cyclists.

The low cost, low power, reliable pedestrian detection sensors should be em-

bedded at several locations to sense and image the local surroundings in an intelligent
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environment and be benefited in the future environment which is adaptive and respon-

sive to the objects and human beings that occupy it. According to ABI Research, by

2016, the lower costs will play a big part in increasing volumes and push the global

pedestrian detection market value to more than £27.2 billion with a growth rate 9.2%

CAGR. At present, the pedestrian detection market is not based on the deployment of

the sensors on traffic lights due to the cost, battery life and portability of the current

sensors however it is only based on the sensors on the vehicles and the market is small-

medium, and fragmented. Volvo and Class C Mercedes vehicles already have single

camera systems to detect pedestrians and road signs. Other manufacturers like Toyota

have also announced that they would soon launch pedestrian detection stereo systems

in the market. Small sized start-ups and research institutes are working to develop the

technology. However the video sensors on the vehicles limit the speed of the vehicles for

pedestrian detection. Volvo’s video camera-based pedestrian detection system operates

reliably only when new S60 model moves at speeds less than 21 mph. The wide and low

cost deployment of pedestrian detection radar sensors is a must however deployment of

them around the car is very costly.

To detect the objects in an indoor/outdoor environment, the video camera imag-

ing (optical) sensors, infrared (IR), ultrasound radar based systems are investigated pre-

viously [1]. Each have some drawbacks. IR detection has a limited detection range and

becomes insensitive in environments with changes in light intensity. Ultrasound sensor

power consumption and cost is prohibitive for wide deployment. A traffic surveillance

sensor, i.e. a pedestrian detection sensor, based on an optical or infrared camera is not

reliable at nighttime, in rain, snow or dense fog. The wide and low cost deployment of

pedestrian detection radar sensors is a must however deployment of them around the car

is costly. Silicon IC processes make radar chipsets available at low cost and the radar

technology will not be subject to such weather conditions. Therefore recent research has

been carried out on UWB radar for short-range vehicular applications, doppler radar and

vital sign detection [2–11]. However architectures of the UWB systems are not com-

patible with a communication transceiver and the maximum range of UWB systems are

limited. This paper investigates a low cost pulse radar module for a pedestrian detection

sensor which is also compatible with a communication transceiver.
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Fig. 1.1 presents the case scenario of sensing the pedestrians via a millimeter

(mm-wave) radar sensor. The maximum detection range of an object and the range res-

olution of two objects is dependent on the link budget, transceiver design of the radar

beamforming system and the silicon technology available. The advanced radar technol-

ogy should be capable of detecting humans and cars simultaneously in spite of the fact

that human body reflects extremely weak radar signals compared with car body. The

case scenario depicts that the low cost and low power radar sensors are deployed as traf-

fic monitoring sensors at every intersection. Pedestrians and bicycles up to 48 meters

are detected with high accuracy and with a range resolution of less than 40cm and an

angular resolution of 1.2 ° which enables to differentiate every pedestrian and vehicle.

Vehicle and pedestrian traffic is monitored and traffic data is sent to the nearby vehicles

and/or traffic centers. Radar traffic sensors have a huge potential to be the number one

choice for reliable human detection systems which can localize an object through the

information provided by direction and time of the radar signal arrival. Direction and

time of arrival can be determined through beam-forming and analog signal processing,

respectively.

Figure 1.1: Pedestrian and vehicle detection sensor.

1.1.2 An Overview of Mm-wave Imaging Systems

Pedestrian detection being a case scenario, imaging at mm-wave frequencies

has recently gained interest for applications ranging from security screening to bio-

imaging and spectroscopy. Unlike other regions of the electromagnetic spectrum, mm-

wave offers the unique ability to penetrate clothing and other textile materials, enabling
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new approaches for weapon and contraband detection. Additionally, the transmission

and reflective responses of many materials have distinct features within the mm and

sub-mm wave bands, allowing for the possibility of remote material identification. Such

systems could potentially detect explosives, poisonous materials, and other chemical

threats from several meters away. While the basic building blocks of mm-wave imaging

systems are similar to those used in wireless communications (transmitters, receivers,

detectors and antennas, etc.), the configurations and requirements for mm-wave imaging

are quite different.

Unlike mm-wave communications that wirelessly transmit and receive modu-

lated signal/data, mm-wave imagers detect features of an object based on its radiation,

reflection or absorption properties in the mm-wave spectrum. Traditionally mm-wave

imagers were implemented in III-V compound semiconductor technologies for their su-

perior noise and high-frequency performance when compared with silicon counterparts.

Although a III-V based imaging system offers higher performance, it also has its own

limitations including limited integration in forming two-dimensional receiver arrays and

excessive power consumption.

The detection of objects based on mm-wave radiation or reflection/absorption

can be divided into three separate approaches, each with a unique set of requirements

placed on the mm-wave imaging receiver or detector circuitry and its supporting optic

as shown in Fig. 1.2.

Figure 1.2: Transmissive imaging, reflective active imaging and passive imaging

concepts.

Transmissive imaging: A target is placed between a transmitter and receiver.

The attenuation or blocking of the target at mm-wave frequencies is then measured

at multiple points in space to construct an image. While this is the simplest type of

imaging, it inherits a major disadvantage of requiring the system to surround the target

for remote security screening and contraband detection.
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Reflective active imaging: Most radar systems are examples of reflective active

imaging systems. The source of mm-wave illumination (transmitter) is focused into a

narrow beam, then the signal is reflected off the surface of a target and returned back

to a receiver. This approach is commonly called backscatter or reflective imaging. The

reflection coefficient information at different points in space is utilized to create an im-

age. While this is conceptually simple, the signal must travel the path twice (forward

and backward) in free-space complicating the link budget.

Passive imaging: It constructs imaging by detecting subject’s own blackbody

radiation, without the need of mm-wave radiation sources or any compliance to FCC

regulations. That can simplify the system and facilitate its wide applications. However,

passive imaging is considered to be the most difficult approach in mm-wave imaging

systems because it must detect the emitted noise, kT , from the target, where k represents

the Boltzmann constant and T represents the absolute temperature measured by Kelvin.

While the concept seems relatively simple as compared with communication links, it is

actually quite challenging as the temperature variation across a typical scene (contrast

ratio) may vary only by a few K. Since scene content varies by such small temperatures

a passive mm-wave imager requires <1K in temperature resolution to capture usable

images for object detection. One major challenge is that this level of thermal resolution

of corresponds to several orders of magnitude lower than the receiver’s input referred

noise.

1.1.3 An Overview of Silicon Technology

Mm-wave and terahertz applications of SiGe and CMOS circuits have been an

active research topic over the past few years. Recent advances in silicon technology,

mm-wave integrated circuit/antenna/package design, and beamforming techniques have

enabled smaller form factor, lower power consumption and lower cost for the consumer

electronics products. While silicon integrated beamforming architectures and phased

arrays at millimeter wave frequencies have been demonstrated for automotive radar sys-

tem, short-distance high-data rate communications, high definition content streaming

and satellite systems [12–16], other commercial applications will include sensing, imag-

ing and indoor/outdoor surveillance.
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Complementary metal-oxide-semiconductor (CMOS) technology offers an op-

portunity for dramatic cost and size reduction for beamforming and multiple-input and

multiple-output arrays. Integrating the low cost beamformers/arrays with advanced ana-

log signal processing on silicon will provide lower-cost, lower-power millimeter-wave

imaging and sensing platforms that require good resolution. Optics, silicon-based an-

tenna arrays and analog signal processing are likely to play a key role towards the wide

deployment of future mm-wave sensing systems.

CMOS also offers mixed-signal integration opportunities for concurrent pro-

grammability. There have been efforts to realize very-large-scale phased arrays based on

CMOS. However, the increased burden on signal processing has not yet been explored in

details. The signal processing block has to generate the signals for all transmitters and

has to process the signals from all receivers. Therefore, the signal processing burden

and the power consumption of the analog-to-digital converter (ADC) increase rapidly.

This excessive demand on the signal processing power and the ADC can be a major

hurdle to overcome for a radar system. The lack of ADCs with sufficient speed and/or

dynamic range constrains many radar designs [17]. Moreover, the speed requirements

of an ADC keep increasing because of the modern direct-conversion architectures and

high bandwidth waveforms, and the dynamic range requirement of an ADC keeps in-

creasing to detect reduced signal returns in heavy clutter and electronic counter measure

environments.

Moreover, for future expansion to mobile applications, a friendly system-on-a-

chip (SOC) integration is desirable. Another very important aspect for these applica-

tions is low power consumption. In this sense, the design that can be implemented with

CMOS technology will be desirable since the digital functionalities can be easily im-

plemented by CMOS. Therefore analog signal processing based systems on silicon over

conventional digital signal processing based systems will enable reduction in total sys-

tem power consumption. A low-power signal processing unit is one of the key enabling

technologies for radars.
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1.2 Dissertation Motive

As illustrated in Fig. 1.1 and explained in section 1.1.3, the main motive of this

research is reducing the power dissipation, area, and cost of the next generation radar

modules by integrating the low cost millimeter-wave (mm-wave) imaging array plat-

forms with advanced analog baseband signal processing on silicon. The sensor should

be capable of detecting the vehicles and humans with a maximum range of 48 m, range

resolution of 40 cm and angle resolution of 1.2° at the same time. Therefore vari-

ous ways of beamforming circuits and analog signal processing architectures on silicon

(SiGe and CMOS technology) suitable for an integrated radar-on-chip system are in-

vestigated in this dissertation. Bidirectional bemforming is proposed and motivated by

the requirements of scalable microwave and millimeter-wave phased array transceivers.

It provides lower power consumption and chip area as compared to other architectures

(power matters, especially in portable applications). And powerful analog signal pro-

cessing on same chip with the mm-wave front-end beamforming circuits is proposed to

realize a high performance complete on-chip implementation of radar systems.

Although complete system is not implemented, the high level specifications and

block diagram of the pedestrian detection system is illustrated in this dissertation. The

bidirectional circuits are designed and implemented in a 0.12 μm SiGe BiCMOS pro-

cess while analog signal processing circuits are implemented in a 90-nm CMOS mixed-

signal/RF low power process.

The mm-wave circuits in other CMOS processes - 45-nm CMOS and 130-nm

CMOS - are designed and implemented. The state-of-the-art measurement results are

presented. It is demonstrated that 45-nm digital CMOS SOI is an excellent candidate

even for mm-wave circuits in addition to its digital, analog and RF integrability in a

monolithic system-on-chip (SOC) package. Low loss, high isolation, low-noise and

high-power handling circuits are demonstrated.

1.3 Dissertation Organization

In Chapter 1, a case study - pedestrian detection/imaging sensor - has been intro-

duced. An overview of mm-wave imaging systems and silicon technology is explained.
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Dissertation motive and organization is introduced.

Chapter 2 presents the background information for beamforming systems and

radar architectures. Radar history and concept is explained. Matched filter concept

and correlation of radar waveforms via matched filter is introduced. Pulse compression

radar and non-coherent integration concepts are briefly explained. The polyphase codes

as radar waveforms, their radar ambiguity function and autocorrelation characteristics

(range ambiguity, velocity ambiguity, range sidelobes, doppler shift, minimum range

etc.) are presented. The motivation of beamforming for radar systems is explained.

Following three chapters (Chapter 3, 4 and 5) are dedicated to describe the sys-

tem level characterization, baseband analog signal processing and mm-wave front-end

of the radar system proposed for pedestrian detection system, respectively.

Chapter 3 proposes the architecture for the pulse compression radar - bidirec-

tional beamforming pulse radar front-end and baseband analog signal processing blocks

- to bring the cost and power dissipation of the mobile pulse compression radar (PCR)

down. The specifications, maximum and minimum range limitation, resolution limits

of the beamforming pulse-compression radar system in silicon are described. The block

diagram of the proposed architecture is depicted. The link budget with beamforming,

pulse compression, and non-coherent integration in pulse compression radar are illus-

trated. Front-end and baseband signal processing architectures and their trade-offs are

illustrated. The required time-scan and power consumption of the baseband signal pro-

cessing units is illustrated.

Chapter 4 presents the pulse compression radar analog signal processing blocks

which are implemented and fabricated in TSMC 90-nm process. The baseband circuitry

includes a two-stage VGA for high dynamic range, a correlator/integrator circuit, a com-

parator replacing an amplitude detector and ADC, and offset calibration circuits. The

chip is wire-bonded on the FR4 printed circuit board and tested with Stratix IV FPGA

board to evaluate the system performance for different polyphase codes and their param-

eters. The differential, 6-bit variable gain amplifier (VGA) preceding in the system is

designed to track Friis path loss through rapid change of the VGA gain and reduces the

dynamic range on the correlator and ADC. VGA has a gain variation of 52 dB and a low

group delay imbalance of only 50 ps over 64 states. The pulse compression radar system
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exhibits the autocorrelation properties of the polyphase codes, maximizes the sensitivity

and resolution of a pulse radar system and alleviates speed and resolution requirements

of the ADC via an analog correlator which replaces the matched filter in a traditional

radar architecture.

Chapter 5 presents the novel front-end circuits for low cost, low power active

and passive beamforming systems. As the first design, the first bidirectional amplifier

in silicon / silicon-germanium is reported to date - bidirectional cascaded constructive

wave amplifier (BCCWA). This design is based on the cascaded constructive wave am-

plifier (CCWA) which uses a transmission line and an active shunt feedback circuit

which feeds current back to the input of the quarter-wave transmission line to introduce

a small amount of positive feedback to generate gain. For the BCCWA, two feedback

amplifiers decide the direction of amplification and only one feedback amplifier operates

at a time to provide gain in either the forward and backward direction. The BCCWA is

proposed to avoid the insertion losses due to the SPDT switches and decrease the area

and power consumption. They are motivated by the requirements of scalable microwave

and millimeter-wave phased array transceivers. A W-band BCCWA, which operates as

either an LNA or PA, is designed and fabricated in a 0.13 μm SiGe BiCMOS technol-

ogy. The measured amplifier has a peak gain of 16 dB, a bandwidth of 14.5 GHz at 90

GHz, a noise figure of 11 dB and its output-referred P1dB is 1 dBm at 90 GHz. The

circuit occupies an area of 0.47 mm2, and consumes approximately 32 mA from a 2 V

supply. Therefore, it does not impose significant circuit area or power consumption to

operate as a bidirectional element.

Next, the first phase shifter/variable gain amplifier at 94 GHz in silicon/silicon-

germanium is also reported to date. This design is also based on the cascaded con-

structive wave amplifier. The CCWA circuit architecture loaded with varactors is used

to design a loss-compensated, varactor-loaded transmission line. Analog varactor con-

trol introduces a small amount of phase shift and analog feedback amplifier control in

the signal path introduces a small amount of gain shift while compensating for the dis-

tributed varactor losses. Therefore the circuit can operate both as a continuous variable

gain amplifier and phase shifter one at a time. Continuous phase and amplitude con-

trol allows phase/gain shift and calibration of the relative phase and gain errors in the
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channels of the beamforming systems. More than 65◦ of continuous phase control and

7 dB gain control (with a maximum gain of 16 dB) one at a time is demonstrated with a

power consumption of only 36 mW.

As the third design, although not specifically designed for the radar system front-

end, a low-power dual channel distributed amplifier (DA) is implemented to reduce the

number of elements in a beamforming front-end. Dual channel DA provides isolation

between amplifier channels and is proposed to replace two LNAs at the same time.

The DA is biased in moderate inversion to simultaneously obtain low noise figure and

high linearity while consuming low power. The dual-channel DA is fabricated in a bulk

0.13μm CMOS process, achieves a forward gain of 9.6 dB and a P 1dB of 4.9 dBm, and

consumes 18 mW power.

In Chapter 5, mm-wave high performance front-end circuits in 45-nm SOI CMOS

process are demonstrated. The design and state-of-the-art measurement results of mm-

wave (Q-band) SPDT switch, balanced resistive ring mixer and LNA in 45-nm SOI

CMOS are presented. The technology provides higher ft than other CMOS processes

and allows the substrate isolation, therefore 45-nm CMOS is an excellent candidate for

millimeter-wave low-noise amplifiers and passive circuits - SPDT switches and ring

mixers. Electromagnetic simulations are extensively used to model the high frequency

behavior of any passive components such as the conventional CPW-line, grounded stubs,

inductors, and baluns. The passive resistive I/Q ring mixer demonstrates a conversion

loss of 8.35 dB and input P 1dB of 4.5 dBm at 43.3 GHz. The gain and phase imbalance

of the mixer is minimized using the provided DC pads and is 0.25 dB and 2°, respec-

tively. The record SPDT insertion loss is 1.7 dB at 45 GHz and less than 2.5 dB at 60

GHz with an isolation of greater than 25 dB at 45 GHz. The input P 1dB of the switch

is 7.1 dBm. The LNA demonstrates a record low noise figure of 2.9 dB at 47 GHz with

18.5 dB of gain and OIP3 of 15.5dBm.

Chapter 6 concludes the dissertation by discussing the next generation base-

band/analog signal processing system, topics for future research and a summary of the

dissertation with the publications and patents of the author.



Chapter 2

Review of Radar Systems

A millimeter-wave indoor/outdoor surveillance application requires low inter-

ference and good angle resolution at low cost therefore radar beamformer sensors can

be embedded at several locations to sense, image and learn the local surroundings in an

intelligent environment that is adaptive and responsive to the objects and human beings

that occupy it, which is defined as "cognitive radar" by Haykin [18]. This millimeter-

wave beamformer radar sensor should be a low cost and low power platform based on

a silicon CMOS process and will require a dedicated baseband signal processing circuit

to generate and detect the radar signal. Analysis of the partitioning of baseband signal

processing between the analog and digital domains reveals that the power dissipation of

a digital-baseband approach is dominated by the high-resolution, high-speed ADC that

is required. The prohibitive performance demands of such an ADC suggests that some

analog-baseband signal processing is preferable. It will be shown that the known charac-

teristics of the received radar waveform can be exploited through analog pre-processing

elements to alleviate speed and power requirements on the ADC.

This chapter presents the background information for the rest of the dissertation.

History on radar, background information on radar waveforms and their properties, pulse

compression radar and beamforming for radar systems are introduced. First, radar his-

tory and concept is explained in Section 2.1. Next, matched filter concept, correlation

of radar waveforms via matched filter, pulse compression radar , polyphase radar codes,

radar ambiguity function a nd non-coherent integration are introduced in Section 2.2.

The polyphase codes as radar waveforms, their radar ambiguity function and autocor-

11



12

relation characteristics (range ambiguity, velocity ambiguity, range sidelobes, doppler

shift, minimum range etc.) are presented in Section 2.2.3. The motivation and use of

beamforming for radar systems is introduced in Section 2.3. The chapter is concluded

in Section 2.4. The relevant papers and patents are summarized in Section 2.5.

2.1 Traditional Radar

As early as 1886, Heinrich Hertz demonstrated the principle of reflective active

imaging and showed that radio waves could be reflected from solid objects. Since then,

several inventors, scientists, and engineers contributed to the development of radar. Ger-

man Christian Huelsmeyer was the first to discover the effect of radar in 1904, and the

first patent of the detection of objects by radio was issued to him. However radar as

we know was invented in 1935 by three British scientists, Sir Robert Watson-Watt, A. F.

Wilkins and H. E. Wimperis along with Sir Henry Tizard, who discovered its use putting

it to excellent effect in World War 2. It was being tested on December 7, 1941 when the

Japanese were attacking Pearl Harbor, but when they saw evidence of a large number of

airplanes coming in they thought it was a problem with the radar. The radar was work-

ing, the officers just didn’t believe it. "We had enough warning to have actually made a

difference, but our military officers didn’t trust the new technology".

Radar is an active imaging object detection system which uses electromagnetic

waves, specifically radio waves, to determine the range, altitude, direction, or speed of

both moving and fixed objects such as aircraft, ships, spacecraft, guided missiles, mo-

tor vehicles, weather formations, terrain, and even humans. The radar dish, or antenna,

transmits pulses of radio waves or microwaves which bounce off any object in their

path. The object returns a tiny part of the wave’s energy to a dish or antenna which is

usually located at the same site as the transmitter. Radar sensor figures of merit include

field of view in terms of solid angle and maximum unambiguous range and velocity,

as well as angular, range and velocity resolution. Applications of radar sensors include

autonomous cruise control (ACC), autonomous landing guidance (ALG), altimetry, air

traffic management (ATM), early warning, fire control, forward warning collision sens-

ing (FWCS), ground penetrating radar (GPR), surveillance, and weather forecasting.
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Radar sensors are classified by architecture, radar mode, platform, and propagation win-

dow.

The key elements of a simple radar system is illustrated in Fig. 2.1. The radar

system includes a transmitter, receiver and signal processing blocks. The radar trans-

mits a short pulse of energy that is reflected by objects being examined. The received

waveform is a shifted version of the transmitted waveform plus random noise. The radar

waveform in time domain and frequency domain is shown in Fig. 2.1. The range reso-

lution of a single pulse is proportional to the pulse width and inversely proportional to

the bandwidth, which will be covered in details in Chapter 3.

Figure 2.1: Block diagram of a radar system.

2.2 Radar Concepts and Waveforms

Unlike a typical communication system, in radar, certain aspects of the received

waveform are known. For instance, in an pulse radar imaging system, a transmitted train

of narrow pulses impinges on the objects in the environment. If the reflectiveness of the

objects can be assumed to be frequency-independent, to the first order, the received

waveform is simply a superposition of delayed and scaled versions of the transmitted

waveform. The amplitudes and delays depend on the distances of the reflecting objects,

their shapes, sizes, and materials. Therefore detection of a known waveform in a noisy

signal is the fundamental problem and the answer to this problem is correlation. Corre-
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lation is used to compare the similarity of two signals, the result is a signal that shows

this similarity and reaches its maximum at the time when the two signals match best.

Therefore correlation can be used to measure the distance of a certain system via time

delay.

2.2.1 Matched Filter Concept

A filter whose impulse response is h(t) = s∗(T − t), in which the signal s(t) is

assumed to be confined to the time interval 0 ≤ t ≤ T is called a matched filter to the

signal s(t) and attains a peak at t = T . The response of the MF, h(t), to the arbitrary

input signal, si(t), at t = T is

yt=T = si(t) ∗ h(t)|t=T

=

∫ +∞

−∞
si(τ)h(T − τ) dτ

=

∫ T

0

si(τ)h(T − τ) dτ

=

∫ T

0

si(τ)s∗(τ) dτ.

It is known that if signal s(t) is corrupted by an additive white Gaussian noise

(AWGN) process, the matched filter maximizes the output peak-signal to mean-noise

ratio (SNR), and the maximum output SNR is given as SNR = 2E/N0 where E =∫ T

0
|s(t)|2 dt and N0/2 is the energy of the signal and power spectral density of the

noise, respectively. One wants to pass the received radar echo through a filter, whose

output will optimize the Signal-to-Noise Ratio (S/N). Matched filter is implemented by

"convolving" the reflected echo with the "time reversed" transmit pulse as illustrated in

Fig. 2.2. Convolution process first involves to move the digitized pulses by each other

in steps. When data overlaps, samples are multiplied and summed up to the output.

Therefore, a long pulse compression time [large T with long s(t)] can increase the

SNR, but it may limit the bandwidth of radar tracking in radar applications, especially

with dynamic targets.
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Figure 2.2: Convolution process

Let us consider si(t) as a time-shifted replica of s(t) by Δt, i.e. si (t) = s(t- Δt),

and sk[n] as a sampled and delayed sequence of s(t) by sampling frequency 1/Ts and

the delay of integer k. In other words

sk[n] =

⎧⎨
⎩s((n− k)Ts), k ≤ n ≤ k +N

0 otherwise

where N is defined as N = �T/Ts�. If a function ỹk is defined as

ỹk ≡ Re

∫ +∞

−∞
si(τ)s∗k[�τ/Ts�], dτ, (2.1)

and if an integer k can be found such that

k = �(τ +Δt)/Ts)� − �τ/Ts� ≈ �Δt/Ts� , (2.2)

then
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ỹk =

∫ T+Δt

Δt

s(τ −Δt)s∗k[�τ/Ts�]dτ

= Re

∫ T

0

s(τ)s∗k[�(τ +Δt)/Ts�]dτ

= Re

∫ T

0

s(τ)s∗k[�τ/Ts�+ k]dτ

= Re

∫ T

0

s(τ)s∗(�τ/Ts�Ts)dτ

≈ Re

∫ T

0

s(τ)s∗τdτ

= Re

∫ T

0

|s(t)|2 dτ
= E

which is the maximum. Therefore, by finding the maximum of ỹk with respect to k, Δt

can be estimated from (2.2) with the resolution of Ts. In turn, the target distance can be

estimated as ckTs/2 from k.

Furthermore ỹk is

ỹk =

∫ +∞

−∞
si(τ)s∗k[�τ/Ts�]dτ

=

∫ T

0

(siI(τ)s
∗
k,I [�τ/Ts�] + siQ(τ)s

∗
k,Q[�τ/Ts�])dτ

=

∫ T

0

siI(τ)s
∗
k,I [�τ/Ts�]dτ +

∫ T

0

siQτs
∗
k,Q[�τ/Ts�]dτ

where I and Q denote an in-phase and quadrature-phase component, respectively. Since

the analog MF in this work is for radar applications, signal s(t) is already known. There-

fore, sk[n] can be constructed by shifting sampled s(t) by an appropriate amount, and

the output can be calculated by the following procedure.

Step 1. Multiply an input signal with sk[n].

Step 2. Integrate over time 0 ≤ t ≤ T .

Step 3. Sample the integrator outputs at time T .

Step 4. Add sampled integrator outputs of the I path and the Q path.
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Note that the known sampled sequence sk[n] of the transmitted signal s(t) is

used, but the input signal si(t) is not sampled, which precludes the necessity of a high-

speed ADC. Moreover, the reference signal shifts instead of the input signal.

Conventional approaches of matched filters use surface acoustic wave (SAW)

filters or fast digital convolution processing, but these solutions have significant draw-

backs. System-on-a-chip (SOC) integration turns to be difficult, costly and bulky with

SAW devices. Fig. 2.3 shows the convolution of the most simple radar waveform, 3-bit

Barker code through the tapped delay line, which is a DSP-based pulse compressor or

digital finite-impulse response (FIR) filter implementation of a matched filter (MF). The

3-bit Barker code ( + + -) is "time reversed" and ( - + +) is applied to the input of the

tapped-delay line in order. The inputs are multiplied with the 3-bit Barker code coef-

ficients (+ + -) and summed up to the output. However this implementation consumes

significant power and bring complexity. Moreover, for cm-range resolution over meters

of range, the gigahertz system bandwidth demands front-end analog-to-digital convert-

ers (ADC) with high resolution and high sampling frequency that are beyond current

technologies.

Figure 2.3: Matched filtering the most simple radar waveform, 3-bit Barker code, via

FIR filter implementation.
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2.2.2 Pulse Compression Radar (PCR)

The pulse radar system should be able to distinguish neighboring objects sepa-

rated by half the pulse width time cT/2. Transmitting narrow radar pulses corresponds

to high range resolution. However, it also requires wide receiver bandwidth that de-

sensitizes the receiver through the increased noise bandwidth. With narrow pulse width,

higher transmitted peak powers are required to transmit the same energy. However,

silicon-based mm-wave PAs often have significant limitations on the peak power. There-

fore, this imposes the limitation in range resolution for the system. Therefore, PCR tech-

niques are adopted where a long duration pulse is either frequency or phase modulated

to increase the bandwidth without the peak power constraint. Therefore, pulse com-

pression radar is realized using specific PCR codes that transmit high energy through a

modulated pulse train that obtains small range resolution corresponding to a short pulse,

high-power pulse.

Digital signal processors are typically more flexible and reconfigurable than their

analog counterparts as pulse compressors. However, this advantage is not particularly

valuable for radar, where the analog signal processing required is a simple matched filter

and involves the use of an analog correlator - essentially a multiplier or mixer followed

by an integrator. Baseband signal processing in radar involves the correlation of the

received and down-converted signal with a delayed version of the transmitted baseband

template via the correlator. The correlation is used to compare the similarity of two sets

of data and computes a measure of similarity of two input signals as they are shifted by

one another. The correlation result reaches a maximum at the time when the two signals

match best. If the two signals are identical, this maximum is reached at t = 0 (no delay).

If the two signals have similar shapes but one is delayed in time and possibly has noise

added to it then correlation is a good method to measure that delay.

As shown in Fig. 2.4 (a), the PCR code - a 7 bit Barker code - is divided into N

sub-pulses each having a width of τ . The echo of the PCR signal is received as a weak

mm-wave signal and down-converted through a homodyne receiver to the baseband. A

baseband signal processing circuit correlates the noisy received baseband echo (in red)

with the delayed versions of the transmitted PCR code (template in blue). This imple-

ments an analog matched filter to estimate the time of flight of the radar signal. When



19

two 7-bit Barker codes are aligned, maximum correlation is achieved. In other words,

the template 7-bit Barker code signal can be shifted in time until the peak correlation is

observed and the corresponding time that is shifted corresponds to the time of flight of

the radar signal. As shown in Fig. 2.4 (b), the resultant compressed pulse has a width

of 2τ and the range resolution improves by T/τ . Deterministic timing mismatch at the

correlator results in a linear decrease in the peak correlator output. When received base-

band echo and template are not aligned (less than τ ), the degradation from the peak is

given by N/M , as shown in Fig. 2.4 (b), where N = B.T is the number of sub-pulses or

pulse compression factor, and M = τ /ΔθP is the number of resolved phases within one

sub-pulse, where θP is the phase resolution.

Figure 2.4: (a) The input and template code. (b) The degradation from the peak auto-

correlation signal when the input and template code are not aligned.

2.2.3 Polyphase Codes as Radar Waveforms

The use of phase-coded (PC) waveforms helps reduce radio frequency interfer-

ence (RFI) between adjacent radars and is easily adapted to a communication transceiver.

PC waveforms divide the pulse into N time segments, referred to as chips, and applies

a different phase to each. Binary phase codes modulate chip phase between 0 or π,

while other polyphase codes support more levels. The transmitted signal is compressed

into the width of sub-pulse by either matched filtering or correlation processing. A spe-

cial class of PC waveforms called Barker codes are a sequence of N values of +1 (0)

and -1 (π) and has a maximum autocorrelation sequence which has sidelobes no larger

than magnitude of one. Since there are no known Barker codes of length greater than
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13 [19], pseudorandom number sequences (PRN) codes generated from cyclic Barker

Codes have perfect (and uniform) cyclic autocorrelation sidelobes and can have much

longer lengths. Table 2.1 lists several known Barker codes and PRN codes, having a

minimum peak sidelobe of one.

Table 2.1: Known Barker Codes with different lengths

Length Codes

Barker 3 1 1 -1

Barker 5 1 1 1 -1 1

Barker 7 1 1 1 -1 -1 1 -1

Barker 11 1 1 1 -1 -1 -1 1 -1 -1 1 -1

Barker 13 1 1 1 1 1 -1 -1 1 1 -1 1 -1 1

PRN 15 1 -1 -1 -1 1 1 1 1 -1 1 -1 1 1 -1 -1

PRN 31 1 -1 -1 -1 -1 1 -1 1 -1 1 1 1 -1 1 1

-1 -1 -1 1 1 1 1 1 -1 -1 1 1 -1 1 -1 -1

2.2.4 Radar Ambiguity Function

The radar ambiguity function plays a central role in the theory of radar signals.

The ambiguity function represents the output of the matched filter, and it describes the

interference caused by the range and/or Doppler shift of a target when compared to

a reference target of equal RCS. In other words, absolute value of ambiguity function

measures the correlation between the signal emitted by the radar transmitter and its echo

after reaching a moving target. The response of the matched filter depends on two signal

dimensions: delay, t and Doppler frequency, fd. The ambiguity function evaluated at (τ

, fd) = (0,0) is equal to the matched filter output that is matched perfectly to the signal

reflected from the target of interest. In other words, returns from the nominal target are

located at the origin of the ambiguity function. Thus, the ambiguity function at nonzero

represents returns from some range and Doppler different from those for the nominal

target.

As shown in Table 2.1, radar transmit signals are designed and then adaptively
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optimized for the radar system performance, such as range, range resolution, radial ve-

locity, or rejection of unwanted object responses. As illustrated in Fig. 2.5, various

Barker and PRN codes are given as inputs and their ambiguity functions are plotted to

find the radar performance, such as range resolution and radial velocity. Fig. 2.5 also

shows the autocorrelation response, which is the radar ambiguity cuts for zero doppler

shift. One bit change in the sequence of various Barker and PRN codes increase the

sidelobes and degrades range resolution demonstrating that the specific radar waveform

sequences are designed very carefully.

Figure 2.5: Ambiguity functions and cuts for Barker and PRN codes.

Next, range ambiguity, doppler shift, range side-lobes and minimum range de-

scriptions are introduced to familiarize with the several radar waveform characteristics.

For instance, a 2 Gb-s, 7-bit Barker code with a PRF of minimum 3 MHz provides a

range resolution of 7.5 cm, maximum range of 48 m and minimum range of 1 m, in

simple terms.

Range Ambiguity

Range ambiguity occurs if the echo returns after the transmission of the next

pulse. After the pulse is transmitted, the radar must wait a sufficient length of time

so that echos beyond the maximum range are blocked before the next pulse is emitted.

Maximum unambiguous range is Ru = c/2PRF where Ru is the unambiguous range

and PRF is the pulse repetition frequency. The 1 Gb-s, 7-bit Barker codes should be

separated by 333 ns, i.e. the minimum pulse repetition frequency for this application
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should be 3 MHz so that the maximum unambiguous range is far as 48 m.

Doppler Shift

Objects in motion relative to the radar cause the return signal frequency to be

frequency shifted. Doppler shift corresponding to the object radial velocity is fd =

2vr/λo where vr is the object radial velocity, fd is the object Doppler frequency and λo

is the transmitted radar signal wavelength. The velocity causing a 1-dB loss at the peak

of the autocorrelation is found as 96 km/s (and a doppler frequency is 38.4 MHz) for a

1 Gb-s, 7-bit Barker code. This is much faster than any anticipated objects.

Range Sidelobes

The output of the pulse compressor consists of the compressed pulse accompa-

nied by responses at other times (i.e., at other ranges), called time or range sidelobes.

In case there are undesired point objects in the vicinity of an object of interest, ideally

the desired object will experience the peak response and the response for the undesired

objects should be as low as possible to avoid declaring false detections. One bit change

in the pre-defined PCR codes will result in increased sidelobes as illustrated in Fig. 2.5.

The sidelobes are 7 times smaller than the pulse compression ratio = 7, for a 1 Gb-s,

7-bit Barker code.

Minimum Range

Whenever a monostatic radar is transmitting, it is blind. When the blind range

is calculated for pulse compression radar, the uncompressed pulse width must be used

since the radar has to transmit the entire uncompressed pulse before it is able to switch

off its power amplifier and listen for reflections. Due to their lengthy uncompressed

pulse, pulse compression radars usually have poor blind ranges, which is given as:

TOF = 2R/c ≥ Nτ = N/B (2.3)

where N is the number of sub-pulses, B is the bandwidth and TOF is the time of flight

which must be longer than the length of the PCR sequence. The minimum range for a 1
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Gb-s, 7-bit Barker code is 1 m.

2.2.5 Non-coherent Integration

When a object is located within the radar beam during a single scan, it may

reflect several pulses. The requirements on the EIRP can be relaxed and the radar sensi-

tivity (SNR) can be increased by adding the returns from all pulses returned by a given

object during a single scan. This will reduce the power consumption of the PA by allevi-

ating the constraints on the transmitted power and antenna gain. In order to improve the

SNR from 0 dB to a threshold of 15dB, multiple pulses are sent, received, correlated and

accumulated in digital domain. The process of adding radar returns from many pulses

is called radar pulse integration. Accumulation can also be performed in the analog do-

main to further reduce the ADC sampling rate but places stringent requirements on the

droop of analog samples over long periods. This pulse integration method performed

after the envelope detector (where the phase relation is destroyed) is called non-coherent

or post-detection integration.

If a radar coherently integrates pulses from objects without proper knowledge of

the object dynamics it suffers a loss in SNR rather than the expected SNR build up and

the requirements of knowing the exact phase of each transmitted pulse as well as main-

taining coherency during propagation is very costly and challenging to achieve. There-

fore non-coherent integration (post-detection integration) is preferred over the coherent

integration although non-coherent integration is less efficient than coherent integration

in boosting the SNR.

Non-coherent integration sums the radar returns and divides the sum by the num-

ber of returns, nP . This process reduces the variance of the noise and the variance of the

signal plus noise by a factor proportional to nP , but keeps their mean values as same as

shown in Fig. 2.6 (a). Non-coherent integration is beneficial in making a signal easier

to detect when the SNR at the input of the processing unit is greater than zero. SNR

is boosted with an improvement factor, SNRNCI . When pulses are integrated non-

coherently, SNRNCI = nPSNR1. SNR1/(1+SNR1) where SNR1 is the single pulse

SNR and nP is the number of pulses integrated. The more number of pulses integrated,

the more requirements on the EIRP are relaxed.
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Figure 2.6: (a) Reducing the variance of the noise with non-coherent integration. (b)

Boosting the SNR to 20 dB by integrating pulses.

As shown in Fig. 2.6 (b), the 0 dB of SNR at the input of the non-coherent

integrator can be boosted to 15-20 dB by integrating approximately 50 returns from

Swerling I objects to achieve a detection probability of 0.90 and false alarm probability

= 10−9 when a single pulse SNR is 0 dB. 1000 returns from Swerling V objects are

needed to achieve the same probabilities [20]. Knowledge of object dynamics is not as

critical when employing non-coherent integration; nonetheless, object range rate must

be estimated so that only the returns from a given object within a specific range bin are

integrated. In other words, one must avoid range walk (i.e., avoid having a object cross

between adjacent range bins during a single scan).

2.3 Beamforming / Phased Arrays

Beamforming systems/phased arrays is an array of antennas which filters elec-

tromagnetic waves in the spatial domain. The signals are received (or transmitted)

in desired directions (peaks) by constructive interference between the signals to (or

from) each antenna, and simultaneously blocked in undesired directions (nulls) by de-

constructive interference. The total effective radiation pattern (scan angle, peaks, nulls,

sidelobe levels, beamwidth, etc) of the antenna array is determined by the signal am-

plitude and phase (time delay) weighting at each antenna. Since the phase and ampli-

tude weighting is done electronically, the beam steering and beam-forming are much
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faster than mechanical systems (nearly instantaneous). The beamforming is provided

with variable time delays and variable attenuators (or variable gain amplifiers) follow-

ing (preceding) the antennas, in order to compensate for phase and amplitude difference

between the antenna elements so as to have constructive summing in desired directions

while having nonconstructive summing in undesired directions.

Research efforts have moved towards large scale integration of phased array

transceivers based on silicon/ silicon-germanium (Si/SiGe) processes. Previous work

on phased arrays has demonstrated either receive arrays at 6-18 GHz [21, 22], 24 GHz

[23, 24], 45 GHz [25], 60 GHz [26, 27] and 77 GHz [26] or transmit arrays at 24

GHz [28], 45 GHz [29], 60 GHz [30], and 77 GHz [31].

The time or phase shifting can be realized in the RF, LO, IF or digital paths of the

T/R modules. Shown in Fig. 2.7, the receiver and transmitter with the RF phase shifting

topology (all-RF architecture) is shown. RF phase shifting topology has been the most

commonly used one since the invention of phased arrays due to high signal-to-interferer

ratio (since the beamforming is done in the RF domain before the down-conversion,

interferers are rejected before the non-linear mixers), lowest size, lowest power con-

sumption (especially for large number of elements), no need for LO distribution.

Figure 2.7: RF phase shifting topology for receiver and transmitter.
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2.3.1 Beamforming for Radar Systems

While communication systems suggest fully integrated phased array transmitters

and receivers at millimeter-wave bands to provide electronic beam control and improve

the signal-to-noise ratio, multi-antenna radar systems have to benefit from beamform-

ing. The undesired multipaths or interferences arriving from other directions which can

result in false alarms or ghost artifacts as signals return with a misleading time of flight

estimation can be rejected with beamforming, forming a directional beam with multiple

antennas. In other words, beamforming improves the azimuth and elevation resolution

of the pulse radar beamforming system and provides the multipath/jamming immunity.

Beamforming provides a high maximum range and low pulse power required for the

pulse radar system. The number of the beamforming elements is determined from the

desired beamwidth, SNR and beam pattern requirements. Beamforming provides an

increase in the transmitted and received power and enhances the signal-to-noise ratio

(SNR) of the wireless link. For instance, a 48 channel array implementation provides

a steerable beamwidth (angular resolution) of 2.5°. A 48-element phased-array trans-

mitter provides 33.6-dB improvement in EIRP (due to spatial power combining) and a

48-element phased array receiver improves the SNR 16.8 dB higher at the output.

2.4 Conclusion

This chapter presents the background information for the rest of the dissertation.

History on radar, background information on radar waveforms and their properties, pulse

compression radar, non-coherent integration are introduced. The motivation and use of

beamforming for radar systems, polyphase codes as radar waveforms, their radar ambi-

guity function and autocorrelation characteristics (range ambiguity, velocity ambiguity,

range sidelobes, doppler shift, minimum range etc.) are explained.

The conventional approaches of convolution matched filters are bulky, compli-

cated and costly. Instead an analog correlator can accomplish the pulse compression

like a matched filters and estimate the time of flight. Pulse compression radar improves

the resolution and detection range of the conventional radar systems and an analog sig-

nal processing unit achieving the pulse compression is crucial for low power and low
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cost radar systems. The specific radar waveform have specific autocorrelations and am-

biguity functions, which are highly useful for the time of flight estimation with high

resolution.
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Chapter 3

Proposed Pulse Compression Radar

(PCR) Architecture

This chapter proposes an analog processing circuit for pulse compression radar

for use together with a half-duplex, bidirectional beamformer, bringing the cost and

power dissipation of the mobile pulse compression radar (PCR) down. In addition to

the sensitivity boost, the beamformer and analog processing circuit improves the an-

gle and range resolution of the pulse compression radar, respectively. The specifica-

tions and system concepts of the proposed PCR - bidirectional beamforming pulse radar

front-end and baseband analog signal processing blocks - are presented. The speci-

fications, resolution limits and maximum range limitation of the beamforming pulse-

compression radar system in silicon are described in Section 3.1, 3.2 and 3.3, respec-

tively. Various front-end and baseband PCR architectures, their block diagrams and

advantages/disadvantages are shown and explained in Section 3.4. The proposed PCR

is presented in Section 3.5. The chapter is concluded in Section 3.6. The relevant papers

and patents are summarized in Section 3.7.

3.1 Specifications of Pedestrian Detection System

Fig. 3.1 outlines the maximum and minimum detection range specifications and

also range and angle resolution specifications of the pulse compression radar. The range

and angle resolution is the ability to distinguish between two neighboring objects on the

28
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same bearing or at the same range, respectively. The specification for minimum and

maximum detection range is 1 and 48 m, respectively. The range and angle resolution

specifications (i.e. spacing between two pedestrians) are 40 cm and 1 m (1.2° at Rmax =

48 m), respectively.

Figure 3.1: Specifications of the pedestrian detection sensor.

3.2 Range and Angle Resolution Limitation of PCR in

Silicon

The achievable range resolution, ΔR, of a conventional pulse radar system is

determined by the width, T , of the transmitted pulse, the types and sizes of targets,

and transceiver specifications. In the first order, the range resolution in the propagation

direction is approximately

	R = cT/2 = c/2B (3.1)

where B is the radar pulse bandwidth and T is the pulse width [32]. To improve the

range resolution, the bandwidth of the radar signal should be increased (3.1). To im-

prove the angle resolution, the overall antenna array size, Nd, of the pulse radar system

should be increased to boost the antenna directivity and decrease half power beamwidth.

However, due to the bandwidth limitations of phased arrays [29] which is shown as

B

fo
≤ 0.886

λo

Nd sin (θa)
, (3.2)
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the range resolution degrades with the increasing antenna array size and is presented as

(substituting (3.2) in the range resolution equation (3.1))

ΔR ≥ Nd sin (θa)

1.772
, (3.3)

where fo is the center frequency, λo is the signal wavelength, θa is the beam steering

angle, N is the total number of elements, and d is the inter-element spacing of the

antenna array.

Neglecting the element factor of the antenna, the angular resolution of the beam-

former is determined by the 3-dB half-power beamwidth and is equal to

ΔθH = 102/N cos(θa). (3.4)

The angular resolution as a distance between two targets is Δx = RΔθH , where Δxmax

is determined by the maximum detection range, Rmax. The range resolution and angular

resolution are dependent of each other and the dependency is presented as

	R	xmax

Rmaxd
≥ tan(θa). (3.5)

Fig. 3.2 illustrates the maximum beam steering angle satisfying the range and angle

resolution specifications (3-5) with maximum detection distance and radar operating

frequency.

Figure 3.2: Maximum beam steering angle with maximum detection distance and radar

operating frequency.

From (3.5), when Rmax = 48 m and fo = 60 GHz, 3.34 ≥ tan(θa) and the maxi-

mum beam steering angle that satisfies both range and angle resolution specifications is

θa = 73.3°.
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The number of the beamforming elements required is determined from the de-

sired resolution specifications for θa of 73.3°. From (3.4), the number of elements pro-

viding ΔθH of 1.2° is 252. Therefore a 256 channel array implementation is proposed

to provide a worst case angle resolution of 1.16° and a range resolution of 33.94 cm for

a maximum steerable beamwidth of θa = 70°.

3.3 Maximum Range Limitation of PCR in Silicon

Fig. 3.3 illustrates the block diagram of the overall surveillance system, which

includes the 256 channel transmit/receive beamforming front-end unit, the analog signal

processing unit composed of the VGA, pulse compressor (correlator and integrator),

analog-to-digital converter (ADC), non-coherent pulse integrator and a threshold device.

Figure 3.3: Block diagram of a pulse compression radar system for the pedestrian de-

tection sensor.

While meeting the specifications, the system requires the desired signal-to-noise

ratio (SNR) at the input of the non-coherent integrator to be 0 dB for reliable non-

coherent pulse integration [32] as shown in Fig. 3.3. Therefore the minimum allowable

SNRMIN before the non-coherent integration is set to 0 dB at the maximum detection

range of 48 meters and SNRMIN equation is presented as

SNRMIN =
PTXGTXAFTXGRXAFRXσ

(4π)3

λ2 R4FRXkBToL
GPCR (3.6)

where PTX is the transmitted power, GTX and GRX are the transmitter and receiver

antenna gain, AFTX is the improvement in EIRP and AFRX is the sensitivity boost at

the receiver (due to spatial power combining at the transmitter and receiver), λ is the
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carrier wavelength, σ is the radar cross section (RCS) of the object, R is the range to

the object, FRX is the receiver noise figure, B is the pulse bandwidth, kTo is 4.10−21 J ,

L is the signal processing and atmospheric losses and GPCR is the pulse compression

gain factor. Of these parameters, the range (object distance) and radar cross scattering

object-size (RCS) are related directly and independently to the object that we wish to

detect and determine the total dynamic-range requirement.

As the range changes from Rmin (1 m) to Rmax (48 m), the input at the beam-

forming unit ranges between -111.53 dBm and -44.29 dBm - a dynamic range of 67.24

dB. The RCS of the largest and smallest objects vary from σmin (0.01m2) to σmax (1m2)

resulting in an additional dynamic range of 20 dB. Designing circuits for 87.24 dB of

dynamic range is challenging and central to the choice of circuit architecture of the radar

system. At the input of the signal processing unit, the VGA needs to be designed to track

the Friis path loss of 67.24 dB between Rmin = 1 m and Rmax = 48 m and the correlator

needs to handle only 20 dB dynamic range due to the RCS of the object. Other chal-

lenges are increased transmitted power, increased antenna gain, decreased noise figure,

decreased radar system losses, and decreased atmospheric losses for a maximum detec-

tion range of 48m. To alleviate the constraints on the transmitted power and beamwidth,

beamforming and pulse compression together is an excellent solution to improve the

sensitivity and SNR while also allowing for the directional beam to be steered.

As shown in Fig. 3.3, the worst case SNR at the input of beamforming is -24.53

dB for a signal bandwidth of 0.5 GHz. The sensitivity of the system is improved from

-79 dBm to -111.53 dBm with 24.08 dB beamforming and 8.45 dB pulse compression

boost as Fig. 3.4 illustrates the numerator and denominator of (3.6) for the link budget

of the radar system including 256-channel beamforming, pulse compression and non-

coherent integration.

A 256-element phased-array transmitter relaxes the requirements on the EIRP

and provides 48.16 dB improvement in EIRP (due to spatial power combining) as the

256-element phased array receiver improves the sensitivity 26.84 dB. The requirements

on the EIRP and SNR is further relaxed by pulse compression. As shown in Fig. 3.4,

when only a 7-bit pulse compression code is used, the effective transmitted power is

ideally 8.45 dB relaxed.
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Figure 3.4: Link budget for a radar system with beamforming and pulse compression.

When calculating the range performance of the pulse compression radar, the

effective transmitted power is modified and multiplied with the pulse compression ratio

= BT as indicated in (3.6). It might appear from (3.6) as though the pulse compression

radar is suddenly achieving much greater ranges due to the increase in the effective

transmitted power. Unfortunately, the increased effective transmitted power is accounted

for by a related increase in Smin. Smin increases with pulse compression ratio because

the bandwidth of the receiver must be wide enough to handle at least the bandwidth, B,

of the modulation within the pulse. The main power-related benefit of pulse compression

radar is that it is able to achieve the maximum range performance of an equivalent

narrow-pulse radar code with a much lower peak power level. When a barker code of

length 7 is processed through the correlator, the effective transmitted power increases

by 10log10(7) = 8.45dB, as shown in Fig. 3.4. Therefore, the system can reduce its

peak power level without losing range performance. As shown in Fig. 3.3, the 0 dB of

SNR at the input of the non-coherent integrator can be boosted to a SNR of 15-20 dB

by integrating approximately 50 returns from Swerling I objects to achieve a detection

probability of 0.90 and false alarm probability = 10−9 while a single pulse SNR is 0dB.
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3.4 Trade-offs in Front-end and Baseband PCR Archi-

tectures

A simple system level architecture and better isolation between transmitter and

receiver are main considerations when selecting the front-end of the radar system. Fig.

3.5 (a) depicts the front-ends of radar systems - frequency-modulated continuous-wave

(FMCW) radar and pulse radar.

Figure 3.5: (a) Design choices between radar front-end architectures. (b) Design

choices between baseband/analog signal processing architectures. (c) Block diagram

of the proposed bidirectional front end with the implemented analog signal processing

architecture.

While pulse radar transmits a pulse of energy and measures the time of arrival

through correlation techniques, FMCW radars continuously vary a carrier frequency to

directly compare the transmitted and received frequencies to produce a beat signal. The

FMCW resolution is related to how fast and over how wide the FMCW bandwidth it is

possible to generate a well-defined chirp. And the frequency sweeping linearity is an

important parameter for target range detection. Without adequate isolation between the

FMCW transmitter and receiver, the transmit energy leaks into the receiver and limits

FMCW for long range detection because the transmit power level must be constrained

by the receiver sensitivity. All of these put stringent specification on the on-chip voltage
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controlled oscillators and FMCW.

It is necessary for FMCW radars to employ two well-isolated antennas, one for

transmitting and one for receiving to allow continuous RF transmission. To use a single

antenna for FMCW, a circulator must be introduced to the millimeter-wave front-end.

This circulator is a costly discrete element and is not easily integrated. However space

limitations in phased arrays generally suggest a single antenna for both transmit and

receive. In pulse radars, the time-gated transmit and receive times imply that it is pos-

sible for the transmit and receive circuitry to share the same antenna array through T/R

switches rather than expensive circulators. Fig. 3.5 (a-2) illustrates the front-end of the

new radar architecture which enables to transmit a radar code with different phases and

tune the radar code while time-gating the front-end circuits. A single-alone amplifier can

be time-gated by the polyphase radar code to enable the power amplifier that transmits

a burst of RF energy or low noise amplifier to await the echo.

In Fig. 3.5 (b), three baseband signal processing architecture options are shown.

Shown in Fig. 3.5 (b-1), the digital baseband processing performs signal correlation in

the digital domain. This provides the most reconfigurable system but demands high-

speed, high-resolution ADCs [33]. The ADC precedes the digital matched filter (pulse

compressor) and only has to accommodate the pre-compression dynamic range of the

signal, which can be a significantly lower requirement. However, the ADC sampling

rate must be at least twice the signal bandwidth. In addition, a digital matched filter

with the same dynamic range and speed is also required. Shown in Fig. 3.5 (b-2,3),

pulse compression and high-speed correlation is performed in analog domain and the

speed requirement on the ADC is reduced by a factor equal to the duty cycle - the ADC

only needs to sample and digitize the integrated value after each pulse. Overall power

consumption is estimated to be over two orders of magnitude lower than the all-digital

approach [34]. While the overall scan time in Fig. 3.5 (b-2) is longer than the one in

Fig. 3.5 (b-3), the power consumption is the lowest. Shown in Fig. 3.5 (b-3), analog

pulse compression is performed in parallel using multiple correlators for different delay

values to search for objects at different range-bins.
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3.5 Proposed PCR Architecture

The block diagram of the proposed PCR architecture is depicted in Fig. 3.5 (c).

The architectures illustrated in Fig. 3.5 (1-b) and (2-b) are proposed at the front-end and

back-end, respectively.

The front-end circuitry includes a bidirectional RF-phase shifting beamforming

transceiver - a bidirectional RF amplifier that operates as either an LNA or PA [35],

a bidirectional circuitry that operates as either an analog phase shifter or VGA [36], a

passive phase shifter and a passive mixer which is inherently bidirectional. The radar

code time-gates the LNA and PA, which makes this structure appropriate for the PCR

system. Following the RF beamformer and mixer, the baseband/analog signal process-

ing architecture is implemented. The baseband circuitry includes a two-stage VGA for

high dynamic range, a correlator/integrator circuit, a comparator replacing an amplitude

detector and ADC, and offset calibration circuits as shown in Fig. 3.5 (c). Non-coherent

integration can be implemented after the comparator and is digitally processed in a mi-

croprocessor or FPGA.

For the single correlator analog-baseband approach, to gather data over a maxi-

mum detection of 48 m range, it requires 48 m/0.4 m = 120 range bins. For every code

transmission from the radar system, different delays are assigned for the template sig-

nals of the correlator. In other words, for every signal transmission, one range bin is

explored and template is swept once. The angle resolution is specified as a beamwidth

of 1.16° as explained in Section 3.1. Assuming the beamformer of the pedestrian sensor

system scans for 140°, it requires 140°/1.16° = 121 beam rotations. The detection time

can be written as:

tscan = #ofrange−bins.tPRP .#NCI .#ofrotations. (3.7)

Assuming a 2 Gb-s, 7-bit Barker code with a pulse repetition period of 333 ns -

PRF of 300 MHz - is sent via the radar system, the time to scan the maximum detection

range - worst case scan time - is 120 x 333 ns x 50 x 121 = 241.758 ms (3.7).

The time on target is given by θ3dB/θscan where θa is the 3dB beamwidth and

θscan is the antenna scan rate in degrees per second. For a 2 Gb-s, 7-bit Barker code,

time on target is 1.998 ms, therefore the antenna scan rate in degrees per second is
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1.16°/1.998 ms = 0.58°/s. In case multiple parallel correlators are used as the analog

signal processing units, each single beam scanning takes 50 x 333 ns = 0.0167 ms. And

the total time to scan corresponds to 0.0167 ms x 121= 2.02 ms which is 120 times less

than the single correlator approach. However the power required for this approach is

120 times more than the single correlator approach.

3.6 Conclusion

This chapter presents the system concepts of the proposed PCR - bidirectional

beamforming pulse radar front-end and baseband/analog signal processing blocks - in

order to bring the cost and power dissipation of the mobile pulse compression radar

(PCR) down. Range resolution of beamforming pulse-compression radar degrades with

the increasing array size, therefore medium size beamforming and analog pulse com-

pression are used together to improve the range and angle resolution, maximum detec-

tion range, SNR, detection probability and false alarm requirements. The link budget

for the radar link and the effect of beamforming, pulse compression and non-coherent

integration on the link budget is investigated. After investigating the trade-offs in the

front-end and baseband, a PCR architecture is proposed.
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Chapter 4

Analog Signal Processing Blocks for

Pulse Compression Radar

This chapter presents the system concepts, circuits and measurement results of

the baseband/analog signal processing of the pulse radar system presented in Chapter 3

and explained in this Chapter in details.

4.1 Circuit and System Design

The block diagram of the proposed PCR architecture is again shown in Fig. 4.1

for convenience.

Figure 4.1: Block diagram of the proposed bidirectional pulse radar front end with the

implemented analog signal processing architecture.
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The front-end circuitry includes a bidirectional RF-phase shifting beamformer -

a bidirectional RF amplifier that operates as either an LNA or PA [35], a bidirectional

circuitry that operates as either an analog phase shifter or VGA [36], a passive phase

shifter and a passive mixer which is inherently bidirectional. The radar code time-gates

the LNA and PA, which makes this structure appropriate for the PCR system.

Following the RF beamformer and mixer, the analog signal processing architec-

ture includes a two-stage VGA for high dynamic range, a correlator/integrator circuit,

a comparator, and offset calibration circuits. The circuits are demonstrated in Section

4.1.1, Section 4.1.2, Section 4.1.3 and Section 4.1.4, respectively. The measurement

results are summarized in Section 4.2. The chapter is concluded in Section 4.3 and the

relevant papers and patents are summarized in Section 4.4.

4.1.1 Variable Gain Amplifier

VGAs have been demonstrated with discrete gain steps and digital control [37–

39], or continuous gain control [40]. Discrete gain steps can be made through changes in

the bias current through the RF transconductor and the changes in the load impedance.

However this cause a group delay variation over the bandwidth which distorts the re-

ceived signal. The current splitting approach provides a constant load and a constant

bias current of the input transistor offering low VGA group delay imbalance. This ap-

proach tends to suffer from higher noise figure but offers high gain control range and

low group delay imbalance compared to the other techniques. Therefore, this design

was chosen for implementation.

Reported also in [41], Fig. 4.2 illustrates the schematic of the current splitting

VGA topology. The bias current of the input transistor, ISS , is split into two differential

amplifiers. The gain variation is achieved by completely steering the bias current of the

input transistors (Mi , i = 1...N) to two transistors, MiA and MiB to achieve a discrete-

step of variable gain. The transistors MiA are on and off depending on the digital control

voltage. When the control voltage Vi+ is high, the bias current is steered through MiA

and the input signal at the gate of Mi is amplified to the output. When Vi+ is low, the

bias current is steered toward MiB amplifying the signal not to the output. The sizes of

the input transistor as well as the current steering transistors are binary scaled for N-bit
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operation to have the transconductance of each stage gm−i binary scaled,

gm−i = Ki(Vgs − Vt) =
√
2KiIi = 2i+1

√
2−N−1KoISS, (4.1)

where gmi is the transconductance of Mi, Ki is proportional to Wi/L = 2i+1 μm / 90nm,

Ii = 2i−N−2ISS is the bias current through the input transistor, Mi, and Vgs − Vt is the

overdrive voltage, which is same for each input transistor. The minimum gain of the one

stage VGA is defined by the cascode transistor, M0, which is α times smaller than M1.

The VGA voltage gain and gain variation per stage can be written as

AV = gm0Rd(1 + b1 + 2αb2 + ...+ 2N−1αbN), (4.2)

Amax−min = 20log10(1 + (2N − 1)), (4.3)

respectively where gm0 is the transconductance of M0, and b1-bN is the binary word for

the control voltage Vs1-VsN .

Figure 4.2: Circuit schematic of the variable gain amplifier.

As mentioned in (3.6), the path loss increases quadratically with the range and

the VGA gain, GV GA, is introduced such that the output power of the VGA, PRX , is

constant as the signal makes a round-trip. As the receiver waits for an echo of the trans-

mitted pulse, the VGA gain compensates the path loss and reduces the dynamic range

of the echo after the VGA. To track the Friis loss adaptively and reduce the dynamic

range requirements of correlator, two linear-in-magnitude VGA circuits are cascaded

with each having 6-bit digital control. To provide the calculated 67.24 dB gain variation

(33.62 dB per stage), the number of bits are selected as six (4.3).



42

Fig. 4.3 (a) illustrates the SPECTRE simulated differential mode gain states of

the VGA, ADM−DM . The maximum and minimum gain states provide 19.1 dB gain

and 48.1 dB attenuation at 1 GHz, respectively and VGA has a simulated gain range

of 67.2 dB. The VGA requires a minimum signal bandwidth of larger than 375 MHz

and the sub-pulse width of < 2.67 ns, set by the desired range resolution of ΔR < 40

cm. The simulated VGA exhibits a 3-dB bandwidth of 1.25 GHz to support up to a

range resolution of 12 cm as shown in Fig. 4.3 (a). The simulated common mode gain,

ACM−DM , is illustrated in Fig. 4.3 (b). For 64 gain states, the common mode rejection

is better than 60 dB as illustrated in Fig. 4.3 (c).

The theoretical and simulated VGA gain is compared to the Friis loss. As shown

in Fig. 4.3 (d), while the signal penetrates between 1 m and 48 m, the VGA tracks the

67.2 dB Friis path loss within the minimum and maximum detection range (1 and 48

meters) and the simulation follows the theoretical Friis loss curve - GV GA ~ 10log10(R4)

Figure 4.3: (a-c) Simulated differential mode gain, common mode gain and common

mode rejection of the VGA for 64 states. (d) Theoretical and simulated Friis loss track-

ing. (e) Simulated input referred noise and (f) dynamic range.

The bias current variation for the current splitting stage changes the impedance

at the common source node of the differential pair (labeled node X in Fig. 4.2), but

this does not have much effect on the insertion phase. The output drain capacitance

changes slightly due to the bias voltage variation at the gate-drain junction. As the
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largest transistors (the higher order bits) are switched into the stage, the capacitance

increases and introduces some phase shift. The simulated time delay of the VGA over

various gain states is illustrated in Fig. 4.3 (d). The time delay imbalance is only 60 ps

between the 64 VGA states.

The dynamic range of the VGA is the ratio of the input referred P1dB com-

pression point to the input-referred noise level. The input referred noise density and

integrated noise of the VGA are simulated for the same states as shown in Fig. 4.3 (e-f).

The input referred spot noise is 12.6 μV/
√
Hz and 5.65 nV/

√
Hz at 1 MHz and input

referred integrated noise power is -25 dBm and -64 dBm for minimum and maximum

gain states for a noise bandwidth of 1 GHz, respectively. The large signal circuit re-

sponse is illustrated in Fig. 4.3 (f). P1dB occurs at the input power of 10dBm, 9dBm,

7.5dBm, -4.45dBm, -19dBm, -21.6dBm for 6 various gain states = 1, 3, 7, 15, 31, 63,

respectively. The dynamic range is 40-50 dB over 64 gain states.

4.1.2 Offset Calibration Circuits

The offset at the output of the VGA for minimum, mid and maximum gain states

is illustrated in Fig. 4.4 (a). Via Monte Carlo simulations, the standard deviation of the

offsets at the VGA output is found as 2.37 mV and 23.5 mV for minimum and maximum

gain states, respectively. To track the Friis loss adaptively, VGA changes gain for every

2.5 ns (48 m/64 = 0.75 m) assuming a maximum distance of 48m. It is challenging to

compensate the offset with a closed loop architecture settling in every 2.5ns.

To compensate the input/output offsets associated with the VGA, a 4-bit off-

set compensation circuit is introduced. The 4-bit input is provided to the circuit through

the look-up table generated through manual calibration. In the manual calibration mode,

the circuit output is measured without offset compensation and monitoring the correlator

output, the offsets of the VGA are recorded into a look-up table via the analog-to-digital

converters (ADCs) in the FPGA. The required values of the 4-bit sequence is then pro-

vided to the input of the on-chip offset calibration circuit via the FPGA and VGA and

correlator output offset is corrected as shown in Fig. 4.4 (d-e).

As shown in Fig. 4.7 (a), the offset calibration circuit is a current splitting topol-

ogy, similar to the VGA design. Iss is controlled through an external bias to decide on
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Figure 4.4: (a) Monte Carlo simulations of the offsets at the output of VGA and (b)

at the output of the calibration circuit for various gain states. (c) Simulation of the

offset correction control with the calibration bias current and (d-e) offset correction at

the correlator and VGA output.

the ± peak value of the offset compensation. The 4-bit offset compensation (16 states)

determines the resolution of the calibration as shown in Fig. 4.4 (c). The larger devices

exhibit smaller mismatches therefore transistors MiA and MiB have a length of 0.30 μm

to minimize the mismatch. As shown in Fig. 4.4 (a-b), the offsets of the calibration

circuit are negligible compared to the VGA output offsets. The standard deviation is

10-15 μV for minimum and maximum calibration states, respectively.

4.1.3 Correlator

Fig. 4.7 (b) illustrates the schematic of the correlator and integrator circuits

which are combined together as one circuit block. The Friis loss is adaptively compen-

sated by the VGA gain preceding the correlator, therefore the signal swing at the input

of the correlator is assumed to be constant, 10 mV. The pre-amplification stage - first

stage in the correlator - provides 12 dB gain to boost the signal before the core correla-

tion stage. While M3 and M4 provide the amplification, M5 and M6 operate as PMOS

loads. The common mode feedback is provided via the resistors R1 and R2 of 1.5 kΩ
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while lowering the gain is avoided.

As shown in Fig. 4.7 (b), following the pre-amplification stage, the correla-

tion is performed at the core correlation stage. The correlator stage is a folded cascode

current commuting correlator with cascode PMOS loads, M24−27. PMOS folded cas-

code provides a low input flicker noise and better slew rate. Transistors M14−15 act as

current sources, providing a pivot point for folding over the differential-pair output cur-

rents. Transistors M20−23 act as cascode transistors, pinning the drains of transistors

M16−17. The core correlator output is integrated on a capacitor-bank of 1pF - 12 pF to

reduce/increase the correlator output charging time and signal level, depending on the

speed of the radar code.

Following the core correlation, post amplification is performed to bring the sig-

nal to a level and the integrated voltage is compared with a threshold level in the com-

parator for the signal detection of incoming signal and calculation of the TOF. The inte-

grated voltage is normally sampled by an ADC after each pulse and the shunt switches

M28−29 resets the correlator at the end of the template pulse transmission for the prepa-

ration for the next pulse. The accumulation of multiple signals to achieve higher SNR

than 0 dB is performed in the digital domain. Also, a switch M32 is added at the post-

amplifier to increase/decrease the signal level due to the RCS changes of various objects.

All PMOS transistors have source tied to substrate to avoid increased threshold due to

body effect.

As illustrated in Fig. 4.5, different lengths of Barker codes are given as inputs

and templates to the chip to investigate their effect on the correlation and monitor the

correlator output. When the template signal is aligned with the input, and longer Barker

codes are provided, the signal level at the output of the correlator increases as illustrated

in Fig. 4.5 (a). The correlator output is sampled when the template signal returns to

zero, and autocorrelation (zero cut in delay when doppler frequency is zero) of various

codes is illustrated in Fig. 4.5 (b). It shows that the simulated results of the circuit

exhibit the autocorrelation properties of the Barker codes.

The switch M32 increases/decreases the signal level at the output of the correlator

depending on the RCS of various objects. Fig. 4.6 (a) illustrates the correlation output

when the switch gate control (b1) is on and off. The capacitor-bank of 1 pF - 12 pF
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Figure 4.5: (a) Simulation of the correlation of the incoming signal with the aligned and

non-aligned templates. (b) Autocorrelation for various Barker codes.
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also increases/decreases the correlator output signal level, depending on the speed of

the radar code. Fig. 4.6 (b) illustrates the correlation output with different combinations

of the correlator bank capacitors.

Figure 4.6: (a) Correlation output with the switch control. (b) Correlation output with

both varying correlator bank capacitors and switch control.

4.1.4 Comparator

A comparator is designed to provide a one-bit sample of the correlated output.

Fig. 4.7 (c) illustrates the schematic of the comparator. The comparator consists of two

differential input pairs (M3−6), a regenerative flip-flop (CMOS latch circuit), and a S-R

latch. The CMOS latch is composed of an n-channel flip-flop (M7−8) with a pair of

n-channel transfer gates (M10−11) for strobing, an n-channel switch (M9) for resetting,

and a p-channel flip-flop (M13, M14) with a pair of p-channel precharge transistors

(M12−15). Set (latch) and reset (latch-bar) are the two non-overlapping clocks.

During the reset period, the current flows through the closed resetting switch M9,

which forces the previous two logic state voltages to be equalized. As the input stage

settles, a voltage difference is established between nodes A and B and acts as an initial

imbalance for the following regeneration time interval. In the meantime, as the n-FET

flip-flop is reset, the p-FET flip-flop is also reset by the two closed precharge transistors

which charge nodes C and D to the supply voltage. As a result, the CMOS latch is set

to the astable high-gain mode. The regeneration is initialized by the opening of switch

M12. Since the strobing transistors (M10−11) isolate the n-FET flip-flop from the p-
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Figure 4.7: (a) Circuit schematic of the offset calibration circuit. (b) Circuit schematic

of the correlator and integrator. (c) Circuit schematic of the comparator.
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FET flip-flop, the use of two non-overlapping clocks perform the regeneration which is

within the short time slot between reset going low and going high when set is low.

The second generation step starts when set goes high and (M10−11)are closed.

The n-FET flip-flop together with the p-FET flip-flop regenerates the voltage differences

between nodes a and b and between nodes c and d. The voltage difference between

node c and node d is soon amplified to a voltage swing nearly equal to the power supply

voltage. The following S-R latch is driven to full complementary digital output levels at

the end of the regenerative mode and remains in the previous state in the reset mode.

As shown in Fig. 4.7 (c), the correlated/integrated signal Vin is compared with

a reference signal Vref which is externally provided to the chip. When Vin ≥ Vref , the

latched comparator employ strong positive feedback for a "regeneration phase" when

the clock is high, and have a "reset phase" when the clock is low. If the received echo

signal is aligned with the template code, a digital high is observed at the output of the

comparator and the time of flight is found.

4.1.5 System Simulation

As shown in Fig. 4.8, a 7-bit Barker code with a sub-pulse width of 0.5 ns is

applied at the input of the baseband system and the sensitivity of the correlator to the

Figure 4.8: (a) Simulation of the correlation of the input signal with the shifted tem-

plates in time (b) Illustration of the comparator signals and radar signal detection.
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timing alignment between the received signal and the template is simulated. The TOF

is 5.7 ns. The template signal is swept between 1.75 ns and 8.75 ns. When the template

signal is aligned with the input at 5.7 ns, the maximum correlation voltage is observed.

4.2 Measurement

Fig. 4.9 shows the chip microphotograph of the 90-nm CMOS circuitry and

chip-on-board (COB) implementation of the prototype. The chip has an area of only

0.51 mm2 excluding the pads.

Figure 4.9: The chip microphotograph and chip-on-board (COB) implementation of the

prototype.

The proposed baseband circuits are fabricated in TSMC 90-nm CMOS mixed-

signal/RF low power process. Nine metal layers are available with the 3.2 μm thick

aluminum top metal layer (M9). The silicon chip is epoxied to a grounded island and

wire-bonded to a single-layer FR4 printed circuit board. Bondwire coupling is mini-

mized using several ground connections between the RF inputs. The supply is bypassed

off-chip with 100 nF capacitors to provide a low impedance. ADS Momentum is used to

simulate the transmission lines on the laminate board which has a substrate thickness of

1.57 mm. The dielectric constant of the substrate is 4.3 and the effective dielectric con-

stant is 3.26. The 50 microstrip line has a width of 3 mm ( = 0.053 dB/cm). The VGA

and monitoring buffers consume 14 mA and 16 mA from a 1.2 V supply. The correlator

and monitoring buffers consume 4.1 mA and 13 mA from 1.2 V supply, respectively.
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4.2.1 Variable-Gain Amplifier (VGA)

The VGA consumes 14 mA from a 1.2 V supply and has an area of 0.04 mm2.

The S-parameters are measured using the Agilent N5242A 4-port network analyzer cal-

ibrated with a 4-port E-cal. The ACM−DM and ADM−DM are also monitored through

the VGA buffers and illustrated for each of the 64 gain states in Fig. 4.10 (a) and (b),

respectively. The maximum gain state provides 19 dB gain and the minimum gain state

provides 34 dB of attenuation at 1 GHz , providing a total gain range of 52 dB. The

VGA measured 3-dB bandwidth is 800 MHz due to underestimated capacitance. The

measured differential mode input return loss and isolation is plotted in Fig. 4.10 (c).

Across the 64 different gain states, the input return loss is better than 20 dB and the

isolation is better than 40 dB.

Figure 4.10: (a-c) Measured differential mode gain, common mode gain and return

loss. (d) The theoretical, simulation and measurement of the VGA Friis loss tracking.

(e) Measured group delay variation and (f) linearity characteristics of the VGA for each

of the 64 gain states.

As shown in Fig. 4.10 (d), the measured gain of the VGA tracks the Friis loss

within the minimum and maximum detection range very closely (1 and 48 meters). In

short distances less than a meter, the VGA is not able to track the Friis loss due to the

abrupt changes in the loss.
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The group delay variation across gain states of the VGA is important to detect

pulse compression codes and is measured over 1.5 GHz as shown in Fig. 4.10 (e). Over

the 64 gain states, the measured maximum group delay variation is 50 ps. The largest

variation occurs at 800 MHz. The measured input power 1-dB compression, P1dB, at

1 GHz is plotted in Fig. 4.10 (f). P1dB is -26 dBm for the maximum gain state and

-15 dBm for the minimum gain state. The saturated output power is -5 dBm for 64 gain

states. The overall VGA performance and a comparison with other works is summarized

in Table 4.1.

Table 4.1: Comparison to reported VGAs

Ref. Tech. (μm)
Freq.

(MHz)
Gain (dB)

P1dB

(dBm)

[42] 0.35 470-870 -17∼16 -

[37] 0.18 65 -22∼32 -

[43] 0.18 32-1050 -52∼43 -48∼-17

[39] 0.18 4-900 -55∼39 -59∼-11

[40] 0.09 2250 -10∼50 -55∼-13

This

work [41]
0.09 1250 -29∼23 -26∼-15

4.2.2 VGA, Offset Compensation and Correlator Blocks

The 3-level input signal and template signal is provided with a Stratix IV FPGA

and 16-bit, 1 GSps 2channel DA converters on the FPGA board as shown in Fig. 4.11.

The commutating transistors in the correlator and VGA input are being driven by the

3-level sequences provided by the FPGA board and DACs on the board. The codes to

create the Barker and PRN sequences are written in Quartus environment. To mimic

very low level radar returns at the input, external SMA attenuators are used. The analog

pulse compressor is tested in various scenarios to evaluate the system performance for

different polyphase codes and parameters - number of sub-pulses, period of the sub-

pulses and pulse repetition frequencies of the pulse.
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Figure 4.11: (a) The input and template polyphase code parameters and (b) the FPGA

used for 3-level waveform creation.

As illustrated in Fig. 4.12, a 3-level template signal (1GB-s 5-bit Barker code)

provided with a Stratix IV FPGA is swept in time via the FPGA registers to monitor the

correlation output. The correlator output is sampled at the end of each template code

and is monitored to create the 5-bit barker code autocorrelation as shown in Fig. 4.12.

Figure 4.12: Measured correlator output with template signals swept in time.

The correlator output is also monitored with the changing VGA states. For sim-

plicity, the input signal amplitude is kept constant while VGA gains are varied. As

illustrated in Fig. 4.13 (a), the increasing VGA gain increases the signal amplitude at
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the correlator output, however it brings different offset values at the output, which is

compensated with the offset compensation circuit and FPGA.

Figure 4.13: (a) Measured VGA gain states in time domain and the offset correction of

the corresponding states. (b) Measured autocorrelation for the 1GB-s 5-bit Barker code.

In Fig. 4.13 (b), the measured autocorrelation of the 5-bit Barker code is shown.

The alignment occurs for the template corresponding to 18 ns, which determines the

TOF of the signal and the distance of the object, 5.4 m. As demonstrated, the sidelobes

occur when the template is not aligned with the incoming signal. The only non-ideality

is that the side-lobe at 19 ns should have been placed at much lower values than 60 mV

to provide the dynamic range required.

4.3 Conclusion

The design and measurement results of a baseband analog signal processing are

presented to bring the cost and power dissipation of the mobile pulse compression radar

(PCR) down. The implemented analog signal processing circuitry exhibits the autocor-

relation properties of the polyphase codes, maximizes the sensitivity and resolution of a

pulse radar system and alleviates speed and resolution requirements of the ADC via an

analog correlator. The circuitry includes a two-stage variable gain amplifier (VGA) for

high dynamic range, a correlator/integrator circuit, a comparator, and offset calibration

circuits. The differential, 6-bit VGA is designed to adaptively track the Friis path loss

through rapid change of the VGA gain and offset calibration, relaxing the dynamic range
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requirements of the correlator. The measured performance shows a VGA gain variation

of 52dB and a VGA group delay imbalance of 50 ps over 64 states. The high-speed

pulse compression/correlation is performed in analog current domain and the speed re-

quirement on the ADC is reduced by a factor equal to the duty cycle lowering the ADC

power consumption. The chip is fabricated in a 90nm process, wire-bonded on the FR4

printed circuit board and tested with a Stratix IV FPGA board to evaluate the system

performance for different radar polyphase codes.
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Chapter 5

Bidirectional Circuits for Pulse

Compression Radar Beamforming

This chapter presents the silicon mm-wave circuits proposed and implemented

to reduce the cost, area and power consumption of the beamforming systems while

maintaining low noise figure (NF), power consumption, and high bandwidth. The wide

spectrum around the millimeter wave bands, V -band and W -band, offer sufficient band-

width to allow cm-range resolution for the indoor/outdoor surveillance systems. This

chapter specifically investigates the performance of the W-band novel bidirectional cir-

cuit elements which are later proposed to place in a bidirectional active phased array

transceiver and which can be placed at the front-end of a low power and low cost pulse

compression radar (PCR) system. Section 5.1 introduces the motivation for bidirec-

tional beamforming/phased arrays. In Section 5.2, cascaded constructive wave amplifier

(CCWA) is introduced. Circuit analysis, simulation, and measurements of the W-band

bidirectional amplifier (BCWA) are presented in Section 5.3. Circuit analysis, simula-

tion, and measurements of the bidirectional phase shifter and variable gain amplifier are

presented in Section 5.4. Section 5.5 introduces the motivation for passive switched-

beam transceivers. Circuit analysis, simulation, and measurements of the dual-channel

distributed amplifier for passive switched-beam transceivers are presented in Section

5.6.

56
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5.1 Bidirectional Active Beamforming/Phased Arrays

Bidirectional elements are motivated by the requirements of the scalable multi-

antenna systems and mm-wave phased array transceivers to address the size, weight,

power, and cost associated with the millimeter-wave circuitry. Bidirectional front-ends

functioning in either direction eliminates the microwave switches before and after the

low-noise amplifier/power amplifier. Earlier work focused on a GaAs HEMT common

gate topology as a bidirectional amplifier but is limited by the difficulty to simultane-

ously optimize the common gate device for both low-noise and high-power [44]. Fur-

ther development of this approach was motivated by the need for scalable bidirectional

transceiver front-end elements for phased arrays implemented in GaAs [45]. Recent

work in silicon has investigated bidirectional front-end elements based on microwave

switches before and after the LNA [7]. The disadvantage of this switch is that it con-

tributes loss to the RF signal path which ultimate limits receiver sensitivity as well as

reducing PA output power and efficiency. Another recent work on silicon investigates

the design of a PALNA (PA-LNA) bidirectional amplifier that uses transmission line

matching techniques to isolate the power amplifier and low-noise amplifier under differ-

ent bias conditions and eliminates the sensitivity penalty of microwave switches at the

front-end [46].

Phased array circuits are complicated by linearity concerns and calibration across

each receive path. In an RF phase-shifting transceiver, the low-noise amplifier (LNA)

should provide a low noise factor and the power amplifier (PA) should provide high

efficiency and high signal power. A phase shifter is necessary to steer the beam 360 °

and a variable gain amplifier varies the gain while compensating the loss. The phase

shifter and VGAs are placed in both receiver and transmitter channel, increasing the

area, cost and power of the system. Calibration circuits are also needed in each RF path

to minimize the phase and amplitude mismatch in each channel.

Fig. 5.1 shows the conventional RF beamforming and the proposed bidirectional

beamforming front-end. Bidirectional elements - amplifiers, phase shifters, VGAs, cal-

ibration circuits and passive mixers - simplify the block diagram of the phased array

extensively as shown in Fig. 5.1. Bidirectional front-end has the additional advantage

of requiring one amplifier instead of one LNA and PA and one passive mixer rather than



58

two mixers for the transmit and receive paths. Consequently, the LO distribution is sim-

plified. A digitally controlled phase shifter composed of the cascaded switch elements is

inherently bidirectional and can be used to steer the antenna pattern and beam electron-

ically as shown in Fig. 5.1. Following the phase shifter, the bidirectional analog phase

shifter and VGA calibration circuit provides continuous phase and amplitude control

and allows the calibration of the relative phase and gain errors between channels, incor-

porating the loss compensation at the same time as shown in Fig. 5.1. The bidirectional

phase/gain calibration circuit controls the amplitude and phase of the RF signal in each

channel and prevents the increased sidelobe levels, reduced directivity, pointing errors

and symbol errors due to the phase and amplitude errors between channels of the phased

array systems.

Figure 5.1: Conventional RF phase shifting beamforming transceiver compared to bidi-

rectional RF phase shifting beamforming transceiver.

The W-band front-end bidirectional amplifier proposed in this chapter replaces

both the LNA and PA in an conventional phased array channel at the same time. Sim-

ilarly, the bidirectional W-band analog phase shifter/VGA replaces the calibration cir-

cuits. Both bidirectional amplifier and phase shifter/VGA performance can be tuned

adaptively to change the gain, noise figure, output power or linearity of the front-end

circuit.
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5.2 Cascaded Constructive Wave Amplifier

The bidirectional circuits implemented is based on the cascaded constructive

wave amplifier (CCWA) which consists of identical traveling wave amplifier stages [47].

The constructive wave amplifier uses a transmission line and an active shunt feedback

circuit which feeds current back to the input of the quarter-wave transmission line to

introduce a small amount of positive feedback to generate gain as shown in Fig. 5.2.

CCWA gain and noise figure measurement results are presented in [47] and are also

illustrated in Fig. 5.2.

Figure 5.2: Cascaded constructive wave amplifier (CCWA) model and measured results.

5.3 W-Band Bidirectional Amplifier

Switches based on highly-scaled silicon devices tend to introduce high-loss,

around 4 dB at W-band in highly scaled CMOS processes. This insertion loss comes

at a substantial cost to the noise figure and output power of the system. A switch also

limits the minimum range in radar systems since a reflected pulse will not be received

during the transmit pulse and subsequent receiver recovery time due to the switch set-

tling time. A recovery time of 3 ns corresponds to a minimum range of 0.9 m. Instead a

bidirectional amplifier that switches between low-noise amplification and power ampli-

fication with a parallel control is proposed to avoid these insertion losses and minimize

the recovery time. The alternatives to conventional architectures, switchless half-duplex

transceivers, are presented in Section 5.1. PALNA and bidirectional constructive cas-
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caded travelling wave amplifier (BCCWA) implementations replacing the conventional

architectures are shown in Fig. 5.3. While the BCCWA eliminates the need for an an-

tenna switch, it also requires only one mixer, i.e a passive mixer which is bidirectional

inherently. Therefore bidirectional amplifier architecture lets the designer electronically

select forward or backward wave amplification and independently optimize for RX/TX.

Figure 5.3: Conventional half-duplex transceivers and switchless half-duplex

transceivers - PALNA and BCCWA architectures.

Previously, PALNAs are designed with various architectures in various process

as shown in Fig. 5.4. When PA and LNA are connected in anti-parallel, operating in ei-

ther transmit or receive mode, the base biasing of the PA and LNA circuits is alternated.

Design issues related to ensuring matching under transmit and receive conditions occur.

Figure 5.4: Previously reported bidirectional architectures.



61

5.3.1 Circuit Design

The bidirectional amplifier architecture is based on the recently demonstrated

CCWA and consists of identical traveling wave amplifier stages. The prior work, CCWA,

incorporated only one feedback amplifier to amplify the traveling wave in only one di-

rection [47]. Here, we demonstrate a bidirectional constructive wave amplifier (BC-

CWA) circuit incorporating two anti-parallel feedback amplifiers which are modeled as

a transconductance, gm and which are modulated by the traveling wave at the output of

the stage as shown in Fig. 5.5 (a).

Figure 5.5: (a) Block diagram of the proposed BCCWA and (b) circuit schematic of one

stage.

Fig. 5.5 (b) illustrates the schematic for a single bidirectional constructive wave

amplifier stage in the silicon-germanium process as well as common biasing circuits.

The circuit implementation consists of ten identical cascaded bidirectional amplifier

stages. Each stage has an emitter follower, Q1, and current source consisting of Q4

and RE . The emitter width of Q1 is 1.5 μm. The emitter follower feeds the signal to

both the forward and backward amplifiers consisting of HBTs, Q2 and Q3, and NMOS

transistors, M2 and M3, respectively. The NMOS devices are biased in the triode region

to provide a voltage controlled degeneration resistance for the common emitter HBTs.

Two separate current mirrors are provided to bias the gate of M2 and M3 independently

from an off-chip current source for testing. The proposed approach requires long trans-

mission lines to distribute the forward and backward amplifiers but reduces parasitic

loading from the active devices by distributing these amplifiers. Each transmission line

is implemented as a shielded microstrip to prevent interstage coupling and is 200 μm

long. The characteristic impedance of the transmission line is 45 Ω for improved input
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and output return losses. As shown in Fig. 5.6, only one of the feedback amplifiers

operates at a time which obviates the need for a switch between the LNA and the PA.

The green line in Fig. 5.6 shows the paths which are active in either forward (LNA) or

backward (PA) amplification mode.

Figure 5.6: The paths which are active in either forward (LNA) or backward (PA) am-

plification mode.

The small-signal model is illustrated in Fig. 5.7 (a). The local feedback at

each stage injects current into the traveling wave at the input of the stage. The forward

amplifier, AF , is activated to amplify the forward traveling wave (S21 > 1). In this case

the backward amplifier is nulled (AB = 0). The backward amplifier, AB is activated to

amplify the backward traveling wave (S12 > 1) and the forward amplifier is nulled (AF

= 0).

Figure 5.7: (a) Small-signal model for a single bidirectional amplifier stage and (b) the

forward and backward S-parameters expressed in terms of the feedback amplifier gains.

The frequency response of this amplifier depends on the relative phase through

the transmission line, θ, and the time delay through the feedback circuit, Td. Con-

structive interference of the forward traveling wave and destructive interference of the
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backward traveling wave occurs when θ + Td = π and θ + Td = 0. This condition is

satisfied at the center frequency of the amplifier defined by fo = 1/4Td. For a center fre-

quency of 92 GHz, the feedback delay amounts to around 2.7 ps of delay. The feedback

voltage gain is determined by the product of the transconductance and the transmission

line impedance. The forward feedback voltage gain is defined as AF = 0.5gmfZo and

the backward feedback gain is AB = 0.5gmbZo, where gmf and gmb are shown in Fig.

5.7 (b). At fo, the forward and backward S-parameters are expressed in terms of the

feedback amplifier gains as shown in Fig. 5.7 (b).

Spectre simulations of the circuit are shown in Fig. 5.8 (a) for forward amplifi-

cation. The peak gain is 22 dB at 94 GHz. The isolation is 28 dB at 94 GHz. The input

return loss is better than 9 dB from 60 to 110 GHz and the output return loss is better

than 13 dB over the same frequency range. Simulation of the backward amplification

produces symmetric results with similar performance since the circuit is symmetrical.

The circuit is stable as shown in Fig. 5.8 (b).

Figure 5.8: (a) Spectre simulations of the S-parameters and (b) stability in the forward

and backward amplification mode.

The time settling between the LNA and PA operation limits minimum range in

radar systems. The time settling of the bidirectional amplifier is dependent on the bias

resistors connected to the gates of the control transistors, M2 and M3, which are shown

in Fig. 5.5. The rise and fall times are simulated to be between 50 ps and 100 ps as

shown in Fig. 5.9 (a).
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An additional feature of the implemented circuit is that the passband of the fre-

quency response is tuned with the bias voltage of the NMOS emitter degeneration. By

increasing the bias current, Ibias,f , the gate-source voltage of the diode connected ref-

erence NMOS increases and reduces the channel resistance of the NMOS device. The

reduced channel resistance increases the feedback voltage gain of each stage and the

forward gain increases to 20 dB. However, the reduced emitter degeneration introduces

more delay through the feedback path and the center frequency of the amplifier moves to

a lower frequency. The tunable frequency response is plotted in Fig. 5.9 (b). The arrow

indicates a linear increase in the bias current from the nominal bias, Ibias,f = 1.68mA to

Ibias,f = 7.39mA. Increasing the bias current shifts the center frequency down to 77 GHz

while the peak gain increases to 20 dB. The increasing bias current is only changing the

gate source voltage of the NMOS degeneration and does not significantly change the

power consumption of the stage of the circuit. The input return loss is also plotted in

Fig. 5.9 (b) under the bias current variation. The input return loss is relatively insensi-

tive to the changes in the bias current and remains better than 13 dB from 40-110 GHz

regardless of the location of the peak gain.

Figure 5.9: (a) Time settling between LNA and PA operation. (b) Measured gain and

input return loss of the amplifier at different bias.

Fig. 5.10 shows the process variations for the bidirectional amplifier noise figure,

gain and return losses. The noise figure varies by 1 dB while the gain varies by 6 dB in

a 3 sigma variation.
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Figure 5.10: Process variations for the bidirectional amplifier noise figure, gain and

return losses in a 3 sigma variation.

5.3.2 Measurements

The BCWA is fabricated in a 0.12 μm SiGe BiCMOS process (fT = 200 GHz)

and the chip microphotograph of the circuit is illustrated in Fig. 5.11. The area including

the RF and DC pads is 0.52 mm x 0.9 mm (0.47 mm2).

Figure 5.11: The chip microphotograph of the bidirectional amplifier in a 0.13-μm SiGe

process.

The nominal bias conditions are Vcc = 2 V, Vbias =2 V, Ibias =2 mA, Ibias,f =1.86

mA, and Ibias,r = 0 mA for forward amplification. The current consumption through

the ten emitter followers is 15.9 mA from the 2 V supply (approximately 1.6 mA per

stage) and the current consumption for the ten common emitter stages is 17 mA from
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the 2 V supply. The total power consumption under nominal conditions is 65.8 mW.

Small signal characteristics are measured with the Cascade ACP110-LW GSG probes

and the Agilent E8361A two-port network analyzer with N5260A mm-Wave controller.

The measured S-parameters for forward and backward amplification are plotted in Fig.

5.12.

Figure 5.12: Measured forward and backward amplification.

Fig. 5.12 shows the S-parameters measurement. For forward amplification, the

measured S21 demonstrates peak gain of 16 dB at 90 GHz and a 3 dB bandwidth of

the 14.5 GHz at the nominal bias conditions. The isolation S12 is 23 dB at 90 GHz.

The input return loss S11 is better than 13 dB from 40 to 110 GHz and output return

loss S22 is better than 16 dB over the same range. For backward amplification, the bias

conditions are identical except Ibias,r = 1.86 mA and Ibias,f = 0 mA. S12 demonstrates

peak gain of 16dB at 90 GHz and the isolation S21 is 22 dB at 90 GHz. The input and

output loss S11 and S22 from 40 to 110 GHz remain below 10 dB and 14 dB, respectively.

It is demonstrated that the forward and backward response are symmetric. The μ-factor

is greater than 2.7 from 40-110 GHz and indicates unconditional stability in either mode

of operation.

Fig. 5.13 (a) shows the noise figure of the BCWA in forward amplification mode.

The output noise spectrum of the BCWA is down-converted using the Pacific Millimeter

Wave W-band mixer to an IF frequency between 4 and 10 GHz. A two-stage IF amplifier

provides 24 dB of gain to compensate the conversion loss of the mixer. The noise figure
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of the downconversion set-up is initially calibrated with an Agilent E4440 spectrum

analyzer. The measured minimum noise figure is 10.9 dB at 90 GHz and 100 GHz. Fig.

5.13 (b) shows that the output-referred P1dB is 1 dBm at 90 GHz.

Figure 5.13: (a) Measured noise figure and (b) output-referred P1dB characteristics of

the bidirectional amplifier.

5.4 W-Band Bidirectional Phase Shifter and VGA

Phased array systems require amplitude and phase control of the RF signal to

control the main beam and sidelobe levels. Phase and amplitude errors between chan-

nels contribute to increased sidelobe levels, reduced directivity, pointing error, and sym-

bol errors. Recent phased array receivers have been demonstrated with discrete phase

and amplitude control schemes using active vector modulators [13, 21]. Passive phase

shifters have been demonstrated at K-band in GaAs and offer an alternative to active

modulators at W-band at the expense of chip area [48]. However, passive phase shifter

losses are high in a silicon/silicon-germanium process and substantially increase the re-

ceiver noise figure since low receive gain increases sensitivity to the high mixer noise

figure. In a transmitter, the saturated output power of the phase shifter is relevant to

the power amplifier gain requirements and transmit error-vector magnitude. Previous

work at lower frequencies has incorporated loss compensation in the phase shifter to

compensate this loss at the expense of linearity and power dissipation [49–51].
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Continuous phase and amplitude control is proposed for the calibration of the

relative phase and gain errors in a phased array transceiver as shown in Fig. 5.14 (a).

This section presents a continuous analog phase shifter/variable gain amplifier that in-

corporates a constructive wave amplifier along a varactor-loaded transmission line to

compensate for the varactor quality factor without introducing a significant phase or gain

imbalance. The section discusses the circuit design and measurements of the varactor-

loaded constructive wave amplifier operating at W-band as a phase shifter or variable

gain amplifier one at a time.

Continuous phase shift is possible with a varactor-loaded transmission line. Un-

fortunately, millimeter-wave hyperabrupt varactors in a 0.12 μm SiGe BiCMOS process

and operating at W-band have a Q of less than six. To compensate for the low varactor Q

without introducing a significant phase/gain imbalance, a W-band phase shifter/VGA is

proposed incorporating the bidirectional amplifier in Section 5.3 with a varactor loaded

transmission line as illustrated in Fig. 5.14 (b).

Figure 5.14: (a) Calibration of the relative phase and gain errors with continuous phase

and amplitude control. (b) Phase shifter/VGA circuit schematic, small signal model and

cross section geometry of the coplanar microstrip line.
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5.4.1 Circuit Design

The proposed varactor-loaded constructive wave phase shifter/VGA is shown in

Fig. 5.14 and consists of the constructive wave amplifier loaded with a varactor. The

constructive wave amplifier uses a transmission line and an active shunt feedback circuit

which feeds current back to the input of the quarter-wave transmission line to introduce

positive feedback. As described in [47], the chain matrix for the amplifier is

[ACWA] =

[
cos (βl) jZo sin (βl)

j
Zo

sin (βl) + gme
−jωTd cos (βl)

]
(5.1)

where β and l are the phase constant and length of the transmission line, Zo is the

transmission line impedance, gm is the feedback transconductance, and Td is the delay

through the feedback circuit. In [47], low feedback voltage gain, Av = gm
2Zo

≈ 1
4
, is

demonstrated to result in a forward gain, |S21| ≈ 1
1−Av

= 2.7dB, when βl = ωTd = π
2
.

This gain is applied to compensate insertion loss of the varactor.

A hyperabrupt junction varactor provides capacitance tuning as a function of the

reverse bias voltage applied to the diode. The chain matrix AV AR for the shunt varactor

diode is

[AV AR] =

[
1 0

jωCv ‖ R−1
S 1

]
(5.2)

where Cv is the varactor capacitance and Rs is the series resistance that determines the

quality factor, Q, of the varactor. Phase shift is induced by the varactor capacitance.

The C-V characteristic simulated in Fig. 5.15 for an anode measuring 2 μm x 1.24 μm

demonstrates a capacitance tuning range from 12 to 30 fF. The cathode of each varactor

is biased at 2 V and the delay control voltage is connected to the anode of the varactors.

While hyperabrupt diodes have high Q at a low frequency (Q > 100 @ 2 GHz), the Q

is significantly lower at W-band. The Q is generally less than 6 at 94 GHz and the low

quality factor induces high insertion loss in a varactor-loaded transmission line.

The response of the cascaded constructive wave amplifier and varactor is deter-

mined from chain matrix multiplication, [ASS] = [ACWA] [AV AR]. Translating the chain

matrix to S-parameters, the phase shift through a single stage is
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Figure 5.15: Simulation of the capacitance tuning at 94 GHz for SiGe hyperabrupt

junction varactors (2 μm x 1.24 μm, Vc = 2V).

tan θ =
− sin (βl)− ωτ cos (βl) + Av sin (ωTd)

cos (βl)− ωτ sin (βl) + Av cos (ωTd)
(5.3)

where τ = 1
2
ZoCv. The equation (5.3) estimates the interdependence of gain and

phase. The phase through the transmission line segment, l, varies with the capacitance.

While the phase changes with the capacitance, the gain also influences the phase. When

βl = ωTd = π
2
, the phase shift is approximately θ = arctan ((1− Av) / (ωτ)). Larger

feedback gain, Av increases the phase shift.

The circuit is implemented in a 0.13-μm SiGe BiCMOS process (fT/fmax =

200/260 GHz). Fig. 5.14 (b) illustrates the implementation of the phase shifter circuit

which consists of a total of eight identical varactor-loaded, loss compensated stages. The

feedback network consists of emitter follower and common emitter stages with emitter

lengths of 2.0 μm and 1.5 μm, respectively, and biased at 2.5 mA per stage. A zero is

introduced into the emitter degeneration network to improve the gain at high-frequency.

The cross section of the shielded CPW is also illustrated in Fig. 5.14 (b). The coplanar

waveguide (CPW) is implemented in a thick aluminum layer. The signal line is 8 μm

thick and separated from the side shields by 8 μm. Each section has a length of 290 μm

and the simulated phase velocity along the loaded transmission line is vp = 1.2×108 m
sec

.
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5.4.2 Measurements

The chip microphotograph of the circuit is illustrated in Fig. 5.16. The area

including the RF and DC pads is 0.7 mm x 0.3 mm (0.21 mm2).

Figure 5.16: The chip microphotograph of the bidirectional phase shifter/VGA in a

0.13-μm SiGe process.

The die is tested using Cascade 110-GHz GSG probes and the Agilent E8361A

67-GHz PNA with extenders up to 110 GHz. First, the circuit is tested under passive

conditions. When the bias current of the feedback amplifier is zero, the circuit behaves

as a passive varactor-loaded transmission line. As the delay voltage varies from -5 V to 0

V, the phase and insertion loss are plotted in Fig. 5.17 (a) and are compared with Spectre

simulations. The phase is measured as a relative value with respect to the different bias

conditions. At 90 GHz, the phase tuning range is 65◦ and, consequently, each stage

provides a maximum of 8◦ of the phase shift. Additionally, the phase shifter response is

wideband illustrating the linear phase from 70 to 110 GHz. However, the insertion loss

of the phase shifter varies by 7 dB - the minimum insertion loss is 7 dB at 90 GHz (0.9

dB per stage) and increases to more than 14 dB. The input and output return losses (not

shown) are better than 13 dB for all phase states.

Next, active feedback is introduced to compensate the insertion loss. The gain

is plotted in Fig. 5.17 (b) for a control voltage of -5 V and also compared with Spectre

simulations. As the bias current is varied from 1.5 to 2.5 mA, the gain varies from 9 to
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16 dB. The phase imbalance is minimized at 98 GHz. The input and output return losses

again remain better than 12 dB.

Figure 5.17: (a) Simulated (dashed) and measured (solid) gain and phase of the passive

phase shifter with delay voltage (Ibias = 0 mA, V cc = 0 V). (b) Simulated (dashed) and

measured (solid) gain and phase of the VGA with bias current (V delay = −5 V).

Since the measured gain and phase shift at 90 GHz depends on both feedback

bias current and control voltage, the phase and gain contours are plotted in Fig. 5.18

(a) and Fig. 5.18 (b), respectively. Loci of constant gain of 7 dB and 45◦ phase shift is

shown on each contour, respectively.

Figure 5.18: Measured (a) phase and (b) gain contours at 90 GHz.

Ideally, the gain depends only on the bias current and the phase shift depends

only on the delay voltage. Measured constant gain and phase loci are plotted on each

contour to illustrate the interdependence of gain and phase. The circuit provides gain
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from -6.7 dB to 16.7 dB and a relative phase control of more than 45◦. At Ibias = 1 mA,

the phase shift range is lower than at higher currents. When the phase shifter is operated

at its maximum gain of 16.7 dB, the total power consumption is 20 mA from a 1.8 V

supply - a power consumption of 4.5 mW per stage.

At a bias of 1.5-2.5 mA per stage, the measured noise figure of the VGA is

10-10.5 dB at 90 GHz for a reverse bias of -1 V. Finally, the output-referred one-dB

compression point is separately plotted as a function of the delay control voltage and

the feedback bias current in Fig.5.19. For a bias of 2 mA, the measured P1dB is between

-8 dBm and -9 dBm as the varactor control voltage is tuned between -5 V and 0 V.

For control voltages higher than 1 V, the varactor linearity degrades. The simulations

predict a P1dB that is roughly 3 dB lower. The output-referred P1dB increases with the

bias current level (V delay = −1) and indicates that the maximum P1dB is -7.5 dBm.

Figure 5.19: Measured output-referred P1dB compression point.

5.5 Passive Switched-Beam Transceivers

A NxN Butler matrix is a switched-beam that synthesizes N simultaneous beams

from N antennas using only passive components and does not consume power and offers

high linearity [52]. Since the Butler matrix has N paths, N amplifiers are required at the

input and output, increasing the power consumption. A 8x8 butler matrix is shown in

Fig. 5.20 (a) and is composed of hybrid couplers and fixed phase shifters. Conceptual
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block diagram of the Butler matrix used in a switched-beam system is illustrated in

Fig. 5.20 (b). Since Butler matrix or other switched beam matrixes are composed of

hybrid couplers and fixed phase shifters, they introduce loss and degrade the noise figure.

Therefore, a TX/RX is introduced in the front-end and if desired in the back-end of the

Butler matrix to compensate the losses.

Figure 5.20: (a) Circuit diagram of an 8x8 Butler matrix and (b) the conceptual block

diagram of the Butler matrix used in a switched-beam system

To compensate the losses due to the passive structures, Fig. 5.21 (a) proposes a

bidirectional amplifier that can replace the switch, PA and LNA at the same time in case

of a transceiver.

Figure 5.21: (a) Proposing a bidirectional amplifier that can replace the switch, PA and

LNA at the same time in case of a transceiver. (b) Proposing a circuit structure that can

replace two LNAs at the same time in case of a receiver.
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Fig. 5.21 (b) proposes a circuit structure that can replace two LNAs at the same

time in case of a receiver. The area, cost and power consumption of the system can be

reduced significantly with increasing number of paths in switched beam structure.

5.6 Dual-Channel Distributed Amplifier

The dual-channel distributed amplifier proposed in this chapter replaces two con-

ventional LNAs at the same time at the front and back of the switched beam system to

minimize the power consumption, to minimize the noise figure and compensate the loss

as shown in Fig. 5.22. Distributed amplifiers offer wideband frequency response and

higher linearity than a common source amplifier in a given integrated circuit process

at the expense of higher power and area requirements. However, sharing a single DA

for two receive channels amortizes this penalty. K-band LNAs using 0.18-μm CMOS

and 0.13-μm CMOS technologies have previously reported 5-6 dB noise figure while

consuming 54 mW and 17 mW, respectively [53, 54]. More recently, a 3-stage LNA for

a 24 GHz phased array consumes 19 mW power providing 13 dB gain and 6 dB noise

figure [55].

Figure 5.22: Application of a dual-channel distributed amplifier in a switched beam

receiver.

Distributed amplifiers can isolate and amplify signals between respective input

and output ports. Dual-channel amplifiers have been suggested for bidirectional appli-

cations [56, 57] and active circulators [58, 59]. These prior demonstrations show how
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the circuit parameters relate to the response from one port to each of the distributed

circuits output ports. This work presents a dual-channel distributed amplifier with low

noise figure and high linearity. Proper choice for the number of stages and cutoff fre-

quency of the distributed circuit realizes isolation between amplifier channels. Analysis

of the distributed circuit describes the role of reverse gain in minimum noise figure and

intermodulation distortion. The dual-channel distributed amplifier design is discussed

in terms of forward and reverse gain, noise figure, and linearity in Section 5.6.1, 5.6.2,

5.6.3, 5.6.4, respectively. This discussion will show how the isolation of the dual chan-

nel response is achieved at multiple bands or over a desired bandwidth while achieving

high linearity and low noise figure. Previous linearity analysis for distributed amplifiers

has not considered multiple signal paths. This work provides an analysis of intermodu-

lation distortion resulting from signals propagating in the same and opposite directions

through the distributed amplifier. Section 5.6.5 discusses the circuit design for the dis-

tributed amplifier. Section 5.6.6 presents the performance of the dual-channel amplifier

and compares this work against previous designs.

The schematic of an N-stage distributed amplifier is shown in Fig. 5.23. A gate

artificial transmission line is formed with a T-network of interstage inductors, LG/2,

and shunt capacitance, CG, contributed by the common source transistor, Mai. The

characteristic impedance of the transmission line is ZG =
√

LG/CG.

Figure 5.23: Circuit schematic of the N-stage distributed amplifier with cascode stages

and interstage inductance.

Similarly, the gate-drain and drain-body capacitance, CD, of the cascode tran-
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sistor, M bi, is absorbed into the drain artificial transmission line with impedance ZD =√
LD/CD. Here, both ZG and ZD are matched to an external impedance of ZT = 50

Ω. The lumped elements of the T-network define a cut-off frequency, fc = 1/π
√
LGCG

[60].

5.6.1 Forward Gain

Two signal paths are available in a single distributed amplifier, as shown in Fig.

5.24. Illustrated in Fig. 5.24 (a), signals incident at ports one and two are amplified as

they propagate respectively towards ports two and one. The maximum forward power

gain, S31 and S42, is defined for frequencies below the cut-off frequency of the trans-

mission line (f ≤ fc) and is equal to

GF =
N2g2maZDZG

4
≈ (NId)

2 Z2
T

V 2
ov

(5.4)

where gma is the transconductance of each transistor, Mai, and N is the number of

stages. The final approximation holds assuming a short-channel transistor is biased

in saturation with overdrive voltage, Vov = Vgs − Vt, since the transconductance is

gma ≈ 2Id/Vov with a small overdrive voltage and drain current, Id. For a fixed power

consumption, the drain current is constrained and the gain increases with lower over-

drive voltage and larger W/L. Since gate-source capacitance is related to Cgs ∝ WL,

the cut-off frequency can only be increased at the expense of gain.

5.6.2 Reverse Gain

Illustrated in Fig. 5.24 (b), when a DA is driven from one of the input ports (e.g.

port one in Fig. 5.24), half of the current from Mb propagates in the forward direction

(e.g. towards port three) and contributes to the forward power gain while the other half

propagates in the reverse direction (e.g. towards port four) and contributes to reverse

gain, S32 and S41. Reverse gain is distinguished from reverse isolation, S13 and S24. To

implement a dual-channel DA, the reverse gain should be zero at the bands of interest to

isolate the amplified signals. When a signal is incident at port one, V +
1 , the total current

at port four is
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Figure 5.24: 4-Channel DA operation - (a) maximization of the forward gain and (b)

minimization of the reverse gain.

I4 =
1

2
V +
1 gma

N∑
n = 1

e−j( 2n−1
2 )(θG+θD) (5.5)

where θG = ω
√
LGCG and θD = ω

√
LDCD are the T-section phases of the gate and

drain line. Currents sum in phase in the forward direction but cancel in the reverse

direction at certain frequencies. If θ = θG = θD, the reverse gain, S41 = S32, for a

lossless uniform DA is defined in [61] as

GR = GF

(
sin (Nθ)

N sin θ

)2

. (5.6)

Therefore, the forward and reverse gain expressions differ by a distribution factor which

is equal to

DF =

(
sin (Nθ)

N sin θ

)2

. (5.7)

A dual-channel amplifier minimizes reverse gain at the band of interest to isolate the

forward and backward propagating signals. When Nθ = kπ is satisfied, DF = 0 and

the null index, k, provides isolation at k ≤ N−1 bands. The choice of cut-off frequency

places nulls of GR at θ = π/N through π(N − 1)/N . Therefore, the bands of interest
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relate to the cut-off frequency as

fRF = kπfc/2N. (5.8)

However, not all k provide forward gain since the cut-off frequency must be higher than

the RF carrier frequency, k ≤ frac2Nπ. For instance, a null at 24 GHz exists for k =3 if

N = 7 and fc = 35 GHz. Consequently, the dual-channel amplifier operation demands

a higher cut-off frequency than the frequency of operation, fc > fRF .

Non-uniform transconductance and reverse gain

Non-uniform arrays provide additional degrees of freedom to tailor the distribu-

tion factor in a manner analogous to the array factor of an N-element linear antenna ar-

ray. Dolph proposed a method to design arrays to a desired sidelobe level or half-power

beamwidth by approximation of the array pattern with a Chebyshev polynomial [62]. By

assigning Chebyshev polynomials to antenna weights, interference is rejected at side-

lobe nulls. Similarly, proper polynomials are assigned to the transconductance of each

stage to control the reverse gain response. From (5.5), the generalized distribution factor

is

DF =

N∑
n = 1

gne
−j(2n−1)θ (5.9)

where gn = gm,n

gma
is a normalized transconductance. This equation reduces to (5.7) when

gn = 1 for all stages. A wideband reverse gain null for S41 is obtained if binomial

coefficients are applied to the transconductance values. A binomial weighting scheme

is compared to a uniform scheme in Fig. 5.25 (a). The uniform scheme provides a

relatively narrowband reverse gain response while binomial distribution produces wide-

band null in the reverse gain. Unfortunately, non-uniform weighting also reduces the

maximum gain and increases the noise figure. As shown in the figure, the binomial

coefficients result in an 8 dB gain reduction. When narrowband rejection is required,

uniform weighting provides the best choice for the dual-channel amplifier.
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Figure 5.25: (a) Reverse gain for a uniform and non-uniform transconductance dis-

tributed amplifier. (b) The effect of inductor quality factors on the reverse gain nulls.

Effect of Quality Factor on Reverse Gain

Transmission lines losses impact the reverse gain. Considering the impact of

attenuation, the distribution factor from (5.7) is modified to

DF =

(
sinh (Nγl)

N sinh (γl)

)2

(5.10)

where γ = α + jβ is the complex propagation constant. If the transmission line quality

factor is defined as Q = β
2α

, the degradation in the null depth is determined as a function

of Q. The effect of attenuation on the depth of the nulls is shown in Fig. 5.25 (b). A Q

of ten results in a maximum isolation of 15 dB. Ultimately, the Q determines whether

the reverse gain is suppressed sufficiently to provide isolation between the amplifiers.

5.6.3 Noise Figure

Prior analysis of noise figure in distributed amplifier considers the noise con-

tributions from impedance terminations and active devices [63]. The noise factor of a

distributed amplifier is summarized as

FDA = 1 +
1

4GF

+DF + Fmos (5.11)

where GF and DF are described in (5.4) and (5.7). The first, second, and third terms

represent respectively the contributions of thermal noise from the source impedance,
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the drain-line termination, and the gate-line termination. The drain termination noise

contribution is reduced by increasing the forward gain. The gate termination noise is

shielded by the reverse gain of the DA. The distribution factor in (5.7) indicates the

gate termination noise is suppressed at the same frequencies that the DA provides signal

isolation. Hence, the gate-line termination is negligible when the DA is operated at Nθ

= kπ.

Therefore, the noise figure of the DA is reduced to FDA ≈ 1 + Fmos in bands

located at the reverse gain nulls. In [63], the noise figure of the MOS device incorpo-

rating the contribution associated with the common-source transistor channel noise and

correlated gate-induced noise is

Fmos =
γ

NgmZT
(1 + ω(2Nκcτgs +

(2N2+1)
3

|κc|2ωτ2gs
|c|2 )) (5.12)

where γ is the excess channel noise of the FET, τgs is the time constant associated

with the gate capacitance, c is the correlation coefficient between gate and drain current

noise, and κc is a technology dependent noise factor. Assuming the gate time constant

is dominated by the impedance of the line, τgs =
(
ZT

2
+ rgate

3

)
Cgs, the time constant is

inversely proportional to the cut-off frequency of the line, i.e. τgs =
1

2πfc
.

Increasing N decreases the first term of Fmos but increases the second term in

(5.12). Therefore, an optimum N minimizes the noise figure over a specific band due to

the MOS devices and is equal to

Nopt =
|c|

2 |κc|ωRF

√
3

τ 2gs
≈

√
3 |c|

2 |κc|
ωc

ωRF

. (5.13)

Notably, the optimum number of stages increases as the ratio of ωc

ωRF
increases. However,

this ratio is determined from (5.8). Substituting this expression into (5.13), the optimum

null index can be found as

kopt =

√
3

π

|c|
|κc| . (5.14)

Since |c| / |κc| is approximately 5.5 for 0.13 μm CMOS process [63], the optimum null

index to use for a dual-channel distributed amplifier is kopt = 3. From (5.13), Nopt

is about 4.5 times of ωc

ωRF
. If we use a seven-stage distributed amplifier, the cut-off
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frequency of the transmission line must be 35 GHz for the 24 GHz ISM band. Therefore,

noise figure constraints impose a similar design criterion on the cut-off frequency to the

distribution factor.

5.6.4 Linearity

Wideband LNAs are prone to intermodulation distortion due to the presence of

in-band interferers. Assuming distortion is introduced by the transistor, the linearity of

the DA is estimated from the distortion introduced by the common-source transistor, e.g.

Ma as shown in Fig. 5.26 [64]. The drain current at each stage is modeled as a weakly

nonlinear transconductance and can be written as

Figure 5.26: Simulated first, second and third-order transconductance versus gate volt-

age for a 0.13 μm CMOS process (W = 100μm ).

Id,n = gm,1Vgs,n +
1

2
gm,2V

2
gs,n +

1

6
gm,3V

3
gs,n (5.15)

where gm,k = ∂kId
∂V k

gs
. Third-order intermodulation products (IM3) predominantly result

from the last term, i.e. IM3 = 3
4
gm,3V

3
gs. When a FET is biased in weak or moderate

inversion, the drain current closely follows square-law behavior. This provides a signifi-

cant increase in device linearity without requiring high power consumption [65,66]. For

a 0.13 μm CMOS process, the transconductance terms in (5.15) are plotted in Fig. 5.26

for a device width of 100 μm. IM3 is minimized when gm,3 is zero at approximately 390

mV. This gate voltage biasing allows 14 mS of transconductance (Id = 2 mA). The low
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transconductance prevents high gain from a single stage circuit but the distributed struc-

ture realizes higher gain across multiple stages. Biasing each device in weak inversion

results in the highest input-intercept point for the distributed amplifier.

The dual-channel distributed amplifier is characterized from intermodulation

distortion resulting from co-propagating and cross-propagating signals. Co-propagating

signals are incident at the same port while cross-propagating signals are incident at

opposite input ports as shown in Fig. 5.27 (a). The following analysis indicates that

co-propagating signals result in conventional intermodulation behavior, however, cross-

propagating signal result in intermodulation behavior that depends on the distribution

factor as shown in Fig. 5.27 (b).

Figure 5.27: (a) Co-propagating and cross-propagating signals (b) Circuit simulation

results for the IM3 of co-propagating and cross-propagating signals in a seven stage

distributed amplifier (Δf = 10 MHz).

Co-propagating Intermodulation Products

Two signals at frequencies, f1 and f2, propagating in the same direction along

the gate transmission line generate a voltage Vgs,n at each transistor gate which can be

written as

Vgs,n = Vo (cos (ω1t− nθ1) + cos (ω2t− nθ2)) (5.16)
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where θ1 and θ2 represent the phases of ω1 and ω2 through each distributed stage. IM3

terms are generated at ωl = 2ω1 − ω2 and ωh = 2ω2 − ω1 due to the nonlinear current

in (5.15) and each product at these new frequencies has the same magnitude:

IM3co =
3

4
gm,3NV 3

o . (5.17)

Therefore, co-propagating signals at two frequencies below the cut-off frequency result

in intermodulation products that are determined by the nonlinear device transconduc-

tance and the number of stages. Since the signal power increases linearly in N, the

overall IIP3 of the distributed circuit is independent of N, i.e. IIP3 =
√

4
3

gm,1

gm,3
.

Cross-propagating Intermodulation Products

For the same signals propagating in opposite directions along the gate transmis-

sion line, the gate voltage Vgs,n at each transistor along the gate transmission line is

represented as

Vgs,n = Vo (cos (ω1t− nθ1) + cos (ω2t− (N + 1− n) θ2)) (5.18)

where the incident signal at port one is at f1 and the incident signal at port two is at f2.

The magnitude of the IM3 terms at 2ω1 − ω2 and 2ω2 − ω1 are different at the forward

port (port three) and are equal to

IM3cross,ωl
= 3

4
gm,3V

3
o ×

N∑
n=1

cos (ωlt− 2nθ2 + 2 (N + 1) (θ2 − θ1, ))
(5.19a)

IM3cross,ωh
= 3

4
gm,3V

3
o ×

N∑
n=1

cos (ωht+ 4nθ2 + (N + 1) (θ1 − 4θ2.))
(5.19b)

Evaluating these sums, each of the intermodulation terms can be expressed in

terms of the distribution factor:

IM3cross,ωl
=

3
4
gm,3NV 3

o cos (ωlt+ 2θ2 − 2 (N + 1) θ1)
sin(Nθ2)
N sin(θ2,)

(5.20a)



85

IM3cross,ωh
=

3
4
gm,3NV 3

o cos (ωht− 4θ2 + (N + 1) θ1)
sin(2Nθ2)
N sin(2θ2.)

(5.20b)

Each of the IM3 terms vanish when Nθ2 = kπ. Under this condition, the cross-

propagating signal at f2 does not introduce intermodulation terms at port three. While

f1 and f2 generate intermodulation products at each stage of the distributed circuit, this

distortion is cancelled at the reverse port at certain frequencies. The IM3 terms are

roughly independent of the frequency spacing between the tones since the distribution

factors do not depend on θ1. Similarly, the intermodulation products at port four would

cancel when Nθ1 = kπ.

The IM3 products are confirmed with circuit simulations of IIP3 in Fig. 5.27

(b). The co-propagating IIP3 is constant over the bandwidth of the distributed structure

as predicted from (5.17). However, the cross-propagating IIP3 is generally better than

the co-propagating IIP3 because of the distribution factor in (5.20a) and (5.20b). Since

(5.20b) depends on 2θ2, twice as many peaks occur in the IIP3 of this term as opposed

to (5.20a).

5.6.5 Circuit Design

The seven-stage distributed amplifier is designed for operation at the 24-GHz

ISM band. Optimum N , fc and Vgs exist to increase the forward gain and IIP3 while

reducing noise figure for dual channel operation. To minimize the distribution factor in

(5.7), the parameters N and fc trading-off reverse gain null location and noise figure

have been shown in Section 5.6.2 and 5.6.3.

In moderate inversion (Vgs = 390 mV), the proposed DA is simulated with re-

spect to the number of stages in Fig. 5.28. At 24 GHz, the noise figure is found to be

minimum for seven stages. The minimum noise figure occurs between 10 and 15 GHz

or at roughly half the cut-off frequency of the amplifier. At 24 GHz, more than seven

stages increases the noise figure.

Next, (5.8) indicates that a cut-off frequency of fc = 35 GHz places a null of the

reverse gain frequency response at 24 GHz when N = 7 at the third null (k = 3) of the

reverse gain. Alternatively, the null at 24 GHz could be realized if N = 6 and fc = 30
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Figure 5.28: Noise figure as a function of the number of stages.

GHz.

Given fc = 35 GHz, the seven-stage distributed amplifier is implemented as

shown in Fig. 5.28 using the design parameters summarized in Fig. 5.23. The common-

source device width is chosen to be 100 μm to provide a gate capacitance of 70 fF that

is absorbed into the T-network with an inductance of 420 pH and an external capaci-

tance is chosen to be 120 fF to provide a total gate capacitance of 190 fF. This sets the

cut-off frequency and the impedance of the transmission line. DAs are limited by the at-

tenuation of the gate and drain transmission lines in standard bulk CMOS technologies.

The series resistance of the inductors impacts the quality factor of the transmission line.

Square spiral inductors are fabricated on the two thick aluminum metal layers with a

patterned ground shield under the inductor and the width of the inductor is increased to

reduce the loss of the inductor. Electromagnetic simulations using SONNET shows that

the Q of the inductor is improved from 13 to 15 at 24 GHz with the patterned ground

shield.

The common source and cascode devices are low voltage threshold devices with

Vth = 260 mV. Each stage in Fig. 5.28 employs a cascode to improve reverse isolation

and eliminate the Miller capacitance of Ma. Additionally, the cascode output impedance

is increased by approximately 1 + (gm + gm,b)rds to reduce the conductive loading on

the drain transmission line. To improve bandwidth and decrease noise, the cascode stage

incorporates an inductor between the common-source drain and common-gate source to

resonate the transistor capacitances [63]. In this design, the cascode transistor is isolated

by a transmission line rather than an inductor. At 24 GHz, a length of 250 μm provides
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an additional 1dB of gain over a design without the cascode transmission line.

5.6.6 Measurements

The circuit is implemented in a 0.13 μm CMOS process (fT = 85GHz) with 1

μm-thick copper interconnects. The chip microphotograph is shown in Fig. 5.29. The

circuit occupies an area of 0.50 mm x 1.20 mm (0.60mm2) including the pads. Gate

and drain biasing is provided through external bias-tees at each of the four ports.

Figure 5.29: The chip microphotograph of the distributed amplifier in a 0.13μm CMOS

process.

S-parameters are measured using on-chip probing with the Agilent E8361A two-

port network analyzer. The measured S-parameters for forward gain and reverse gain

are plotted in Fig. 5.30 (a). The forward gain, S31, is 9.6 dB at 24 GHz with a 0.4-

dB ripple over a bandwidth of 35 GHz. The reverse gain, S41, is 17 dB and remains

better than 10 dB over a bandwidth of 4 GHz. The measured depth of the nulls is

compared to the simulation in Fig. 5.30 (a) and indicates that the Q of the transmission

line section is around 15. The artificial transmission line loss, S21, is measured and

compared to simulation in Fig. 5.30 (a) and illustrates that frequency-dependent loss of

the transmission line is 4 dB or roughly 0.5 dB per stage at 24 GHz.

The input and output return loss, S11 and S22, are plotted in Fig. 5.30 (b) and

remain below 10 dB over a bandwidth of 35 GHz. Low return losses at low and high

frequencies are introduced by the transmission line impedance matched to the source

and load impedances. The reverse isolation, S13, is better than 30 dB due to cascode
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gain stages. The DA is unconditionally stable over the bandwidth with a minimum

μ-factor of 2.9.

Figure 5.30: Measured S-parameters illustrating (a) forward and reverse port gain and

(b) measured input and output return loss and isolation.

The noise figure is plotted in Fig. 5.31 (a) as a function of the gate voltage.

The noise figure is measured using the Agilent 346CK01 noise source and the Agilent

E4447A spectrum analyzer. The optimum gate voltage is 415 mV for a minimum noise

figure of 5.7 dB at 24 GHz. The minimum noise figure occurs at a 400 mV bias at 8

GHz and is relatively independent of frequency.

The IIP3 is plotted in Fig. 5.31 (b) as a function of the gate voltage under the

co-propagating signal conditions. The optimum gate voltage is 415 mV for a maximum

IIP3 of 4.5 dBm at 24 GHz. Notably, the maximum IIP3 and minimum noise figure

occurs at roughly the same gate-source bias voltage. The maximum IIP3 increases to

9.4 dBm at 8 GHz for a slightly lower bias voltage. Consequently, the circuit is biased in

moderate inversion and each transistor consumes 2.1 mA of drain current from a 1.2 V

supply for a total power consumption of 18 mW. The measured noise figure and output

referred one-dB compression point are plotted versus frequency in Fig. 5.32. The noise

figure is between 5.5 dB and 6 dB at 24 GHz. The P1dB at 8 GHz and 24 GHz is 6.2

dBm and 4.9 dBm, respectively, for Vgs = 400 mV.

The proposed DA performance is compared with other 24 GHz LNAs and DAs

in similar silicon technologies in Table 5.1. The amplifier performance is optimized

with respect to maximum linearity. The proposed dual-channel amplifier at 24GHz is
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comparable in power consumption, gain, and noise figure and demonstrates the highest

IIP3 and P1dB when compared to previous work and does not constrain noise figure.

Figure 5.31: Measured and simulated (a) noise figure and (b) IIP3 variation with gate

biasing.

Figure 5.32: Measured and simulated noise figure variation as a function of frequency

(VGS = 400 mV)
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5.6.7 Multi-Band Dual Channel Circuit Design

The previous discussion has suggested the use of the dual-channel distributed

amplifier for narrowband applications at the 24-GHz ISM band. The array factor analy-

sis in (5.7) demonstrates reverse gain nulls at θ = kπ/N and suggests that the distributed

amplifier can operate at multiple bands since the reverse gain of the DA is minimized at

integer intervals of k. For the multi-band operation as described in Fig. 5.33, high and

low-pass terminations terminate each of the different bands. Each termination could be

a notch filter with resonance at the input frequencies. As shown in Fig. 5.33, the low

frequency band propagates along the gate line from left to right, S31 while the high fre-

quency band propagates from right to left, S42. The gate line demonstrates the nulls at

both 8 GHz and 24 GHz.

Figure 5.33: Multi-band dual channel circuit design.

5.7 Conclusion

This chapter presents the novel circuits replacing the conventional elements in an

active/passive beamforming front-end transceiver. The bidirectional circuit elements are
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proposed to place in a bidirectional active phased array transceiver which can be placed

at the front-end of a low power and low cost pulse compression radar (PCR) system.

A W-band bidirectional amplifier, which operates as either an LNA or PA, is

designed and fabricated in a 0.13 μm BiCMOS technology. The bidirectional amplifier

that switches between low-noise amplification and power amplification is proposed to

avoid the insertion losses due the SPDT switches. This design is based on the cascaded

constructive wave amplifier (CCWA) which uses a transmission line and an active shunt

feedback circuit which feeds current back to the input of the quarter-wave transmission

line to introduce a small amount of positive feedback to generate gain. Feedback am-

plifiers decide the direction of amplification and only one feedback amplifier operates

at a time to provide gain in either the forward and backward direction. The measured

amplifier has a peak gain of 16 dB, a bandwidth of 14.5 GHz at 90 GHz, a noise figure

of 11 dB and an output-referred P1dB of 1 dBm at 90 GHz.

A W-band, varactor-loaded, constructive wave phase shifter/VGA is designed in

0.13 μm BiCMOS technology for continuous phase and amplitude control and calibra-

tion of the relative phase and gain errors. The analog phase shifter/VGA incorporates

a constructive wave amplifier along a varactor-loaded transmission line to compensate

for the varactor losses without introducing a significant phase or gain imbalance. In the

phase shifter mode, more than 65° of continuous phase control is demonstrated with a

maximum gain of 16 dB to compensate for varactor losses with a power consumption of

only 36 mW. A 7dB gain variation - from 9 dB to 16 dB - is achieved in the VGA mode

while the phase imbalance is minimized at 98 GHz.

A low-power DA with isolation between amplifier channels is presented to re-

place two LNAs. The DA is biased in moderate inversion to simultaneously obtain low

NF and high linearity while consuming low power. The dual-channel DA is fabricated

in a bulk 0.13-μm CMOS process, achieves a forward gain of 9.6 dB and a NF of 4.9

dBm, and consumes 18 mW power which is equivalent to 9 mW per low noise amplifier.
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Chapter 6

Integrated Q-Band Receiver Circuits in

45-nm SOI CMOS Process

This chapter presents the design and the measurement of millimeter-wave inte-

grated circuits implemented in a 45-nm CMOS silicon-on-insulator (SOI) process. The

performance of a single-pole double-throw (SPDT) switch, a passive I/Q mixer and a

low noise amplifier (LNA) at Q-band is demonstrated. Section 6.1 introduces the moti-

vation for SOI-process and its promise for commercial applications. In Section 6.2, the

45-nm CMOS SOI process is introduced. The switch performance at millimeter-wave

bands in 45-nm CMOS SOI process is compared to the performance in bulk CMOS

processes. A series switch insertion loss is simulated to emphasize the benefits of 45-

nm SOI technology over bulk CMOS processes for passive performance at mm-wave

bands in Section 6.2.1. Circuit analysis, simulation and measurements of the broadband

SPDT switch are presented in Section 6.3. Circuit analysis, simulation and measure-

ments of the I/Q passive mixer are presented in Section 6.4. Finally, a Q-band LNA is

presented in Section 6.5. The results indicate that 45-nm CMOS SOI demonstrates the

lowest switch insertion loss, lowest ring mixer conversion loss and lowest noise figure

compared to other CMOS processes [74–76].

94
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6.1 Introduction

Highly-scaled digital CMOS SOI is an excellent candidate platform for digital,

analog and RF integration in a monolithic system-on-chip (SOC) package. Monolithic

integration in CMOS SOI minimizes the system and packaging complexity, reduces

system variability, and supports embedded RAM and microprocessors for radiation hard

applications [77]. However, the application of digital CMOS SOI technologies for RF

applications requires a focus beyond the scaling and optimization of transistors. Passive

devices such as inductors, baluns, transmission lines, and pads degrade as metallization

dimensions are scaled down to increase the transistor speed and the integration density.

Nonetheless, a variety of efforts based on scaled CMOS SOI technology have shown

low-noise and high-power handling circuits, distributed wideband amplifiers, mixers,

SPDT switches, and optical transceivers [73, 78–85].

In the near future, beamforming systems and phased arrays will be provided

as the front-ends of indoor/outdoor surveillance, intelligent sensing and imaging sen-

sors which require significantly low power consumption. In such case, passive circuits

are critical components in virtually every wireless-transceiver building block and are

preferred to take place in each channel of the array to reduce the overall power con-

sumption. Passive circuits are usually implemented as a combination of switches such

as on/off FET devices and the performance of the passive circuits are dependent on the

performance of the switches.

Fig. 6.1 (a) shows the block diagram of a low power, RF phase shifting beam-

former transceiver with several key front-end circuits including the SPDT switch, phase

shifter and I/Q mixer implemented as passive elements.

The SPDT switch is realized by switching the port 1 between ports 2 and 3 with

the help of CMOS transistors as switches as shown in Fig. 6.1 (b). The SPDT switch

combine the series and parallel switches to provide isolation between the transmitter

and receiver. The switch must exhibit low insertion loss to maintain high transmitter

efficiency and output power and low receiver noise figure to achieve a reasonable SNR.

High linearity is also important to prevent the compression and intermodulation distor-

tion. The passive ring mixers are realized by switching FET gates of a ring topology

and biasing the transistor gates at the threshold voltage as shown in Fig. 6.1 (c). The



96

insertion loss and linearity of the switch determines the performance of the mixer. The

phase shifters are composed of cascaded switch elements and the insertion loss of the

phase shifter is the sum of the losses through the switches and generally increases with

phase shift range as shown in Fig. 6.1 (a). Achieving full 360° phase variation with fine

resolution from a passive phase shifter is too lossy.

Figure 6.1: (a) Block diagram for RF phase shifting beamformer transceiver with the

(b) SPDT switch and (c) I/Q mixer implemented as passive elements.

6.2 45-nm SOI CMOS Process

In Fig. 6.2, the cross-sections of the bulk triple well CMOS and detailed stack-up

for the digital 45-nm SOI CMOS process are shown. In the SOI process, eleven metal

layers are available with a 2.2 μm thick aluminum top metal layer (LB). The SOI sub-

strate is a p-doped "handle" wafer with a resistivity of 13.5 Ω-cm and is isolated from
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the active region with a thin buried oxide (BOX) layer, which isolates the transistor from

the substrate. The BOX thickness is 145 nm in this process - roughly three times the

minimum gate length. Nonetheless, the BOX mitigates many of the problems associated

with bulk processes at millimeter-wave frequencies. The BOX layer provides significant

isolation of the active transistor area from the substrate without degrading the voltage

threshold of the NFET. The technology also utilizes shallow trench isolation (STI) to

provide a denser isolation between devices. The STI extends 80 nm through the active

silicon layer and increases the isolation between the diffusions of different NMOS tran-

sistors. The switch design and passive circuit design in The 45-nm SOI CMOS process

helps reduce the main limitations of CMOS transistors when used as a switch. The junc-

tion diode between the source/drain node and the substrate, Cjd and Cjs, is much less

compared to the one in bulk processes and this enables low isolation. As shown in Fig.

6.2 (b), the substrate resistance network, Rsub, from the junction to the substrate ground

is isolated and less critical owing to the BOX layer and CjSTI in SOI CMOS process

compared to the uncertain value of Rsub in bulk CMOS resulting in the insertion loss

and isolation discrepancies. The SOI process offers body-contacted and floating-body

NFET which has an fT of 380 GHz with low drain/source coupling to the substrate and

low high-frequency noise.

Figure 6.2: Cross section of (a) the bulk CMOS triple well and (b) 45-nm SOI CMOS

process.

SONNET was used to simulate the performance of the spiral inductors, pas-
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sive baluns, multiple finger fringe capacitors, conventional CPW-lines, on-chip inter-

connects, and pads in Q-band. The effect of the substrate resistivity and BOX thickness

on the quality factor of the spiral inductors is investigated. In Fig. 6.3, the quality factor

of a spiral inductor is investigated as a function of frequency for different combinations

of substrate resistivity and BOX thickness. When the substrate resistivity is increased

from 0.01 to 13.5, the quality factor of the spiral inductor increases significantly. In-

creasing its resistivity to > 100 Ω-cm reduces the impact of thinner BOX on parasitic

capacitance and also improves the quality factor of passive components. When sub-

strate is highly-resistive, increasing the BOX thickness has an insignificant effect on the

quality factor. However the quality factor increases with the increasing BOX thickness

when the substrate is rather more conductive. The increasing of the quality factor of the

passive components is mainly attributed to the increasing substrate resistivity of the SOI

wafer to > 10 Ω-cm, which leads to dramatically decreasing of coupling loss to the Si

substrate.

Figure 6.3: The effect of the BOX thickness and substrate resistivity on the quality

factor of inductors.

A vertical natural capacitor model (VNCAP) is used for high-frequency capaci-

tors and is formed with inter-digitated metal fingers composed of C1 to B3 metal layers.

Lower metal layers are not used since they result in higher parasitic shunt capacitance

per 1 fF of series capacitance, which degrades the performance at millimeter-wave fre-

quencies. A shielded coplanar waveguide (CPW) transmission line is designed using
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LB for the signal line and B3 for the ground plane, and the LB side grounds are con-

nected to B3 using UA and UB metal layers as shown in Fig. 6.2 (b). A signal line

width of 8 μm with 9 μm spacing to the side grounds results in a 50 Ω transmission line

at millimeter-wave frequencies.

In summary, the reported benefits of 45-nm SOI technology relative to bulk

CMOS processes include lower parasitic capacitance due to the BOX isolation from

the bulk silicon as shown Fig. 6.2. The junction capacitances are limited to the BOX

capacitance and are 4 to 7 times smaller than in bulk CMOS. Other benefits of the SOI

process includes system on chip (SoC) full integration capabilities, negligible substrate

leakage, higher isolation, increased f t/fmax performance enabling efficient amplifica-

tion. Therefore 45-nm technology in SOI is a good candidate to explore for improved

loss, isolation and linearity characteristics. The FET channel resistance, Rch, and in-

sertion loss of the switches improves with the device scaling and, consequently, both

resistive mixer conversion loss and SPDT insertion loss will improve due to the FET

scaling. And the buried oxide layer between the body of the FET and substrate improves

the isolation, leakage and linearity characteristics. To quantify the claims made in this

section, the series NFET switch insertion loss and isolation is simulated with respect to

its width, WT , in five different processes - IBM SiGe 8HP (130nm), IBM CMOS 9RF

(90nm), TSMC CMOS CRN90LP (90nm), IBM CMOS 7SOI (180nm) and IBM CMOS

12SOI (45nm) technologies. Before the comparison is illustrated, the switch principles

are explained in the next section 6.2.1.

6.2.1 SOI CMOS Process versus bulk CMOS

A test-bench and the small signal models of the switch in the on and off states

are illustrated in Fig. 6.4. When the FET is on and off, the equivalents impedances Zon

and Zoff are

Zon = Rch =
Lg

μnCoxWt (Vgs − Vt)
, (6.1)

Zoff =
1

1/jωRF (Ceqv.)
, (6.2)

Ceqv. = Cgs ‖ Cgd + Cjs ‖ Cjd (6.3)

where Cgs � WtLgCox/2.
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Figure 6.4: The test bench for a nMOS switch and its simplified small-signal circuit

model in the ON and OFF states.

The Zon impedance is dominated by the channel resistance, Rch. The Zoff

impedance is dominated by the parasitic capacitances - parallel combination of the se-

ries capacitance of the gate-drain and gate-source capacitances, (Cgd and Cgs), and series

capacitance of the drain and source junction capacitances, (Cjd and Cjs).

Insertion Loss and Isolation of a Series Switch

The insertion loss is determined mostly by the Zon impedance. Increasing the

FET width, WT , provides lower channel resistance and lower insertion loss however

also reduces the off-state impedance, Zoff , degrading the isolation. The choice of WT

establishes the trade-off between Zon and Zoff , and between insertion loss, isolation and

linearity. In the off-state, Rch is high. Since Ceqv. is proportional to WT , increasing the

off-impedance requires a smaller device width, WT .

To assess the impact of the BOX layer and substrate resistance, the insertion loss

from a single MOS transistor has been analyzed based on the MOS transistor shown in

Fig. 6.4. Since the impedance of the junction capacitance is very low at millimeter-wave

frequencies, the substrate resistance Rsub plays a critical role. It has been shown that

insertion loss can be reduced by increasing Rsub to a very large value or by decreasing

Rsub to near zero [86]. In terms of the underlying physical mechanism, when Rsub

becomes large, signals cannot couple through Rsub and the power delivered to Rsub is

small. When Rsub is zero, there is no loss associated with Rsub and the power loss is once

again reduced. In this digitally-compatible SOI process, Rsub is smaller comparatively

to the other technologies and the BOX layer provides a capacitance CjSTI that is small
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and isolates the body from substrate. In other words,

CT =

(
(Cgs + Cgd)Cox

Cgs + Cgd + Cox

+ Cjs + Cjd

)
� CjSTI (6.4)

is the equivalent capacitance shown in the approximate small signal model in Fig. 6.4.

CT is zero when CjSTI ∼ 0 and when CT = 0, the insertion loss is defined by [86]

IL ∼
(
Rch + 2Z0

2Z0

)2

when CT = 0 (6.5)

which is used to estimate the insertion loss at low frequencies.

The comparison of the insertion loss and isolation of a series switch in various

technologies is illustrated in Fig. 6.5 and in Fig. 6.6. In bulk processes, higher in-

sertion loss is found as a result of the high channel resistance of the ON switch and

coupling loss through the substrate via parasitics. Therefore deep n-well transistors,

high substrate contact resistance, and deep trench isolation are provided for bulk CMOS

in the literature. As shown in Fig. 6.5, the insertion loss starts to degrade again after

an optimum value of transistor width since signals start to leak to the substrate through

the parasitics in bulk processes. The luxury of being able to select larger the transis-

tor width enables less insertion loss for the switches, passive mixers and passive phase

shifters in CMOS SOI process and switches can be designed with better conversion loss

characteristics. Fig. 6.6 shows the isolation of the switch in various technologies. Al-

though Cjd and Cjs are much smaller compared to the ones in bulk CMOS, Cgd and Cgs

are comparable sizes so CSOI7 and CMOS 12SOI don’t improve the series transistor

isolation.

The optimum widths corresponding to the minimum insertion losses are chosen

for the five processes. Fig. 6.7 (a) shows the comparison of the insertion loss of a

series switch versus frequency when the series switch is on. The 12SOI 45-nm SOI

and CSOI7 process provides the best insertion loss demonstrating the superiority of SOI

process over bulk processes. Fig. 6.7 (b) shows the comparison of the isolation of a

series switch versus frequency when the series switch is off. The isolation of the series

transistor in SOI CMOS is not better than the other technologies since Cgd and Cgs are

comparable sizes.
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Figure 6.5: The insertion loss of a series switch in various technologies.

Figure 6.6: The isolation of a series switch in various technologies.
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Figure 6.7: Comparison of (a) the insertion loss and (b) the isolation of a series switch

in various technologies.

6.3 Single-Pole Double-Throw (SPDT) Switch

RF transceivers require a SPDT switch to provide isolation between the trans-

mitter and receiver. The switch must exhibit low insertion loss to maintain high trans-

mitter efficiency and output power and low receiver noise figure to achieve a reasonable

SNR. High linearity is also important to prevent intermodulation distortion. Previously,

SPDT switches have been demonstrated using bulk CMOS processes which tend to in-

crease the signal coupling to the semi-conductive silicon substrate at millimeter-wave

bands [87–93]. In bulk processes, higher insertion loss and lower isolation is found as

a result of resistive coupling through the substrate. CMOS SOI processes improve the

insertion loss and isolation of millimeter-wave SPDT switches [83].

Shown in Fig. 6.8 are four different topologies for SPDT switches, which switch

between port 1 and ports 2 and 3. The switches consist of NFETs with aspect ratio of

40 μm / 45 nm. The return loss of each design is simulated to be better than 25 dB. The

λ/4 transmission line in the shunt-shunt switch creates an open circuit at the common

node when the shunt FET is biased at triode, which limits the bandwidth of the switch.

On the other hand, the series-shunt switch is more broadband and offers more

compact layout. However, neither the series-shunt and shunt-shunt switches tend to

offer as much isolation as the series-shunt cascaded switches offer (> 60dB) however

the additional series FETs degrades the insertion loss. A comparison of the insertion
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Figure 6.8: Various SPDT circuit architectures.

loss and isolation for each type of switch is shown in Fig. 6.9. The series-shunt switch

offers the lowest insertion loss and highest bandwidth with acceptable isolation.

Figure 6.9: Comparison of insertion loss and isolation for various SPDT circuit

architectures.

Signal paths degrading the insertion loss and isolation of the series-shunt switch

are shown in Fig. 6.10. The insertion loss degrades due to the undesirable signal paths,

i.e. path 1, path 2 and path 3. Path 1 occurs due the capacitance between drain and

source, i.e. the series combination of the gate-source, Cgs, and gate-drain capacitor,

Cgd, of the series transistor. Path 3 occurs because of series capacitance between the
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source junction capacitance, Cjs, and drain junction capacitance, Cjd. Path 2 is through

the channel resistance and should dominate over paths 1 and 3. Similarly, the isolation

degrades due to signal paths 4-6 as shown in Fig. 6.10. Path 4 is analogous to Path 1 for

the series on device and path 5 is similar to path 3. However, path 6 crosses the BOX,

CjSTI , transits through the substrate resistance, Rsubh, and returns through CjSTI .

Figure 6.10: Small-signal circuit model describing the paths that degrade the insertion

loss and isolation of the series-shunt switch.

6.3.1 Circuit Design

Fig. 6.11 (a) shows the implemented switch schematic based on a combination of

two series-shunt SPST circuits with input and output matching networks. EM simulation

models series inductors at ports 1, 2, and 3 to isolate the parasitic capacitance as shown

in Fig. 6.11 (a). The capacitance at the common node is matched using a wideband

CP -L1-C1 circuit, where L1 = 198 pH and C1 = 52 fF. The output matching circuit is

implemented using a series 115 pH inductor.

The insertion loss and isolation are plotted as a function of the FET width, WT

as shown in Fig. 6.11 (b). The insertion loss is mostly dependent on the size of the series

FET, M1. As WT increases, the parasitic capacitance also increases the capacitive cou-

pling to the substrate and eventually results in unacceptable signal loss. M1 is chosen as

70 μm with 30 fingers for a minimum insertion loss of 1.7 dB at 45 GHz. Next, the shunt

size is chosen based on the required isolation. The isolation improves with a wider shunt

FET, however, the required shunt inductor to resonate out the equivalent capacitance of

the FET in the off-state also increases at the expense of self-resonant frequency. A FET
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Figure 6.11: (a) The schematic of the SPDT switch with the associated spiral induc-

tors/passives simulated with EM. (b) Optimization for series and shunt transistor width.

width of 50 μm (25 fingers) is chosen for an isolation of 25 dB as shown in Fig. 6.11

(a) and maintains more than 60 GHz of bandwidth.

The gate biasing resistor is an important parameter for determining the equiv-

alent parasitics, switching speed, linearity, and insertion loss. The switching time is

improved using a smaller value gate biasing resistor at the expense of a slight increase

in loss as shown in Fig. 6.12. The switching speed of the SPDT switch is determined by

the gate biasing resistor and the junction capacitance at the gate. The simulated switch-

ing time at 45 GHz is around 300 ps when Rgate is chosen as 6 kΩ as shown in Fig.

6.12. The power handling is also influenced by the choice of Rgate of the shunt FET. As

is illustrated in Fig. 6.12, the one-dB compression is better than 7 dBm for Rgate over 1

kΩ.

Figure 6.12: Effect of bias resistance on linearity, ins. loss and switching time.
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6.3.2 Measurements

The SPDT switch is fabricated in a 45-nm SOI CMOS process and the chip

microphotograph is shown in Fig. 6.13. The switch active area is 0.18 mm x 0.22 mm

(0.04 mm2), not including the pads.

Figure 6.13: The chip microphotograph of the SPDT switch

S-parameter measurements were performed to 60 GHz using the 67 GHz Agilent

E8361A PNA and 60 GHz RF probes. The SPDT results in an insertion loss of 1.7 dB

at 45 GHz and less than 2.5 dB at 60 GHz with excellent input and output match as

illustrated in Fig. 6.14 (a-b). The measured insertion loss and reflection coefficient are

nearly identical for port 2 and port 3, showing the symmetry of the layout, and agreement

with simulations. The measured isolation between the two output ports is better than 25

dB at 45 GHz as shown in Fig. 6.15 (a) and agrees with simulations. Fig. 6.15 (a) also

compiles the measured insertion loss and isolation as a function of the control voltage

at 45 GHz. The insertion loss and isolation changes 0.2 dB and 2 dB, respectively when
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gate control voltage is varied from 0.9 V to 2.1 V.

Figure 6.14: Measured (solid) and simulated (dashed) (a) insertion loss and (b) return

losses.

Figure 6.15: Measured (a) isolation and (b) output-input power characteristics of the

SPDT switch.

The power handling capability was measured at 45 GHz using an Agilent E8257D

signal source, an Agilent V8486A V-band power sensor and the results are also con-

firmed with the Agilent E4448A spectrum analyzer. As seen in Fig. 6.15 (b), the switch

results in a P1dB of 7.1 dBm and an IIP3 of 18.2 dBm at 45 GHz. Table 6.1 presents the

comparison of the 45-nm SOI SPDT switch design with other reported mm-wave SPDT

switches indicating that this design offers similar bandwidth and lowest insertion loss

compared to those implemented in bulk CMOS technologies.
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6.4 In-Phase/Quadrature Passive Mixer

An in-phase/quadrature (I/Q) mixer realize the highest linearity using passive

(resistive) mixers as well as eliminating the 1/f noise contribution. The primary draw-

back of the passive mixer is high conversion loss. However, the FET channel resistance

improves with device scaling and both resistive mixer conversion loss and noise figure

improve due to the FET scaling, consequently.

Double-balanced mixers generally help eliminate the LO-to-RF and LO-to-IF

feedthrough. Additionally, the double-balanced passive mixer is inherently bidirectional

allowing the I/Q mixer to be used for both up-conversion and down-conversion. With

the aim of reducing size and cost of the beamforming systems, a bidirectional amplifier

and phase shifter is recently reported [35,76]. Sharing components between the transmit

and receive paths greatly simplifies the implementation of phased arrays.

A simplified schematic and equivalent circuit of the balanced resistive ring mixer

is presented in Fig. 6.16. When the gate voltage bias is below the threshold voltage, the

switch is off and the channel resistance is high with a set of parasitic capacitances in

parallel modeled as the impedance Zoff . When the switch is on, the impedance Zon

from is dominated by the channel resistance, Rch, as presented in Section 6.3.

Figure 6.16: The model of the core of the double balanced mixer.

The bandwidth of the resistive mixer is basically controlled by the Zon and the

capacitance associated with it. Increasing the device size decreases the RF bandwidth

because of the larger capacitance. On the other hand, decreasing the device size would

be detrimental to the conversion loss. The ideal conversion loss of the double-balanced

passive mixer is 3.9 dB neglecting many parasitic effects that affect the real transis-
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tor and the interconnection networks. In the presence of finite channel resistance, the

conversion gain is

Gc = 20 log10

(
2

π

(
ZL

ZL + Zon ‖ Zoff

− ZL

ZL + Zoff

.

))
(6.6)

A trade-off also exists between linearity, conversion loss, and matching. Wider FETs

provide lower on-resistance, which improves conversion loss. However, increasing the

FET width increases parasitic capacitance and contributes to worse linearity, port-to-port

isolation and the requirement for higher LO power.

6.4.1 Circuit Design

The schematic of the quadrature mixer is illustrated in Fig. 6.17 along with the

layout for inductors, baluns, and transmission lines.

Figure 6.17: Circuit schematic of the I/Q passive resistive ring mixer and illustrating

the associated passive models.

The LO signal of the mixer is used to pump the channel resistance of the FET. To

reduce the conversion loss for moderate LO power, the gates of the mixing transistors,
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M1 - M4, are biased near the threshold voltage with on-chip biasing. The transistor bias

condition is crucial for mixer conversion gain and return losses of the RF and LO ports.

The RF, IF and LO bias voltage should be set correctly to minimize the conversion loss.

As shown in Fig. 6.17, the DC path at the drain, source and gate has been realized with

resistors R1, R2 and R3 of 6KΩ. Ten DC pads are placed in the final circuit to tune the

passive mixer for minimum conversion loss, I/Q gain and phase mismatch and return

losses.

The conversion loss contours is simulated with RF (IF) and LO bias voltage as

shown in Fig. 6.18 (a). The minimum conversion loss occurs when difference in the DC

bias across the LO and RF (IF) ports is set to 0.3 V, roughly the threshold of the floating

body NFET.

Figure 6.18: (a) Simulated conversion loss contours. (b) Simulated conversion loss I/Q

mismatch contours.

Fig. 6.18 (b) shows that minimum conversion gain mismatch occurs when dif-

ference in the DC bias across the LO and RF (IF) ports is set to 0.35 V and the respective

DC bias is kept same both for in-phase and quadrature mixers.

Differential Generation

Single-ended to differential conversion is provided at the RF and LO ports of the

mixer with a passive balun. The IF port is differential to allow homodyne mixing. The

IF signals are fed to the pads through CPW-line from the center of the chip. The passive
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balun is shown in Fig. 6.19 (a). The minimum imbalance is achieved when port 1 and

port 2 or 3 are oriented to the west and east, respectively. For a balun with a primary

or a secondary inductor with more than one turn, a gain and phase imbalance cannot be

avoided [55].

The spiral balun has a one-turn primary square inductor, built using the top metal

layer LB, and the secondary coil composed of stacked UB and UA metals as shown

in Fig. 6.19 (a). The grounded nodes are connected to the UB layer through vias.

The magnetic coupling occurs vertically between the primary and secondary coil. The

distance to the ground plane is 17 μm on each side and the trace width is 5 μm. The

thickness between the metal layers LB and UB is 3.3 μm and determines the resonant

frequency of the balun. The core balun has a size of 5 μm and 56 μm and has a resonant

frequency of 128 GHz for 3 ports terminated into 50 Ω. The frequency response of the

balun for RF and LO ports including the matching capacitor is shown in Fig. 6.19 (a).

The balun has a gain imbalance of 0.3 dB and a phase imbalance of 1.5° at 45 GHz.

Figure 6.19: (a) Illustration of the balun amplitude/phase imbalance (b) In-phase /

quadrature output signals of the polyphase filter.

Quadrature Generation

Quadrature LO generation is based on a RC polyphase filter, which is satisfac-

tory for the bandwidth required in this application. There are basically two options for

I/Q signal generation. The RC filter can be designed for accurate amplitude balance
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over a wideband, but the correct quadrature phase relationship occurs only at the cen-

ter frequency. Alternatively, the phase relationship can be wideband at the expense of

amplitude balance.

Final optimization of the polyphase filter component values and physical size

was based on simulations of the extracted layout as illustrated in Fig. 6.19 (b). The

filter resistor values are chosen to be R1 = 50 Ω (two p+ doped polysilicon resistors in

parallel), leading to a required capacitor of C1 = 70 fF (vertical natural capacitors) at

the filter resonance frequency fPPF = 1/2πRC = 45 GHz. With increasing frequency

additional effects have to be considered such as parasitic capacitances of the filter resis-

tors, the interconnect inductance and the finite Q of the filter capacitors. The simulated

transfer loss due to polyphase filter is 3.3 dB at 45 GHz and the maximum absolute

gain variation is 0.2 dB from 40 to 50 GHz which restricts the LO signal to be rela-

tively narrowband. Multi-stage polyphase circuits remedy the situation at the expense

of additional insertion loss.

Fig. 6.19 (b) shows the phase and amplitude at the outputs of the polyphase filter.

Because of the lossy passive components, the insertion loss of the LO input network is

around 7 dB and LO power delivered to the mixer is less than 14 dBm when a LO

signal of 20 dB is applied at the LO port. To drive the mixer in the test setup, a Q-

band amplifier is placed at the LO port to generate enough LO power. To maximize

the LO swing at the outputs of the polyphase, using LO buffers is an option however

the current consumption of the LO buffers significantly contributes to the RF front-end

power budget. Therefore they are not preferred.

Matching Networks

A multistage, π network at the RF input is formed from a 88 fF shunt capacitor,

C1 at the input, the RF balun, a 32 fF differential capacitor, C2 at the balun output and

146 f F series capacitors, C3−4. Similarly the LO matching network is formed with a

60 f F shunt capacitor, C8 , the LO balun, a 70 f F differential capacitor, C7, and 268

f F series capacitors, C5−6. Resonant elements are not included for matching at the IF

output port. To attenuate the high frequency LO and RF signal, capacitors C9 and C10

have been added to the IF outputs to provide a low impedance path to ground for the
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input RF and LO signals at higher operation frequencies. Additionally, wideband on-

chip bypass networks composed of a 5 Ω polysilicon resistor in series with 0.6–2 pF

thick-oxide capacitor banks have been connected to the power supply lines to clean the

DC voltages.

6.4.2 Measurements

The chip microphotograph of the passive resistive ring mixer chip is shown in

Fig. 6.20. The area excluding the RF and DC pads is 0.18 mm x 0.22 mm (~0.40 mm2).

Figure 6.20: The chip microphotograph of the mixer.

S-parameters are measured on-wafer with the Agilent E8361A network analyzer.

The RF and LO signals are provided via GGB Model 50A ground-signal-ground (GSG)

probes. The RF and LO input signals are generated by two Agilent E8257D signal

generators. The RF signal at the Q-band is downconverted to an I/Q IF with a maximum

bandwidth of 250 MHz via the LO quadrature signals generated by the polyphase filter

and the quadrature mixers. An off-chip balun is used to combine the IF differential

signals.
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The measured and simulated return losses of the LO and RF ports are shown in

Fig. 6.21. External pads for the DC biasing of LO, RF, and IF ports are placed on chip

to alter the matching of the RF and LO ports, if necessary. Fig. 6.21 shows the return

losses when VBIAS−LO and VBIAS−RF (VBIAS−IF ) are 300 mV and 0 V, respectively.

The bias is altered to improve the RF return loss. The RF matching gets better and LO

matching remains unchanged when VBIAS−LO and VBIAS−RF (VBIAS−IF ) are altered to

650 mV and 300 mV, respectively as shown in Fig. 6.21. Fig. 6.21 also shows the

sensitivity of the return losses to the LO and RF/IF bias voltages. The measured return

loss of the RF and LO port is better than 14 dB and 32 dB at 45 GHz.

Figure 6.21: Measured (solid) and simulated (dashed) RF/LO/IF port return loss with

various voltage control

The simulation and measurement of conversion gain versus LO input power is

presented in Fig. 6.22. Measurement and simulations show that LO power of 10 dBm is

sufficient to achieve within 1 dB of the minimum conversion loss.

As illustrated in Fig. 6.23 (a), when the LO frequency is fixed at 43.4 GHz, the

conversion gain versus IF frequency is measured while the RF frequency is varied from
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Figure 6.22: Measured (solid) and simulated (dashed) conversion loss versus LO power.

43.4 GHz to 43.65 GHz. Measurement and simulations show that the gain and phase

imbalance increases, when the IF frequency is increased. To determine the gain and

phase imbalance, the IF frequency is fixed at 200 MHz and the RF frequency is varied

from 40 to 50 GHz and LO frequency is varied from 39.8 to 49.8 GHz as both the I and

the Q signals are down-converted. The conversion gain and gain/phase mismatch of the

I/Q path is shown in Fig. 6.23 (b). The I/Q balance is measured by comparing the IF

using the Agilent DSO80604B oscilloscope. The peak conversion loss of one channel

is 8.35 dB when the LO and RF frequency is fixed at 43.4 GHz and 43.6 GHz. The

minimum gain and minimum phase imbalance of 2° occurs at 43.5 GHz and 45 GHz,

respectively.

Small gain and phase imbalances are compensated by independently altering the

ten DC voltage biases of the in-phase and quadrature mixers without significant impact

on the conversion gain of the mixer. Fig. 6.24 (a) shows that zero loss imbalance occurs

when the difference in the DC bias across the LO and RF (IF) ports of the I and Q mixers

is set respectively to 0.35 V and 0.31 V. However phase imbalance degrades and further

optimization provides the minimum I/Q gain and phase imbalance at the same time and

is found as 0.25 dB and 1.9°, respectively.
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Figure 6.23: (a) Measured (solid) and simulated (dashed) conversion loss and gain and

phase imbalance with fixed LO frequency. (b) Measured (solid) and simulated (dashed)

conversion gain/phase imbalance of the mixer with fixed IF frequency of 200 MHz.

As shown in Fig. 6.24 (b), the power handling capability was measured using an

Agilent E8257D signal source, an Agilent V8486A V-band power sensor and the results

are also confirmed with the Agilent E4448A spectrum analyzer.

Figure 6.24: (a) Measured conversion loss I/Q mismatch contours with independent

in-phase DC biases, VBIAS−LO,RF,IF , and quadrature DC biases, VBIAS−LO,RF,IF . (b)

Measured (solid) and simulated (dashed) input-output power characteristics and associ-

ated set-up.

The RF and LO frequency are 43.3 GHz and 43.1 GHz, respectively. The mixer

results in a gain compression point (P1dB) of 4.5 dBm at 43.3 GHz as shown in Fig.

6.24 (b). Finally, the third-order intermodulation products are measured at two tones

at 43.20 GHz and 43.22 GHz (spaced by 20 MHz). The extrapolated intermodulation
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intercept point (IIP3) is +15.5 dBm as illustrated in Fig. 6.24 (b).

The isolation between the ports LO-RF and RF-LO is simulated and measured.

LO suppression at RF (LO-RF isolation) is simulated and measured as 66.5 dB and 49

dB. The measured port-to-port isolation at LO port for the RF feed through is better

than 65 dB at the center frequency of 44 GHz. The LO-IF and RF-IF isolation is not

measured due to the probe limitations mentioned before. The LO-IF and RF-IF isolation

is simulated and found as 68 dB and 48 dB, respectively.

Table 6.2 presents a comparison of reported mm-wave mixers. Most prior work

does not provide results discussing gain and phase mismatch. In this table, wideband

performance mixers are presented by [99–101]. Ref. [101] provides very wide operation

bandwidth and good conversion efficiency, however LO-RF isolation is poor due to the

distributed structure of the mixer. Good performance passive mixers in SOI is demon-

strated in [79, 81]. A compact mixer compared to the previously reported star mixers,

which is due to the novel balun structures is proposed in [102–104]. This design is the

first millimeter-wave I/Q passive mixer in SOI and offers very low insertion loss and

high LO-RF isolation at satellite bands.
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6.5 Low Noise Amplifier

At millimeter-wave bands, III-V devices tend to offer excellent low-noise behav-

ior. However, CMOS technology scaling tends to increase NFET fT and improve the

sensitivity of CMOS LNAs. Q-band LNAs have been demonstrated using 130 nm, 90

nm, and 65 nm CMOS processes [78, 106–110]. A source resistance RS is matched to

the LNA with a combination of inductive source degeneration and gate inductance. At

a center frequency fo, the conventional common-source LNA has a noise factor defined

by

F = 1 +
2πfoLg1

RSQg1

+
rg
RS

+ γgdoRS

(
fo
fT

)2

(6.7)

where Qg1 is the quality factor of the gate inductance Lg1, rg is the gate resistance, γ is

the short channel excess noise factor, and gdo is the channel conductance. Degradation

of the F arises from the lower quality factor of the gate inductor Qg1 and the low ratio

of the center frequency fo to fT . The 45-nm SOI CMOS process offers a higher fT but

Qg1 is slightly lower relative to the transistor improvement.

The minimum noise factor and fT for the common source and cascode devices

is simulated for the 45-nm SOI CMOS process as shown in Fig. 6.25 (a). The gate

resistance strongly depends on the FET layout due to the thin metallization. Addition-

ally, metal-metal and metal-poly parasitic capacitances reduce the actual fT and fmax.

The fmax of the native model drops significantly from a predicted value of roughly 480

GHz. For example, a cascode structure reduces fT from 200 GHz to 140 GHz once

the interconnect parasitics are taken into account. Accurate modeling of rg is critical

for FET gain and stability. All of the metal and polysilicon layers at the FET gate and

drain are extracted up to M2 using an RC parasitic extraction tool [111]. The source

is extracted up to the surrounding M1 ground plane. Several blocks of stacked vias are

used to connect the top level grounds (LB and B3 layers).

The minimum noise figure for the cascode structure is predicted to be around 0.9

dB. When the circuit model considers extraction, the optimum drain current density for

minimum noise factor of the cascode stays the same and is around 0.21 mA/μm. The

peak fT for the cascode structure occurs for a device current density of 0.65 mA/μm.

Notably, the fT at the drain current density for minimum noise factor is 120 GHz - about
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15% lower than the peak fT as shown in Fig. 6.25 (a).

Figure 6.25: (a) The optimum drain current density for minimum noise factor and gain

with fT degradation curves. (b) Simultaneous noise and power matching illustrated on

Smith chart.

6.5.1 Circuit Design

The Q-band LNA is a two-stage cascode design and is shown in Fig. 6.26.

To improve the gain and isolation, the cascode is used for each stage and does not

substantially degrade the noise figure. The geometry of the first stage common source

device, M1 , is chosen to provide simultaneous impedance and noise matching as shown

in Fig. 6.25 (b).

First, a FET width of 40 μm is chosen to allow simultaneous impedance and

noise matching. Next, the number of FET fingers is chosen to set the real part of the

optimum noise impedance to the source impedance at 45 GHz. The drain current and

gate voltage that minimizes the noise figure is 8 mA and 570 mV for a 40 μm wide

device split between 32 fingers, where each finger has a current density of 0.2 mA/μm.

A shorted stub is used at the source of the first-stage FET and acts as a degeneration

inductor and increases the real part of the impedance seen at the gate. By adding the

source inductance Ls1 , the real part of the input impedance is transformed to Rs =

rg+ωTLs1 , where rg is the gate resistance and a wideband input impedance is achieved

when combined with the low-Q matching sections at the input S11 < -20 dB at 40–60
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Figure 6.26: Schematic of the two-stage low noise amplifier and the associated passives.

GHz. The source degeneration increases the input resistance of the device according

to ωTLs1. The reactive part of the input matching is provided with the gate inductor

Lg1 according to ωo (Lg1 + Ls1)=(ωoCgs1)
−1

. Γopt at the input of the first stage moves

toward the 50 Ω-region on the Smith chart with the gate inductor Lg1 and results in a

simultaneous gain and noise figure match.

For the chosen width of M1, the gate capacitance is determined to be Cg,1 = 34

fF and suggests that the total inductance of Lg1 and Ls1 should be around 375 pH at

45 GHz. Larger source degeneration inductors also improve the amplifier linearity. To

achieve high quality factor, the source degeneration inductors are implemented with

grounded CPW lines that are 8 μm wide and spaced 13 μm from the side shield. The

CPW line has a loss of 1.2 dB/mm and a Q of 15 at 40–50 GHz.

The second stage consumes 11 mA. The device size and current density for the

second stage transistor is 40x1.25 μm and 0.25 mA/μm for high output power, respec-

tively. The output capacitance and the output inductance is respectively Cd,2 = 34fF

and Lg1 = 183pH .

Wideband on-chip bypass networks, composed of a 5 Ω polysilicon resistor in

series with 0.6–2 pF thick oxide capacitor banks, are implemented and connected to the



124

power supply lines to prevent any oscillations. Also, a 2 Ω resistor is placed in series

with the second stage drain matching inductor to further improve the stability. The gate

biasing is done by using 5 kΩ resistors.

6.5.2 Measurements

The chip microphotograph of the LNA is shown in Fig. 6.27. The area including

the RF and DC pads is 0.6 mm x 0.58 mm (0.35 mm2) and 0.14mm2 without the pads.

The two-stage LNA draws 19 mA from 1.2 V supply voltage. The power consumption

including the biasing is 25 mW.

Figure 6.27: The chip microphotograph of Q-band LNA.

The LNA S-parameters are probed with the Agilent E8364B network analyzer

using SOLT calibration to the probe tips and is plotted in Fig. 6.28 (a). Measurement

over 2 different chips shows stable performances over process variations. The measured

peak gain is 18.5 dB and the measured input and output return losses are better than 15

dB at 48 GHz. The 3-dB bandwidth is 10 GHz from 43 to 53 GHz. The measured gain

is greater than 10 dB and the input return loss is greater than 6 dB between 40 and 60
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GHz. When simulation and measurement results are compared, the peak gain shifts by

10% (4 GHz) presumably due to the mismodeled drain inductance of the first stage.

The noise figure of the LNA is measured using Agilent 346CK01 noise source,

Agilent E4448A spectrum analyzer and a Q-band preamplifier. The noise figure is mea-

sured from 40 to 50 GHz since the noise source and preamplifier operates up to 50 GHz.

As shown in Fig. 6.28 (b), the minimum noise figure is 2.9 dB at 47 GHz but remains

under 4 dB over the 40 to 50 GHz band.

Figure 6.28: Measured (solid) and simulated (dashed) (a) gain, return loss and (b) noise

figure.

The large signal measurements of the LNA are illustrated in Fig. 6.29. The mea-

Figure 6.29: Input-output power characteristics of the LNA and associated test set-up.
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sured 1 dB gain compression point (P1dB) at 48 GHz is -14.5 dBm and 3 dBm at the

input and output ports, respectively. Finally, the third-order intermodulation products

are measured at two tones at 48 GHz spaced by 50 MHz. The extrapolated intermod-

ulation intercept point (IIP3) is -3 dBm and +15.5 dBm at the input and output ports.

Large signal measurements verify a saturated power of 7 dBm. Fig. 6.29 also shows the

test set-up for the large-signal measurements. Careful and repeatable calibration of test

setup losses is necessary for accurate power measurement. The large-signal characteri-

zation is made using an Agilent E8257D spectrum analyzer and Agilent E4419B power

meter with 8486A power sensor. The spectrum analyzer is used to observe potential

oscillations under large-signal conditions. An Agilent 10-dB directional coupler (AG

87301) at the input is used to sense the input. To ensure the circuit is not exhibiting any

oscillation, another 10-dB directional coupler is used at the output node to feed an Ag-

ilent E8257D power spectrum analyzer (PSA). Probe losses are calibrated from a CS-5

calibration substrate at 0.4 dB at 45 GHz.

Table 6.3 presents a summary of Q-band CMOS amplifiers. It is seen that the

45-nm SOI CMOS technology results in the lowest NF, highest FOM and high linearity,

gain and saturated output power values and best figure of merit in silicon technologies.

Compared to the 90 nm SOI process, the proposed LNA doubles the FOM at a similar

frequency of operation and is comparable with the best SiGe results.
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6.6 Conclusion

This chapter presents the design and the measurement of millimeter-wave inte-

grated circuits implemented in a 45-nm CMOS silicon-on-insulator (SOI) process. The

technology provides higher ft than other CMOS processes and allows the substrate iso-

lation, therefore 45-nm CMOS is an excellent candidate for millimeter-wave low-noise

amplifiers and passive circuits - SPDT switches and ring mixers. Electromagnetic sim-

ulations were extensively used to model the high frequency behavior of any passive

components such as the conventional CPW-line, grounded stubs, inductors, and baluns.

First, a single pole double throw (SPDT) switch demonstrates a measured insertion loss

of less than 1.7 dB at 45 GHz and IIP3 of 18.2 dBm. Second, a double-balanced pas-

sive I/Q mixer exhibits a conversion loss of 8.35 dB at 44 GHz and IIP3 of 15.5 dBm.

At a fixed IF of 200 MHz, the minimum I/Q gain and phase imbalance is 0.25 dB and

1.9°. Finally, a low noise amplifier (LNA) is designed with simultaneous noise and in-

put power matching and shows a noise figure of 2.9 dB at 47 GHz. The output P 1dB

compression power is 3 dBm.
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Chapter 7

Second Generation, Future Research

and Summary

This dissertation presented several new architectures and integrated circuits in

silicon processes for the realization of low cost and low power wireless beamforming

transceivers for pedestrian detection imaging radar systems. The bidirectional beam-

forming and analog signal processing circuits and architectures presented exploit the

benefits of silicon integration to ease the area and power requirements of radar systems

and enhance their functionality. Multiple-antenna transceivers integrated with these sub-

systems and circuits will play a key role in the success of emerging commercial radar

applications such as pedestrian detection, indoor/outdoor surveillance, automotive radar

and millimeter-wave imaging.

This chapter concludes the dissertation by presenting the second generation PCR

chip and topics for future research. Second generation baseband/analog signal process-

ing radar-on-chip is briefly presented in Section 7.1. The topics for future research are

explained in Section 7.2. The dissertation is summarized in Section 7.3. The relevant

papers and patents relevant to this dissertation are summarized in Section 7.4.

129
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7.1 Second Generation Baseband/Analog Signal Process-

ing

As described in Chapter 6, the sweep of the template signals in time is provided

via registers in the FPGA. And digitization is provided with a comparator instead of

a 4-bit analog-to-digital converter (ADC) for the sake of simplicity. For the second

generation prototype, the DLL and ADC is integrated into the circuit for the on-chip

synchronization and digitization of baseband analog signal processing system as shown

in Section 7.1 and Section 7.1, respectively. Fig. 7.1 shows the die photomicrograph of

the next generation PCR with on-chip synchronization and digitization. The use of the

FPGA is minimized owing to the on-chip synchronization and digitization. The system

is implemented in a 90-nm CMOS process. The chip has an area of 1.8 mm x 1.8 mm

(3.24mm2) including the pads.

Figure 7.1: The die photomicrograph of the next generation PCR with on-chip synchro-

nization (with DLL) and digitization (with ADC).
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7.1.1 Synchronization

Instead of using a FPGA, the timing circuit is proposed to be on-chip - a 16-phase

delay lock loop (DLL) integrated into the chip. The proposed architecture should be

adaptive to provide a wide range of range resolution achievable. Therefore the synchro-

nization circuit should have wide working range besides providing precise multi-phase

clock. That means the DLL should have wide tuning range to provide a reconfigurable

pulse width.

For low power and low complexity design, a multiplying type DLL (MDLL) is

proposed here. The output clock is designed to cover from 100MHz to 2GHz. Fig. 7.2

(a) shows the schematic of MDLL. 64 phases delay line is adopted as DLL core. With

the help of phase shifter, 16 groups of signal can be selected for edge combining and

each group generates one specific phase with desired delay. The phase shifter is realized

by 4 stages MUX21 and be configured by 4-bits control signal.

The edge combiner, shown in Fig. 7.2 (b), is also reconfigurable of X1/X2/X4

by proper setting MC <7:0>. For instance, a 500 MHz input signal can generate 2 GHz

synchronized clock when edge combiner is configured in X4 mode. A <7:0> is one

group output signal of phase shifter. After delay and XOR logic, the pulse would be

generated. With all MC signal enabled, the output signal Y would have up to 8 pulses.

A toggle latch, shown in Fig. 7.2 (c), is designed to generate final clock signal. The

output of toggle pulsed latch flips whenever a pulse input triggers it. In other words, it

is a divider by 2 but triggered by pulse input. Then 8 pulses would merge a clock signal

with 4 times of the frequency.

Compared to PLL based clock generator, multiplying type DLL is simple and

easy to be stable. It also has better performance because no jitter accumulation occurs

in the loop. The disadvantage of multiplying operation is that the merging logic works

in open loop which also brings the noise and decreases the performance. The more logic

gates are used, the worse the performance would be. So we propose a system level con-

figuration by not using the divider chain to generate low frequency multi-phase signal

and then select the outputs with different logic path. System configuration promises the

same logic path for all frequency outputs, and keep the multi-phase relation. Based on

simulation, the main loop can work from 50 MHz to 550 MHz. With the help of edge
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Figure 7.2: (a) Block diagram of the multiplying delay lock loop. (b) Schematics of the

edge combiner and (c) toggle pulsed latch and (d) pulse frequency detector (PFD) and

(e) charge pump (CP). (f) Simulation of the DLL synchronized data.

combiner, the output clock could be generated from 50 MHz to 2.2 GHz.

To avoid error locking, pulse frequency detector (PFD) is used in main loop as

shown in Fig. 7.2 (a). Fig. 7.2 (d-e) shows the schematic of PFD and charge pump (CP).

The PFD can work up to 600 MHz with 280 ps turn on time. Turn on time is to kill the

dead zone. The charge pump is a single end cascode circuit and can work between 0.4

V and 0.9 V within 5% mismatch. Current starving delay cell is used for delay line.

For better linearity, four bands are implemented by using different charge pump current.

The tuning voltage is limited between 0.4 V and 0.9 V. Two comparator can be placed

at the output of LPF to detect the working status and realize automatic band selection.

Fig. 7.2 (f) shows the synchronized barker codes. 16 phase data can be achieved

by configuring the selection logic of phase shifter. Based on the simulation, the rms jitter

is less than 1.2 ps. In the proposed architecture, 1/16 phase error in synchronization

equals 0.125N drop in voltage, where N is the length of pulse. If ADC is working at

the sub-pulse rate, 4-bits ADC would be enough to recognize the received signal and

configure the VGA to achieve desired swing through the feedback loop.
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7.1.2 Digitization

As described in Chapter 6, the comparison of the correlator output with a thresh-

old reference is realized via a differential comparator - one bit ADC. For complete char-

acterization of the analog correlator output, 4-bits up to 2 GS/s ADC is needed. For

low power design, an interpolated flash ADC is proposed here. Fig. 7.3 (a) shows

the schematic of the ADC. Resistor load type preamplifier is also used for averaging

technique as shown in Fig. 7.3 (b).

Figure 7.3: Schematic of the proposed flash ADC and (b) preamplifier and (c) latch and

(d) encoder.

Then the DNL is less than 0.25 least significant bit (LSB). Fig. 7.3 (c-d) also

shows the high speed latch and the encoder circuit proposed. In sampling phase, the

latch is reset to half supply voltage VD which promises high speed logic settling in

comparison phase. As shown in Fig. 7.4 (a), the DNL and INL is less than 0.25 LSB

based on Monte Carlo simulations. Spurious-free dynamic range (SFDR) is higher than
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24 dB over the whole Nyquist band as shown in Fig. 7.4 (b). The total power of ADC is

32 mW which can work up to 2 GS/s.

For reconfigurable system, the input clock of Flash ADC can be achieved by

passing the DLL output to multi-modus divider. The divider ratio is chosen based on

baseband adaptive control algorithm. Then the system is flexible for different pulse con-

figurations. However, if the pulse length is too long and saturate the ADC, the system

would lose the information. That is the dynamic issue described above. Therefore, we

propose the hybrid correlator which includes analog part and digital part. Analog part is

a conventional mixer and digital part is a sum operator. With the help of hybrid correla-

tor, correlation would be done in two steps. First step is doing high speed quantization

in analog domain. Then system integrates the quantized signal again in digital domain.

In circuit view, the second step is only a digital adder.

Figure 7.4: (a) Dynamic and static performance of the ADC - DNL and INL. (b) Signal-

to-noise and distortion ratio and spurious-free dynamic range of the ADC.

7.2 Topics for Future Research

The investigations that have formed this dissertation have opened up several top-

ics for future research. These topics are listed here briefly in this Section. The analysis

for the analog signal processing for PCR ignored the effects of jitter noise in the template

in the case of an on-chip clock generation, the quantization noise in the case of an on-
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chip ADC and flicker noise at the output of the correlator which are serious challenges,

especially in deep-submicron CMOS. The incorporation and analysis of the noises in

the blocks into the SNR formulation must be accomplished in the future. It was de-

termined that purely-digital signal processing is often not feasible for high-bandwidth,

high-dynamic-range applications due to the high power consumption of the high-speed

ADC that is required. Therefore, application-specific, power-efficient analog-/mixed-

signal processing techniques should be investigated that can be performed prior to con-

version to ease the ADC’s performance requirements.

7.3 Conclusion

The low cost, low power, reliable pedestrian detection sensors should be em-

bedded at several locations to sense and image the local surroundings in an intelligent

environment and be benefited in the future environment which is adaptive and respon-

sive to the objects and human beings that occupy it. The wide and low cost deployment

of pedestrian detection radar sensors is a must however deployment of them around the

car or local environment is very costly.

The dissertation proposes a radar transceiver compatible with a communication

system and combines the proprietary design techniques - bidirectional beamforming

transmission (provisional patent is being applied through UCSD) with the pulse coded

signal transmission and adaptive analog signal processing (provisional patent is being

applied through UCSD). The sub-systems and circuits achieving these functions are de-

signed and implemented to achieve low noise figure, low power consumption, high lin-

earity and high bandwidth in circuit level and provide the maximum detection distance,

good range and angle resolution for the overall system level.

Range resolution of beamforming pulse-compression radar degrades with the in-

creasing array size, therefore medium size beamforming and analog pulse compression

are used together to improve the range and angle resolution, maximum detection range,

SNR, detection probability and false alarm requirements. The specifications, maximum

and minimum range limitation, resolution limits of the beamforming pulse-compression

radar system in silicon are described. The block diagram of the proposed architecture
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is depicted. The link budget with beamforming, pulse compression, and non-coherent

integration in pulse compression radar are illustrated. Front-end and baseband signal

processing architectures and their trade-offs are illustrated. The required time-scan and

power consumption of the baseband signal processing units is illustrated.

Next, the analog signal processing system in 90nm CMOS process is demon-

strated. The baseband circuitry is designed for pulse compression radar system that

exhibits the autocorrelation properties of the polyphase codes, maximizes the sensitivity

and resolution of a pulse radar system and alleviates speed and resolution requirements

of the ADC via an analog correlator, which replaces a matched filter. The baseband cir-

cuitry includes a two-stage VGA for high dynamic range, a correlator /integrator circuit,

a comparator, and offset calibration circuits. The chip is wire-bonded on the FR4 printed

circuit board and tested with Stratix IV FPGA board to evaluate the system performance

for different polyphase codes and their parameters. The differential, 6-bit variable gain

amplifier (VGA) precedes in the system. The VGA is designed to track Friis path loss

through rapid change of the VGA gain and reduces the dynamic range on the correlator

and ADC. VGA has a gain variation of 52dB and a low group delay imbalance of 50 ps

over 64 states. The different lengths of Barker and PRN codes are given as inputs and

templates to the baseband circuitry chip to find the time of flight, monitor the correlator

output and investigate the effect of various codes on the correlation. Chapter 4 presents

the pulse compression radar baseband/analog signal processing blocks which are imple-

mented and fabricated in TSMC 90-nm process. The system exhibits the autocorrelation

properties of the polyphase codes and alleviates speed and resolution requirements of

an ADC which is demonstrated both with simulations and measurements.

Next chapter present the novel front-end circuits for low cost, low power active

and passive beamforming systems. As the first design, the first bidirectional amplifier

in silicon/ silicon-germanium is reported to date - bidirectional cascaded constructive

wave amplifier (BCCWA). This design is based on the cascaded constructive wave am-

plifier (CCWA) which uses a transmission line and an active shunt feedback circuit

which feeds current back to the input of the quarter-wave transmission line to introduce

a small amount of positive feedback to generate gain. For the BCCWA, two feedback

amplifiers decide the direction of amplification and only one feedback amplifier operates
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at a time to provide gain in either the forward and backward direction. The BCCWA is

proposed to avoid the insertion losses due to the SPDT switches and decrease the area

and power consumption. They are motivated by the requirements of scalable microwave

and millimeter-wave phased array transceivers. The W-band BCCWA, which operates

as either an LNA or PA, is designed and fabricated in a 0.13 μm SiGe BiCMOS process.

The measured amplifier has a peak gain of 16 dB at 90 GHz, a bandwidth of 14.5 GHz,

a noise figure of 11 dB and its output-referred P1dB is 1 dBm at 90 GHz. The circuit

occupies an area of 0.47 mm2, and consumes approximately 32 mA from a 2 V supply.

Therefore, it does not impose significant circuit area or power consumption to operate

as a bidirectional element and is a good candidate for the millimeter-wave (mm-wave)

front-end of the PCR system.

Next, the first phase shifter/variable gain amplifier at 94 GHz in silicon/silicon-

germanium is also reported to date. This design is also based on the cascaded construc-

tive wave amplifier. The CCWA circuit architecture loaded with varactors is used to

design a loss-compensated, varactor-loaded transmission line. The circuit can operate

both as a continuous variable gain amplifier and phase shifter one at a time. Analog

varactor control introduces a small amount of phase shift and analog feedback amplifier

control in the signal path introduces a small amount of gain shift while compensating for

the distributed varactor losses. Beamforming channels can be calibrated with this circuit

since continuous phase and amplitude control allows phase/gain shift and calibration of

the relative phase and gain errors in the channels of the beamforming systems. More

than 65◦ of continuous phase control and 7 dB gain control (with a maximum gain of 16

dB) one at a time is demonstrated with a maximum power consumption of only 36 mW

(when the feedback circuit is fully turned on).

As the third design in this chapter, although not specifically designed for the

radar system front-end, a low-power dual channel distributed amplifier (DA) is imple-

mented to reduce the number of elements in a beamforming front-end. Dual channel

DA provides isolation between amplifier channels and is proposed to replace two LNAs

at the same time. The DA is biased in moderate inversion to simultaneously obtain low

noise figure and high linearity while consuming low power. The dual-channel DA is

fabricated in a bulk 0.13μm CMOS process, achieves a forward gain of 9.6 dB and a
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P 1dB of 4.9 dBm. The chip consumes 18 mW power.

In the next chapter, mm-wave high performance front-end circuits in 45-nm SOI

CMOS process are demonstrated. The design and state-of-the-art measurement results

of mm-wave (Q-band) balanced resistive ring mixer, SPDT switch and LNA in 45-nm

SOI CMOS are presented. The technology allows the substrate isolation and provides

higher ft than other CMOS processes therefore 45-nm CMOS is an excellent candidate

for mm-wave passive circuits - SPDT switches and ring mixers - and low-noise am-

plifiers. Electromagnetic simulations are extensively used to model the high frequency

behavior of any passive components such as the conventional CPW-line, grounded stubs,

inductors, and baluns. The passive resistive I/Q ring mixer demonstrates a conversion

loss of 8.35 dB and input P 1dB of 4.5 dBm at 43.3 GHz. The gain and phase imbal-

ance of the mixer is 0.25 dB and 2°, respectively and minimized using 10 DC pads for

in-phase/quadrature paths. The record SPDT insertion loss is 1.7 dB at 45 GHz and less

than 2.5 dB at 60 GHz with an isolation of greater than 25 dB at 45 GHz. The input

P 1dB of the switch is 7.1 dBm. The LNA demonstrates a record low noise figure of 2.9

dB at 47 GHz with 18.5 dB of gain and OIP3 of 15.5dBm.

In the last chapter, the dissertation discusses the second generation baseband

/ analog signal processing - PCR with on-chip synchronization and digitization - and

presents potential topics for future research.
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