
 

 

 

 

This PDF was created from the British Library’s microfilm copy 
of the original thesis. As such the images are greyscale and no 
colour was captured. 
 
Due to the scanning process, an area greater than the page 
area is recorded and extraneous details can be captured. 
 
This is the best available copy 

IMAGING SERVICES NORTH                                          

Boston Spa, Wetherby 

West Yorkshire, LS23 7BQ 

www.bl.uk 
 



TH E UNIVERSITY O F  SUSSEX

DEVELOPMENT OF CODED MODULATION 

TECHNIQUES FOR THE MOBILE RADIO 

ENVIRONMENT

Reyat Y ilmaz

Subm itted  for the degree of D. Phil.

November, 1993



VARIABLE PRINT 
QUALITY



CO NTENTS

ABSTRACT xi

ACKNOWLEDGEMENTS xv

DECLARATION xvi

1 IN T R O D U C T IO N  1

1.1 M otivation  o f th e  p r o j e c t ............................................................................... 1

1.2 O verview  o f power and bandwidth efficient m odulation techniques 2

1.3 R esearch  o b je c t iv e s ...........................................................................................  3

1.4 A n  outline o f th e  t h e s i s ..................................................................................  5

2 C O N C E P T S  A N D  C H AR AC TER ISTIC S OF T H E  M OD ULATIO N 7

SC H EM ES

2.1 S ignal space d is ta n c e ........................................................................................  7

2.2 T h e  error p r o b a b ility ........................................................................................  9

2.3 E xp onential bound param eter R0 ..............................................................  10

2.3.1 R 0 for M -ary P S K .................................................................................. 11

2.4 Ban dw idth  and power sp e c tr u m .................................................................  13

2.5 M odulation schem es ........................................................................................  13

2.5.1 M-ary phase shift keying ( P S K ) ..................................................... 13

2.5.2 Continuous phase m odulation ( C P M ) ........................................ 14

2.5.3 Digital phase m odulation ( D P M ) .................................................  16

2.5.4 Comparison between C P M  and D P M  signals .......................  17

3 ON M O B IL E  RADIO CH AN NELS A N D  C H A N N E L  ESTIM ATO RS 19

3.1 Introduction ........................................................................................................  19

3.2 Fading in mobile radio environm ent ........................................................  20

3.2.1 Frequency selective Rayleigh fading c h a n n e l .......................... 21



3.3 C om puter generated frequency selective Rayleigh lading channel 21

3.4 O n Channel e s tim a to r s ...................................................................................  25

3.4.1 The sim ulated channel e s t im a t o r ................................................  27

3.4.2 Perform ance r e su lts .............................................................................  28

3.5 C o n clu sio n .............................................................................................................  37

4 TRELLIS CO DED M -ARY PH ASE SH IFT K EY IN G  (P SK ) CO M M U­

N IC A TIO N  SY STEM S 38

4.1 Introduction: On trellis coding m odulation (T C M ) technique . . 39

4.2 Com bining trellis codes w ith 8-PSK : TC 8 - P S K ................................  41

4.3 T C  8-PSK  signal in an ideal c h a n n e l .......................................................  42

4.3.1 A receiver structure for th e  TC 8-PSK  signal in an ideal

(m em oryless) channel with A W G N .............................................. 42

4.3.2 The BE R  performance o f  the TC 8-PSK  m odulation in

ideal channels with A W G N .............................................................  47

4.4 T C  8-PSK  signal in a  tim e invariant intersym bol interference

channel with A W G N .......................................................................................  49

4.4.1 A receiver structure using zero forcing linear feedback equaliser 52

4.4.2 A receiver structure using decision feedback equaliser . . .  59

4.4.3 A receiver structure using th e  V D F E .......................................  64

4.4.4 D escription o f  th e  r e s u l t s ................................................................. 68

4.5 T C  8-PSK  in  frequency-selective Rayleigh fading (F S R F ) channel 71

4.5.1 Channel d escrip tion .............................................................................. 71

4.5.2 A receiver structure for th e  TC  8-PSK  signal in frequency

selective Rayleigh fading c h a n n e l ................................................. 72

4.5.3 The BE R  performance o f  the TC 8-PSK  signals ..................  74

4.6 A  m odulation scheme: combining the TC  8-PSK  w ith  th e  un­

coded 4 - P S K .......................................................................................................  75

4.6.1 System  d e s c r ip t io n .............................................................................  77

4.6.2 A receiver structure for th e  hybrid T C  8 /4 -P S K  signal in

frequency selective Rayleigh fsd ing c h a n n e l .......................... 80

4.6.3 The BE R  performance o f  th is system  in a  FSRF channel . 81

4.7 Conclusion ..........................................................................................................  82

ii



5 THE A N A L Y SIS OF PARTIAL R E SPO N SE D PM  SIG N A L S A N D  A

RECEIVER S T R U C T U R E  FO R THESE SIGNALS IN  A M OBILE R A ­

DIO CH A N N E L 85

5.1 Introduction .......................................................................................................  85

5.2 Som e properties o f  th e  partial response D P M  s i g n a l s ...................  86

5.2.1 Free Euclidean distance and upper bounds on  free Eu­

clidean d i s t a n c e ....................................................................................  86

5.2.2 Pow er spectral density and b a n d w id th .......................................  102

5.3 A receiver structure for 3-SP D P M  signals in m obile radio channel 105

5.4 Perform ance studies o f  th e  s c h e m e ........................................................... 110

5.4.1 B it  error rate (B E R ) calculation .................................................  114

5.5 C o n clu sio n ..............................................................................................................  116

6 CO M BIN IN G  CONVOLUTIO NAL CODES W ITH D P M  117

6.1 Introd uction ........................................................................................................ 117

6.2 System  description ........................................................................................... 119

6.2.1 R a te  o f  1 /2  convolutional encoders with short constraint

len gth  ........................................................................................................ 119

6.2.2 M apping r u l e s ........................................................................................ 121

6.3 Finding th e  upper bounds on free Euclidean d i s t a n c e .................... 123

6.4 A n exten d ed  algorithm  to com pute th e  free Euclidean distance . 127

6.5 T he op tim al com binations o f  1 /2  rate encoder, m apping rule and

3-SP D P M  m o d u la to r ....................................................................................  133

6.5.1 T h e  optim al combinations for binary 3-SP D P M ................  133

6.5.2 T h e optim al combinations for 4-level 3-SP D P M .................... 138

6.6 The m inim um  Euclidean distance growth w ith  th e  observation

interval l e n g t h ....................................................................................................  145

6.6.1 T h e minim um  Euclidean distance growth for coded binary

3 -S P  D P M  ..............................................................................................  145

6.6.2 T h e  m inim um  Euclidean distance growth for coded 4-level

3-S P  D P M  ..............................................................................................  147

6.7 D erivation o f  th e  power and bandwidth efficiency o f  th e  coded

s y s t e m ..................................................................................................................... 155

Ui



6.8 A receiver structure for coded 3-SP D P M  signals in frequency

selective m obile radio c h a n n e l ....................................................................  161

6.9 Perform ance stu dies o f  the s c h e m e ..........................................................  162

6.9.1 B it error rate  (B E R ) calculation ................................................ 165

6.10 C o n clu sio n ..............................................................................................................  167

7 CO NC LU SIO N S A N D  FU T U R E  W O RK  170

7.1 C o n c lu s io n s ...........................................................................................................  170

7.2 Future w o r k ...........................................................................................................  175

APPENDIX

iv



LIST OF FIGURES

2.1 The signal constellation for 4-level Q A M .............................................................. 9

2.2 R 0 for M-ary PSK s ig n a ls .......................................................................................12

2.3 The block diagram of a  CPM tra n s m it te r .............................................................. 15

2.4 The block diagram of a  DPM tra n s m it te r .............................................................. 16

3.1 A typical fading signal envelope in an urban area. Source: D. PARSONS,

The mobile Radio Propagation Channel, p.110.................................................... 21

3.2 Illustration of delay spread. Source: G. CALHOUN, Digital Cellular Radio,

p.215................................................................................................................................22

3.3 Simulated Rayleigh fading signal envelope.......................................................... 24

3.4 The block diagram of a  frequency selective Rayleigh fading channel...................26

3.5 The block diagram of the adaptive a lg o r i th m ........................................................27

3.6 Adaptive channel e s t im a to r ....................................................................................29

3.7 Variation of mean-square error MSE with gradient step A, for LMS esti­

mator 2 and training sequence=15 sy m b o l.......................................................... 35

3.8 Variation of mean-square error MSE with gradient step A, for LMS esti­

mator 2 and training sequence=20 sy m b o l.............................................................. 35

3.9 Variation of mean-square error MSE with gradient step A, for LMS esti­

mator 2 and training sequence=25 sy m b o l.............................................................. 36

3.10 Comparison of channel estimators LMS 1 and LMS 2, training sequence=25

sym bol...............................................................................................................................37

4.1 General structure of TCM 8-P S K .............................................................................. 43

4.2 Set partitioning of the 8 -P S K .................................................................................... 44

4.3 An encoder modulator for the four-state 8 -P S K .................................................... 45

4.4 The trellis of the TCM 8-PSK ................................................................................. 46

4.5 TYellis diagram of Viterbi decoding ...........................................................................48

4.6 The block diagram of the transmission system for AWGN channel .................49

v



4.7 The BER performance of TC  8-PSK modulation in ideal channels with AWGN 50

4.8 The d a ta  transmission sy s te m .................................................................................51

4.9 The block diagram of the transmission system for ISI ch an n el........................... 52

4.10 Generalised equaliser a rch itectu re .......................................................................... 54

4.11 A channel m o d e l ........................................................................................................56

4.12 General structure of a  linear feedback eq u a lise r .................................................57

4.13 The to ta l transmission system using linear feedback eq u a lise r .......................60

4.14 The BER performance of TC  8-PSK in a channel with ISI using linear

feedback equaliser .................................................................................................... 61

4.15 Decision feedback equaliser .................................................................................... 63

4.16 The to ta l transmission system using decision feedback equaliser....................65

4.17 The BER performance of TC  8-PSK in a  channel with ISI using decision

feedback equaliser ........................................................................................................ 66

4.18 Viterbi decision feedback e q u a lis e r ........................................................................... 67

4.19 The to ta l transmission system using Viterbi decision feedback equaliser . . 69

4.20 The BER performance of TC  8-PSK in a  channel with ISI using Viterbi

decision feedback equaliser........................................................................................70

4.21 The BER performance of TCM  8-PSK in a  channel with ISI using three

different eq u a lise rs ........................................................................................................ 70

4.22 The receiver structure of TC  8-PSK s ig n a ls ........................................................... 73

4.23 The BER performance of T C  8-PSK scheme in a  FSRF channel (C /D  — 10

dB) .................................................................................................................................. 75

4.24 The BER performance of TC  8-PSK scheme in a  FSRF channel (C /D  =  5

dB) .................................................................................................................................. 76

4.25 The BER performance of TC  8-PSK scheme in a  FSRF channel for two

different C /D  r a t i o s ..................................................................................................... 76

4.26 General block diagram for hybrid TC 8 /4 -P S K .....................................................78

4.27 The trellis of the hybrid T C  8/4-PSK ..................................................................... 79

4.28 The BER performance of hybrid TC 8/4-PSK scheme in a FSRF channel. . 81

4.29 The BER performance comparison between TC 8-PSK and hybrid TC 8/4-

PSK in a  FSRF channel..................................................................................................82

5.1 The upper bound on for binary 3-SP DPM ................................................. 92

5.2 The upper bound on dj,,n for 4-level 3-SP DPM ................................................. 95

vi



5.3 The flowchart of the algorithm used to  find d*,jn(h) for 3-SP D P M ................. 97

5.4 The growth of Euclidean distance with observation interval length for binary

3-SP DPM .................................................................................................................99

5.5 The growth of Euclidean distance with obsevation interval length for 4-level

3-SP DPM  .................................................................................................................101

5.6 Power spectrum of binary 3-SP DPM s ig n a l ......................................................... 104

5.7 Power spectrum of 4-level 3-SP DPM s ig n a l......................................................... 104

5.8 The receiver structure of partial response DPM s ig n a ls ......................................107

5.9 Matched filter section of the partial response DPM re c e iv e r ............................ I l l

5.10 The block diagram of total simulated s y b te m ......................................................112

5.11 The discrete time model of the frequency selective Rayleigh fading channel 113

5.12 The BER performance of binary 3-SP DPM for the FSRF c h a n n e l ...... 115

5.13 The BER performance of 4-level 3-SP DPM for the FSRF c h a n n e l ......115

5.14 The power-bandwidth efficiency of binary and 4-level 3-SP DPM signals . . 116

6.1 The Block diagram of coded DPM t r a n s m i t te r ...................................................120

6.2 The (12,5)-convolutional encoder with memory length v =  3, and k = 1,

n =  2 (ra te  of 1 / 2 ) ..................................................................................................... 122

6.3 Some encoders, which are not considered................................................................124

6.4 Transforming an encoder with a 4-level mapping rule to  encoders with dif­

ferent mapping r u le s .................................................................................................. 125

6.5 A minimum distance pair: An example to find a  state and phase merge . . 128

6.6 The flowchart of the algorithm used to  find </*,,„(/») for coded 3-SP DPM . 131

6.7 Optimum ¿*,¿„(5) for coded binary 3-SP D P M .................................................. 138

6.8 Optimum d^,in(h) for coded 4-level 3-SP D P M .................................................. 140

6.9 The NSMED growth with the observation interval length. For (l,2)-encoder

combined with binary 3-SP DPM m odulator.......................................................147

6.10 The NSMED growth with the observation interval length. For (l,3)-encoder

combined with binary 3-SP DPM m odulator........................................................148

6.11 The NSMED growth with the observation interval length. For (2,l)-encoder

combined with binary 3-SP DPM m odulator........................................................148

6.12 The NSMED growth with the observation interval length. For (2,3)-encoder

combined with binary 3-SP DPM m odulator....................................................... 149

vii



6.13 The NSMED growth with the observation interval length. For (4,5)-encoder

combined with binary 3-SP DPM m odulator.......................................................151

6.14 The NSMED growth with the observation interval length. For (6,l)-encoder

combined with binary 3-SP DPM m odulator.......................................................152

6.15 The NSMED growth with the observation interval length. For (4,3)-encoder

combined with binary 3-SP DPM m odulator.......................................................152

6.16 The NSMED growth with the observation interval length. For (11,5)-

encoder combined with binary 3-SP DPM m odula to r.......................................153

6.17 The NSMED growth with the observation interval length. For (8,3)-encoder

combined with binary 3-SP DPM m odulator....................................................... 154

6.18 The NSMED growth with the observation interval length. For the combi­

nation of (3,2)-encoder, m ap# 1 and 4-level 3-SP DPM m o d u la to r .............155

6.19 The NSMED growth with the observation interval length. For the combi­

nation of (3,4)-encoder, m ap# 1 and 4-level 3-SP DPM m o d u la to r .............156

6.20 The NSMED growth with the observation interval length. For the combi­

nation of (ll,12)-encoder, m ap#  1 and 4-level 3-SP DPM modulator . . . .  156

6.21 Power-bandwidth efficiency of coded and uncoded 3-SP DPM schemes (Bi­

nary and 4 - le v e l) ......................................................................................................... 160

6.22 The block diagram of transmission section of coded partial response DPM

sig n a ls .............................................................................................................................163

6.23 Trellis diagram of Viterbi decoding for 4-level coded 3-SP D P M ................... 164

6.24 The block diagram of the total simulated system for coded D P M ................ 166

6.25 The BER performance of the combination system of (ll,12)-encoder, M ap#

1 and 4-level 3-SP DPM for the FSRF c h a n n e l .................................................167

6.26 The BER comparison between the coded ((ll,12)-encoder, M ap# 1) and

uncoded 4-level 3-SP DPM for the FSRF c h an n el...............................................168

viii



LIST OF TABLES

2.1 4-ary P S K ........................................................................................................................ 14

3.1 Two sequences with Gaussian random d is tr ib u tio n .............................................. 23

3.2 Mean-square errors given by LMS estimator 1 ........................................................31

3.3 Mean-square errors given by LMS estimator 2 ........................................................33

3.4 Optimum values of A ..................................................................................................34

3.5 Optimum LMS estimators and their MSE v a lu e s ................................................. 36

4.1 Sampled impulse responses of the telephone channel 2 ........................................53

4.2 Sampled impulse responses of the combination of the telephone channel 2

and feedforward equaliser se c t io n .............................................................................. 58

4.3 Sampled impulse responses of the feedback equaliser section ...........................58

4.4 The mapping rules for hybrid TC 8/4-PSK ...........................................................78

5.1 Upper bounds on d*,,•„(/») for uncoded binary and 4-level 3-SP DPM............ 94

5.2 d^nin and corresponding observation interval lengths for binary and 4-level

3-SP DPM ........................................................................................................................100

5.3 The normalised bandwidth (B ^Tb)  for binary and 4-level 3-SP DPM signals 106

6.1 Mapping rules for 4-level c a s e ...................................................................................122

6.2 Mapping rules which are considered for 4-level c a s e ............................................ 123

6.3 Optimal combinations of 1/2 rate encoder and binary 3-SP DPM modulator

( v = l ) ............................................................................................................................. 135

6.4 Optimal combinations of 1/2 rate encoder and binary 3-SP DPM modulator

( v = 2 ) ............................................................................................................................. 136

6.5 Optimal combinations of 1/2 rate encoder and binary 3-SP DPM modulator

( v = 3 ) .............................................................................................................................137

6.6 d*,jn(h) for uncoded binary and 4-level 3-SP DPM............................................... 141

ix



6.7 Optimal combinations of 1/2 rate encoder, mapping rule and 4-level 3-SP

DPM modulator ( v = l ) ................................................................................................ 142

6.8 Optimal combinations of 1/2 rate encoder, mapping rule and 4-level 3-SP

DPM modulator (v = 2 ) ................................................................................................ 143

6.9 Optimal combinations of 1/2 rate encoder, mapping rule and 4-level 3-SP

DPM modulator (v = 3 ) ................................................................................................ 144

6.10 The NSMED growth with the observation interval length. For (l,2)-encoder

combined with binary 3-SP DPM modulator ( v = l ) .......................................... 149

6.11 The NSMED growth with the observation interval length. For (l,2)-encoder

combined with binary 3-SP DPM modulator ( v = l ) .......................................... 150

6.12 The NSMED growth with the observation interval length for (6,1) and (4,3)-

encoders combined with binary 3-SP DPM modulator (v = 2 ) ..........................150

6.13 The NSMED growth with the observation interval length. For (4,5)-encoder

combined with binary 3-SP DPM modulator ( v = 2 ) .............................................151

6.14 The NSMED growth with the observation interval length. For (11,15)-

encoder combined with binary 3-SP DPM modulator ( v = 3 ) .......................... 153

6.15 The NSMED growth with the observation interval length. For the combi­

nation of (3,2)-encoder, m ap#  1 and 4-level 3-SP DPM modulator (v = l)  . 157

6.16 The NSMED growth with the observation interval length. For the combi­

nation of (3,4)-encoder, m ap#  1 and 4-level 3-SP DPM modulator (v=2) . 158

6.17 The NSMED growth with the observation interval length. For the combi­

nation of (ll,12)-encoder, m ap# 1 and 4-level 3-SP DPM modulator (v=3) 159

x



THE UNIVERSITY OF SUSSEX

DEVELOPMENT OF CODED MODULATION TECHNIQUES FOR THE MOBILE 

RADIO ENVIRONMENT 

Submitted for the degree of D. Phil.

November, 1993

Reyat Yilmaz

ABSTRACT

The search for improving the power efficiency is addressed in this thesis for some modula­
tion schemes in the mobile radio environment. This topic hits been the focus of attention 
for the past several years and modulation techniques such as trellis coded modulation 
(TCM ) and continuous phase modulation (CPM) with convolutional codes have evolved.

In this thesis, the advantages that can be obtained with specific coded modulations as 
compared to their uncoded cases are examined. Two kind of coding techniques, namely 
trellis coded modulation (TCM ) combined with PSK and the combination of convolutional 
coding with partial response digital phase modulation (DPM ), are examined.

While TCM undoubtedly achieves real coding gains under Gaussian noise channels, it is 
still an open question how it performs under other channel impairments. This is addressed 
in this thesis concerning time invariant intersymbol interference (ISI) and frequency se­
lective Rayleigh fading channels. The type of coding examined with PSK is the trellis 
coding. In particular, Ungerboeck’s trellis coded 8-PSK scheme (rate of 2 /3  with 4-states) 
is emphasized. To recover this kind of signal corrupted by time invariant ISI or frequency 
selective Rayleigh fading channels, receiver structures based on maximum likelihood se­
quence estimation (MLSE) are introduced. Their performances are evaluated by computer 
simulations. The results show that this detection algorithm has superior performance when 
compared with conventional hard-decision demodulation.

Partial response digital phase modulation (DPM) is a  constant amplitude modulation 
scheme with attractive spectral characteristics. Its advantages over CPM motivated a 
consideration of this modulation scheme in mobile radio transmission. In this thesis the 
case of rate 1/2 convolutional coding in partial response binary and 4-level DPM is em­
phasized. The main interest of this study is to find the best combinations of 1/2 rate 
convolutional encoder, mapping rule and partial response DPM modulator (binary and 
4-level) for given memory length and modulation index. The error probability of a  system, 
in an additive white Gaussian noise channel, is a  function of the free squared Euclidean 
distance d*,in. Since the error probability decreases with the increase of the combi­
nations of encoder, mapping rule and modulator, which maximise d*,in are investigated. 
In order to validate the outcomes of the results, the computer simulation of the whole 
transmission system is performed. Receiver structures are proposed and presented to re­
cover these coded signals under the frequency selective Rayleigh fading channel.

The bit error rate (BER) performances of Trellis coded 8-PSK and coded 4-level 3-SP 
(Sine pulse) DPM schemes under frequency selective Rayleigh fading channel are evaluated 
through the use of computer simulations. It is found th at trellis coded 8-PSK provides 
a small amount of coding gain when compared with the uncoded 4-PSK, which has the 
same spectral efficiency as the coded 8-PSK. For the partial response DPM case, some 
coded schemes with the same spectral efficiencies as the uncoded ones and as some coded 
CPM schemes, but with higher power efficiencies, are presented.
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CHAPTER 1

IN T R O D U C T IO N

1.1 M o tiv a tio n  o f  t h e  p ro jec t

Digital transmission techniques of both voice and da ta  are growing quickly in importance. 

In digital transmission systems, the transmitted signals are discrete in time, amplitude, 

phase, or frequency. One advantage of this form of digital is that the impairments such 

as noise and interference introduced in the transmission medium can be corrected [72][75] 

[74] [68]. That can be achieved by coding techniques. This is one of the most primary 

advantages of digital transmission. One other advantage in digital transmission systems 

is that encryption techniques can be used to obtain privacy in communication. As far as 

implementation is concerned, digital transmission systems are attractive because of the 

rapid development of complex very large scale integrated (VLSI) circuits. This rapid de­

velopment causes the digital signal processing to become inexpensive.

Three prevailing requirements in transmission systems are to increase the transmitted 

information per unit of spectral bandwidth, to decrease the power needed for reliable 

transmission (for desirable bit error rate), and to use a  modulation technique which is 

easy to  implement. Hence, power, bandwidth and implementation efficiencies are the 

most important requirement in a modulation technique. [19][10][32] [68] [60] [13]. The 

bandwidth itself is basically the range of frequency that a  modulation scheme occupies. 

In this thesis, the bandwidth is defined as the range of frequency containing some fixed 

percentage of the total signal power. For spectrum conservation, the band occupancy of 

the chosen modulation scheme has to be small so that as many channels as possible can 

be transm itted in a given band. In addition to spectral efficiency, the modulation scheme 

should be power efficient as well. As the available transm itter power is limited or there is 

a power usage restriction, the system should be designed to use its power efficiently. It is 

also favourable for modulation schemes used in digital mobile systems to have a constant
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envelope because of the need for a  nonlinear amplifier. The constant envelope is useful 

because of the need to communicate over a  mobile channel which is corrupted by severe 

fading. Another criterion to be considered in choosing a  modulation scheme for mobile 

systems is how easily it can be implemented.

1.2 O v erv iew  o f  p ow er a n d  b an d w id th  e fficien t m o d u la tio n  tech n iq u es

In recent years, efforts have been made in the search for power- and bandwidth-efficient 

modulation techniques. Over the last ten years two different classes of coding methods 

related to  the bandwidth efficiency have been developed. One of them is the combination 

of convolutional coding with continuous phase modulation (CPM ), trellis coded CPM, 

which was proposed by Sundberg, [64] [65], Aulin [66], Anderson [77], and Wilson [70]. A 

detailed discussion about CPM will be given in Chapter2. The other one is Trellis coded 

modulation (TCM ) combined with PSK, pioneered by Ungerboeck [27] [28] [29]. The 

modulation schemes used with TCM  by Ungerboeck are M-ary PSK or M-ary Quadrature 

phase shift keying (QPSK). These are not constant envelope signals and the spectral ef­

ficiency is obtained by post filtering. A detailed discussion of trellis coded modulation is 

given in Chapter4.

Trellis-coded modulation proposed by Ungerboeck [27] [28] and studied by others [32] [33] 

[34] [40] is a combination of coding and modulation techniques for digital transmission 

over band-limited additive white Gaussian noise (AWGN) channels. Ungerboeck [27] [28] 

showed th a t TCM schemes can provide coding gains of 3-6 dB relative to  an uncoded 

scheme with the same spectral efficiency. The appropriate criterion for designing good 

TCM schemes in the AWGN channel is to maximise the free Euclidean distance [27] [28] 

[29] [30]. M-ary PSK TCM was studied by some authors [27] [28] [32] [33] [34] [40] under 

the AWGN channel. More recently, TCM has been investigated for other channels as well, 

including the Rician channel [30] [36] [38] and the Rayleigh channel [31] [35] [37] [41] [42]

Ml.

Convolutional coding combined with continuous phase modulation (CPM) has been stud­

ied by several authors i.e. the coding combined with continuous phase frequency shift

keying (CPFSK) in [66], [67] and [70] and coding with double-raised-cosine (2RC) and
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triple-raised-cosine (3RC) in [70].

1.3 R esearch  o b je c t iv e s

In this thesis, the search for improving power efficiency is addressed. The advantages that 

can be obtained with specific coded modulations as compared to  their uncoded cases are 

studied. Two kind of coding techniques are examined, namely trellis coded modulation 

(TCM) combined with PSK and the combination of convolutional coding with partial re­

sponse digital phase modulation (DPM).

For TCM, there are still open questions concerning coding gains under the intersymbol 

interference (ISI) and frequency selective Rayleigh fading channels. In this study, the 

Ungerboeck 4-state rate 2 /3  8-PSK TCM scheme is examined for time invariant ISI and 

frequency selective Rayleigh fading channels (wideband channels). The main concern is 

whether the coding gains obtained for additive white Gaussian noise channels will degrade 

or stay the same when the channel is an intersymbol interference channel or a frequency se­

lective Rayleigh fading channel. Receiver structures to recover the d a ta  corrupted in these 

channels, are presented. For a  channel with time invariant ISI, three types of equaliser 

are examined. Two of them  are known algorithms, namely the linear feedback equaliser, 

and the decision feedback equaliser. The third algorithm is the proposed algorithm which 

will be called Viterbi decision feedback equaliser (VDFE). To evaluate and compare the 

performance of these three algorithms, computer simulation is used. The simulation is 

performed for a time invariant ISI channel, namely telephone channel 2 [49]. For the 

frequency selective Rayleigh fading channel, a receiver structure which is based on the 

VDFE, is proposed and presented. The bit error rate (BER) performance of the system 

under this channel is found through computer simulations.

Since the coding gain achieved in trellis coded (TC) 8-PSK is low, searches have been 

conducted for improving this gain. A modulation scheme called Hybrid trellis-coded 8/4 

PSK presented by Sundberg [44], which is the combination of the TC  8-PSK and the un­

coded 4-PSK, has been studied under the frequency selective Rayleigh fading. The BER 

performance is also found by using computer simulations.
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Modulation schemes such as band limited M-ary PSK are usually used due to their high 

spectral and power efficiencies. However, the rf envelope of the modulated carrier is not 

constant and, if a  non-linear amplifier is used in the transmitter, the spectral side-lobes 

of the signal increase due to  the non-linear effects of the amplifier. This causes serious 

adjacent channel interference. This is unfortunate since, as far as mobile radio is con­

cerned, the available power is limited and this makes it necessary to  use a  non-linear 

amplifier. One way to  overcome this problem is to use spectrally efficient but constant 

or low-fluctuation envelope signals, such as continuous phase modulation (CPM ) [68] or 

digitally phase modulated (DPM ) signals [60] [61] [13]. Because they have phase shaping 

before or within the modulator, rather then after the modulator, their rf envelopes are 

constant and their spectral side-lobes are reduced compared to M-ary PSK. One disad­

vantage of partial response DPM, mentioned in [60], is that it has a  broader main lobe 

in the power spectrum than  partial response CPM. However, as far as implementation is 

concerned, DPM [60] [61] [13] signals have some advantages over CPM signals. This is 

because phase modulation is used instead of frequency modulation. Thus carrier recovery 

needed for coherent modulation is simpler to  implement. In demodulator, there is no need 

for the  carrier phase to  be accumulated continuously as in the case for CPM . The other 

advantage of DPM is th at it is well suited for VLSI implementation [60] [61] [13]. These 

advantages of DPM signals motivated a consideration of these signals in mobile radio en­

vironments.

In this thesis, the study was restricted to a binary and 4-level partial response DPM with 

a sine pulse (SP) and a  duration L T, known as an L-SP pulse [60], where T  is the symbol 

interval and L =  3. The scheme will be called 3-SP DPM. According to  the study in [60], 

this pulse has a good properties.

Firstly, the general properties such as free Euclidean distance (d^ in) and power spectrum 

of binary and 4-level partial response DPM systems are studied in detail. A fast algorithm 

developed by Aulin [65] for CPM system has been modified in order to evaluate the free 

Euclidean distance of binary and 4-level 3 -  S P  DPM signals.

Secondly, the effects of the coding in improving the power efficiency of partial response

DPM signals are examined. The main interest is to investigate what improvements may
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be obtained by coding. The goal is to  find schemes which are both power and bandwidth 

efficient.

The error probability of a  system, in an additive white Gaussian noise channel, is a  func­

tion of the free squared Euclidean distance d ^ in [76] [72] [73]. Since the error probability 

decreases with the increase of the combinations of encoder, mapping rule and modu­

lator, which maximise are investigated for each memory length and modulation index.

The study is carried out to show how the minimum Euclidean distances grow with the 

observation interval length for these combinations. The observation interval lengths for 

which the free Euclidean distance is reached are found for each of the best combinations. 

This length is the minimum decision depth length of the receiver.

In order to validate the outcomes of the results, computer simulation of the whole trans­

mission system is performed. Receiver structures are proposed and presented to  recover 

these coded signals under the frequency selective Rayleigh fading channel. The bit error 

rate (BER) performance of a  coded 4-level 3-SP DPM scheme under a  frequency selective 

Rayleigh fading channel is evaluated through the use of computer simulation.

1.4 A n  o u tlin e  o f  th e  th e s is

Chapter 2 describes some basic concepts of the modulation schemes. These are the  signal 

space distance, the bit error rate, exponential bound parameter R0 and the bandwidth and 

power spectrum. A brief introduction on some modulation schemes is given in the same 

Chapter. The mathematical model of the frequency selective Rayleigh fading channel used 

in this study is introduced in Chapter 3. In the same Chapter, two arrangements of a 

channel estimator are put forward based on the least-mean-square algorithm and, to find 

the accuracies of the channel estimators over a  frequency selective Rayleigh fading (FSRF) 

channel, computer simulation tests are presented. In Chapter 4, the error performances 

of the Ungerboeck’s 4-state rate 2 /3  8-PSK TCM scheme under additive white Gaus­

sian noise (AWGN), under a time invariant intersymbol interference and under frequency 

selective Rayleigh fading (FSRF) channels are evaluated through the use of computer sim­

ulations. To obtain these results, receiver structures to recover these coded signals are
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first proposed and presented. In the same chapter, a modulation scheme which combines 

the TCM 8-PSK and the uncoded 4-PSK signals is studied under the frequency selective 

Rayleigh fading channel. In Chapter 5, some properties i.e free Euclidean distance, power 

spectrum and bandwidth are studied for both binary and 4-level DPM signals. Using the 

receivers proposed, the bit error rate (BER) performances of binary and 4-level partial 

response DPM under frequency selective Rayleigh fading channel are evaluated through 

the use of computer simulation. Chapter 6 describes the principal results of this research, 

which is the combination of short constraint length, rate 1/2 convolutional coding and 

binary/4-level partial response DPM. In the same chapter, some coded schemes which are 

power and bandwidth efficient are examined under a  frequency selective Rayleigh fading 

channel, through the use of computer simulations. A conclusion is given in Chapter 7.

Part of this thesis has been presented a t the IEEE SICON/ICIE 1993 [80], and another 

part of this thesis has been accepted for presentation at the IEEE MELECON’94 [81].
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CHAPTER 2

C O N C E P T S  A N D  C H A R A C T E R IS T IC S  O F  T H E  M O D U L A T IO N  

S C H E M E S

2.1 S ignal sp a c e  d istan ce

Signals used in all communication systems can be expressed and visualised geometrically. 

By using this, the performance of many communication systems can be analysed. In fact 

many signals in communication systems are expressible in only two dimensions.

An appropriate measure of the distance between two finite energy signals 5 i(t), 5 j(t)  is [76]

d ( S M , S 2(t)) = ( jT (S i(‘> -  S ,(0)J<ft)l/J ( 2. 1)

If the signals are written in terms of the same orthonormal basis then

S iW  =  E i i .  «./♦/(<)

s>(<) =  E £ , s „ * , ( i )
( 2 . 2 )

where

for k ,l  = 1 ,2 ,...AT, and

(2.4)
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where m = 1,2, . . . M  and n =  1,2 , . . . N  and M is the modulation level, and N is the 

number of dimensions. Using equations 2.2, 2.3, equation 2.1 can be rewritten as

•¡<Si«),Si(<)> = (J tf(E tai(*»**(0  -
= ( t f t d i . f S l *  -  (2.5)

= ( E f - i lS u  -  S n ) 1)111
An important example for actual applications is the set of multilevel quadrature am­

plitude modulated (QAM) signals. In this case, there are $ i( t)  =  \/2/Tcosw ct and 

$2(0  = V 2 /T s in w ct  as orthonormal waveforms for 0 < t < T . If ^ A c are the amplitudes 

in each direction, then the 4 transmitted signals are:

Si(t) = Ac* ,(Q  +  Ac* 2(i)

=  Ac\j2 /T cosw ct  +  Acy/2 /T sinw ct

S2(t) =  Ac* ,( t )  -  Ae* a(0

=  A c\/2/Tcoawct — Acy/2 /T sinw ct

Sa(t) = - A c* t(t) + Ae* 2(t)
= —Aey/2jTcoawct  +  Acy /2 /T sinw ct

s 4(t) = - a c* , ( i ) - a c* 2(0

=  —Aes/2/Tcoswct — Acy /2 /T sinw ct

This set of signals can be represented by vectors in two dimensional signal space as

Si = [St 1 Si2]

(2.7)

51 = [Ae Ac)
52 =  (Ac — Ac]

53 = [-A e Ac)
54 = [—A e -A c )

The signal set in Equation 2.7 is plotted and shown in Fig 2.1. This coordinate represen­

tation of all the signals in the set is called the signal constellation or signal space diagram. 

If we want to calculate the distance between any two signals, Equation 2.5 can be used. 

For example the distance between the first and the third signal is:
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Figure 2.1: The signal constellation for 4-level QAM

= (E*..(Si» -  Sj*)1)1' 1
=  ((Xc -  (-y»«))1 +  )’ )■'*

=  2Ae

which is obviously true by inspection of Fig. 2.1.

2.2 T h e  error p ro b a b ility

The probability of error of a  modulation scheme is effected by the distances between the 

signals. If there is an M-ary signal set consists of the M signals S t(f), 5 j ( f ) , . . . . ,  S \i( t)  

then, since the total probability of error over the entire signal set is of interest, the prob­

ability of error can be written as

/> [ . ] - ! ; /> !«  i « m m « ) )  (2.8)
i=l

where denotes the probability that signal 5,-(f) is transmitted, and P[t | S,(f)] de­

notes the probability of error when signal 5,'(f) is transmitted. Assuming the signals to be
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équiprobable, which is the case in maximum likelihood detection [68], then the Equation 

2.8 becomes

/>M =  1/m £ > [ , |  5,(1)] (2.9)
1 =  1

To calculate the P[e\ for a signal set when it is used in additive white Gaussian noise of 

spectral density Sn( / ) ,  where

$ » ( /)  = tfo/2, -o o  < /  <  oo (2.10)

equation 2.8 can be lower bounded by [76]:

/>[<] > e r / c ( i „ („/,/5jVo) (2.11)

and, equation 2.8 can be upper bounded by [76]:

PM  < (M  -  l)e r fc (d min/y/2N o)  (2.12)

e r/c (* ) =  1 /v ^ r  j° °  exp(-«J/2)<iii (2.13)

where dmin represents the minimum distance between all pairs of signals in the  M-ary set, 

and e r/c ( .)  denotes the complementary error function.

Equations 2.11 and 2.12 show that the probability of error for any signal set is dependent 

on the minimum distance between the signals in the set.

2.3 E x p o n en tia l b o u n d  p aram eter  R 0

The exponential bound parameter or, in other words, the cutoff rate [26] [70] [63] [76] is 

an indicator of the potential performance of a modulation scheme when coding is to be 

used with it. Actually, R a gives the rates where reliable transmission is possible and gives 

an exponential to the bound error probability.
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Let S\ and 5a be two code words chosen from a  randomly selected code, then the proba­

bility th at a  maximum likelihood decoder selects S2 , when Si is transmitted, is [70] [63] 

[T«l

f t . .  -  9 (d (S i,S 1)v/ £ W (2.14)

where rf(Si,5a) is the signal space distance between signals Si and Sa, and Q(.) is the 

Gaussian error probability defined by Equation 2.15

where N is the number of dimensions and R is the desirable rate in bits/dimension, and

2.3.1 R0 for M -ary  PSK

If the signal vectors Si are transmitted with qi probabilities where t =  1 ,2 ..  .M  over the 

additive white Gaussian noise channel then,

For M-ary PSK, when the signals have the same probabilities then R 0 can be seen in Fig. 

2.3.1. An example which is given in [63] can explain the necessity of coding. Assume that 

we want to transmit two bits per waveform. The natural candidate would be 4-PSK, which 

requires Eb/N0 of 7 dB. However this figure shows that using 8-PSK, the same desirable 2 

bits per waveform can be achieved with only Ei,/N0 of 3 dB. When coding is used, 8-PSK 

can be made to transmit 2 bits/waveform. This example shows that 4 dB coding gain is 

achievable. Also, if we use 16-PSK, more coding gain is achievable.

(2.15)

R 0 specifies the exponential bound on the mean probability of error:

J>[<] < «-"<*•-*> (2.16)

Ro = -(l/A r)/< *aPa>.

= - ( l /W )/o #, (£ W (« i(S ,,f t)Vte/2JV.]) (2.17)

(2.18)
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Figure 2.2: R0 for M-ary PSK signals

12



2.4 B a n d w id th  and  pow er sp ec tru m

The bandwidth of any signal is defined as the range of frequency containing some fixed 

percentage of the total signal power. Thus the bandwidth of any signal can be evaluated 

from th e  power spectrum of the signal set. The power spectrum of a  signal set represents 

the average amount of energy a t a  given frequency. For a  stationary stochastic process 

x(t), th e  power spectrum S ( f )  can be obtained from the Fourier transform of the auto­

correlation function.

where R x(t ) is the autocorrelation function of x(t).

The bandwidth used in this thesis is defined as double-sided bandwidth which contains 

the 99 percent of the total power.

2.5 M o d u la tio n  sch em es

2.5.1 M -a r y  p h a se  sh ift k ey in g  (P S K )

Phase shift keying (PSK) involves transmitting digital information by shifting the phase 

of a carrier among several discrete values. The transmitted signal s(t) is

where i = 1 ,2 ,. ..  M , cos$i is called the in phase component I, and sin $ i  is the quadrature 

component Q.

In binary PSK case (M =2), the phase switches between 0° and 180°. Thus, the transmit­

ted signal s(t) is

In 4-ary PSK, each pair of binary digit is represented by a different transmitted phase. 

Since th ere  are four possible pairs, the signal can take on four phases during an interval.

(2.19)

a(t) = Accos[wct +  *,]

a(f) =  Accos$iCoswct -  A csin$isinw ct

• (0
Accoswet fo r  wl"  

- A ccoswet fo r  ”0”
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Input dibit Phase of 4-ary PSK signal

00 +45

01 -45

10 +135

11 -135

Table 2.1: 4-ary PSK

These phases are equally spaced so that the transm itted phases for 4-ary PSK are 90° 

apart. These are shown in Table 2.1.

2.5.2 C o n t in u o u s  p h a se  m o d u la t io n  (C P M )

The continuous phase modulation (CPM) scheme has received considerable attention as 

an efficient technique for digital transmission [62]-[70]. Its constant envelope property 

makes it insensitive to nonlinearities. CPM is a frequency modulation scheme.

The block diagram of a CPM transmitter is shown in Fig.2.3. A data source generates 

M-ary symbols a t  at rate 1/T . The symbols are shaped by a linear filter into frequency 

pulses g ( t), which are fed to a  frequency modulator. The transmitted symbol is therefore

5(1, a )  =  cos(2xfct +  * ( t, a ))  (2.20)

where f c is the carrier frequency and $ (f ,a )  is the information carrying phase which is

«((,<») =  2ir/i J 1 £  O i»(r -  kT)dr  (2.21)

where a< takes one of the values

cti ■ 7 I ,  + 3 , . . . ,  +(M  -  1) i = 0, +1, +2..., 

h is the  modulation index, and where $(<,0) is a continuous function of time t. This 

means the  frequency baseband pulse g(t) does not contain any impulses. The frequency
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2nh

Figure 2.3: The block diagram of a  CPM transmitter 

pulse g(t) is sometimes defined in terms of a phase pulse q(t) as

q(t) = J g(r)dr  -  oo <  t < oo (2.22)

It is seen th a t the  pulse of the CPM signal is formed by

$ ( t,a )  = 2*h ^  o t iq ( t- iT ); -o o  < t < oo (2.23)

A CPM system  is obtained when the frequency pulse g(t) is

g(t) =  0; t < 0, t > LT

g(t) s  0; 0 < t < L T

where L denotes the pulse duration which is measured by symbol intervals T. In the case 

of £  = 1, the  scheme is called full response; If L > 1, then it is called partial response 

CPM. CPM schemes are denoted by their phase response function or by frequency response 

function. Some of them are:
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Figure 2.4: The block diagram of a  DPM transmitter

Continuous phase frequency shift keying (CPFSK). When the modulation index h = 1/2, 

then CPFSK scheme is called Minimum shift keying (MSK). The Gaussian MSK (GMSK) 

and raised cosine with pulse length L (LRC) are also kinds of CPM schemes.

2.5.3 D ig i ta l  p h ase m o d u la tio n  (D P M )

As described above, CPM is a  frequency modulation scheme. Viewed as a  phase modula­

tion, it has pulses of infinite length. The slightly simpler digital phase modulation (DPM) 

has phase pulses with finite length and shares some of the advantages which CPM has. As 

pulse shaping is used within the modulator in DPM, rather then after the modulator, the 

rf envelope is constant as in CPM. These features are important in satellite and mobile 

communications. However, as far as implementation is concerned, DPM [60] [13] signals 

have some advantages over CPM signals. This is because the filter design is simpler and 

there is no need for the carrier phase to  be accumulated continuously as in the case for 

CPM. The o th er advantage of DPM is that it is well suited for VLSI implementation [60] 

[13].
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A DPM signal is represented as in [60]:

5(1) =  s j iE /T  eo»(to„t +  ♦ (!)) (2.24)

where T  is the  signalling interval, E  is the energy per symbol, w0 is the carrier frequency, 

and $  is the tim e varying phase given by

* ( « £ ) =  (2.25)

where the d a ta  symbols o< €  {1, —1 ,3 ,— -  1, —(M  -  1)}, qn are the filter coef­

ficients, and r\ is the oversampling ratio, which is the integer ratio between the signalling 

interval T  and the duration D of each element in the digital filter, i.e.

V = T /D  (2.26)

The pulse used for the DPM scheme is a sine pulse (SP) with a  duration L T , known as 

an L-SP pulse [60]. Here, we consider the partial response DPM scheme for L = 3 only. 

This scheme will be called 3-SP DPM. The filter coefficients can be written as in [60]

=  <€0,1....... ( / ¡ r -1 )  (2.27)

di = 0ain(r(i +  1 ) /(N  + 1 ))  » €  0 ,1 .........(N  — 1) (2.28)

0  is the constant which regulates Eq.2.28 in order to  have the desired modulation index. 

The modulation index is the maximum possible phase change during one symbol interval 

and is defined in [60] as

(M  — l)»fc st max{Q(t +  T ) — ♦(<)} (2.29)

2.5.4 C o m p a r iso n  b etw een  C P M  and D P M  sign a ls

In digital form of CPM which is called digital frequency modulation (DFM) or in any 

similar m odulation technique such as Gaussian minimum shift keying (GMSK), the carrier
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phase at any time instan t is the accumulated phase of all the previous symbols. This can 

be seen from Equation 2.30.

* ( t , a )  = 2 t h Y ^ i - L + i  -  nT ) + t h  a, (2 3Q)

In DPM, the last term  which is the phase of the sum of all previous symbols is not found. 

That gives DPM an implementation simplicity when compared to DFM or to  any similar 

modulation. The phase of DPM signal can be seen in the following equation (when rj = 1):

♦ < " 0 ) =  Y .
i=n—L—1

(2.31)
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CHAPTER 3

O N  M O B IL E  R A D IO  C H A N N E L S  A N D  C H A N N E L  E S T IM A T O R S

3.1 In tro d u ctio n

Several experimental studies agree in confirming [1][2] [10][15][16][17][19] that the statisti­

cal characteristics of the  mobile channel are well known. The techniques for simulation of 

the mobile channel behaviour are well established [1] - [9]. According to these studies, the 

signal in the mobile communication channel is affected by multipath interference which is 

caused by:

.  Reflection from a  hill, a building, a  truck, an airplane.

• The delay spread of the received signal.

• Random frequency modulation due to different Doppler shifts.

In mobile radio telephone systems, propagation takes place by multiple-path reflections. 

The received signal envelope fluctuates about the local mean with Rayleigh statistics, and 

the RF phase is uniformly distributed [1] [10] [11] [19]. In a  mobile system operating a t a 

high bit rate, the delay spread causes intersymbol interference. Hence, the communication 

channel is a  frequency selective Rayleigh fading channel (FSRF). There are many papers 

published on the modelling of mobile radio channels in urban environments[l][18]. The 

communication channel, namely a Rayleigh fading channel, based on the model introduced 

by Lee [10] is com puter simulated. Frequency selective fading is generated by including 

path delay. The intersymbol interference introduced by the channel can be suppressed by 

an adaptive equaliser. As the channel characteristics are not known and change in time, 

the equaliser should be adaptive i.e. should follow the rapid variations in the channel 

impulse response. A detailed discussion about the adaptive equaliser will be given in 

Chapter«!. A channel estimator is employed to  find the tap coefficients of the equaliser. 

Several papers have already shown that a  variety of algorithms can be used to find the
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channel impulse responses. Some of them employ the gradient algorithm [21] [23] [74], the 

least-square Lattice algorithm [22], and the fast Kalman algorithm [74] [58] [24]. In this 

thesis, two arrangements of a  channel estimator are put forward based on the least-mean- 

square algorithm [25]. They are  implemented by applying the steepest descent (gradient) 

algorithm for minimisation o f the mean square error (MSE) [74]. 8-level PSK signals are 

transmitted to  find the accuracies of the channel estimators, over a  FSRF channel. The 

results of computer simulation tests are presented.

3.2 Fading in  m o b ile  r a d io  environ m ent

In a  typical mobile radio communication the propagation between the base station and the 

mobile station is usually not (only) by a line-of-sight path, but by many paths, largely by 

way of scattering from the surfaces of the buildings or by diffraction around buildings and 

terrain. Thus, many different paths between the transmitter and receiver occur. This is 

known as multipath propagation. The radio waves arriving from different directions with 

different time delays combine vectorially at the receiver antenna. The combined signal 

level will be fluctuated w ith time, this is known as fading. The envelope of the fading 

signal contains long-term an d  short-term fading components. The long-term fading is the 

average of the fading signals, as the dotted curve shows in Fig 3.2. The terrain configura­

tion (open area, flat terrain, hilly terrain and mountain area) between the base station and 

the mobile unit cause the long-term fading [19]. This long term fading causes long-term 

variation in mean signal level. The long-term variations can be eliminated by increasing 

margins in transmitter power [20].

Short-term fading is caused by multipath reflections of a transmitted wave by houses, 

buildings, and other human-built structures, or by natural obstacles such as forest sur­

rounding a mobile unit. I t is also known as fast-fading. Whenever relative motion exists 

between the transmitter and receiver, there is a  frequency variation in the received signal 

due to the Doppler effect. T his also causes short-term fading. Since short-term fading falls 

within a statistical distribution known as Rayleigh distribution, it is also called Rayleigh 

fading. However, the deep rapid fades, in other words the short-term variations, degrade 

the communication quality. In this thesis the focus of the attention will be on the short­

term fading, i.e. Rayleigh fading.
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Figure 3.1: A typical fading signal envelope in an urban area. Source: D. PARSONS, The 

mobile Radio Propagation Channel, p.110.

3.2.1 iY eq u en cy se le c tiv e  R a y le ig h  fad in g  channel

As the transmitted signal follows several paths in the mobile radio environment, signals 

arrive at the receiver with different delays. This phenomenan can be seen in Fig. 3.2.1. 

The range of delays that the paths introduce to the signal is referred to as the multipath 

spread Tm of the channel. Frequency selective fading is closely related to the multipath 

spread (delay spread). For a  delay spread equal to zero, selective fading does not exist. 

When frequency selective fading exists in channels, the multipath spread is large enough 

that more than one transmitted symbol affects the received signal at a given instant. This 

is equivalent to time varying intersymbol interference (ISI), where the channel memory 

is defined by the delay spread. In digital systems, the degree of intersymbol interference 

depends on the transmitted bit ra te  (or symbol rate if modulation level > 4). Let us 

consider the case of Tm = l/is and the bit transmission rate of 400 kilobits per second, 

and 2-level modulation scheme. Each symbol would consume 2.5 fis which would refer to 

a symbol overlap of 40 percent.

As its name indicates, signals with different frequencies will be differently affected by this 

channel i.e.frequency selective fading also affects the frequency spectrum of the received 

signal.

3.3 C om p u ter  g en era ted  fre q u en cy  se le c tiv e  R a y le ig h  fad in g  ch an n el

The modelling of mobile radio channels is covered in a number of papers (1)[18). These 

modelling channels can be used to predict the signal transmitted in this channel. In this 

study, the simulated Rayleigh m ultipath fading channel is based on the model introduced
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Figure 3.2: Illustration of delay spread. Source: G. CALHOUN, Digital Cellular Radio, 

p.215.

by Lee [10]. The model described in [10] is used to simulate a  Rayleigh fading signal. N low- 

frequency oscillators with frequencies equal to  the Doppler shifts (2t:V/ \ ) cos(2‘Kn/N ), n = 

1 ,2 ,. ..  N ,  are used to generate signals frequency-shifted from a  carrier frequency wc. Each 

generated signal consists of real and imaginary parts, X ( t)  and y ( t) .

N=9
X ( t)  = 5 3  [Ancos(2nV/ XtcosQn) + Bnsin(2irV / \tc o s$ n) (3.1)

N=9
y ( 0 =  $ 3  [BnCos(2*V/ \ ic o s $ n) -  A nsin(2-KVI\tcosQn) (3.2)

n=l
where A„ and B n are N Gaussian random variables with zero mean and variance one, 

4»„ = 2-kti/N  , and V is the speed of the vehicle. According to [10][1], N must be greater 

than 8. In this study N is chosen to be 9. If the sampling interval, At = i,-/«, then, Jf(t) 

and Y (t)  become:

N=9
X i = 5 3  [A„cos(2jrV7AiAtco.s$„) +  Bns in (2 irV /\iA tco s$ n) (3.3)

n=l

N=9
Yi = ^r,[B nco s(2 xV /\iA tco sQ n) -  A nsin (2 irV /\i& tcos$n) (3.4)

22



PAGE(S) MISSING 
NOT AVAILABLE



Figure 3.3: Simulated Rayleigh fading signal envelope

A t the specific transmission rate and the given delay spread, any signal is assumed to be 

effected by three subsequent ones. Thus, the impulse response of the channel is expressed 

by the four ray model:

A(*r.) = «.e»*1 i(*T .) + »,«>*■ i ( t r .  -  r) + <>,«>*• t ( k T .  -  It) + o 4f>*< t ( t T .  -  3r) (3.7)

where a j ,  as, a 3 and a 4 are independent and have Rayleigh distributed amplitudes. 0\, 

02 , 03 and 04 are independent and have uniformly distributed phases on 0 to  2jt, and r  is 

the time delay between the rays. The sum of £ { a j} ,  E { a \} ,  £ { a |}  and E { a \}  is set to 

unity in the simulation so the channel has unity gain. Two different channel characteristics 

with different E { a f)  are examined. The ratio between the sequential } is denoted 

as C /D . In other words, the ratio between £ { a f}  and £{a^}, E {a \ } and £?{«§} and 

£{a§} and E {a \}  will be called C /D . Different channel characteristics will be taken to 

mean different C /D  ratios. The signal 5y(<) is m odulated by a Rayleigh envelope a i( t)  

and a uniform phase 0i(f). The first delayed signal S x ( t  — r )  is modulated by a  Rayleigh 

envelope a 3(f) and a  uniform phase i 3(f). The second delayed signal Sy(f -  2r ) ,  and the 

third S r(t -  3 r) are modulated by Rayleigh envelopes 03(f) and a 4(t) and by uniform
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phases ^ ( t )  and 0*(f) respectively. The combinations of 5 t (<), 5 r ( t  — r ) ,  5 j ( t  — 2 r)  and 

5 t (< — 3r )  account for the frequency selective fading. The o u tpu t signal of this filter is 

th en  added to a  white Gaussian noise.

In  th is  thesis the fading process is assumed to be slow enough th at the channel impulse 

response is constant over the length of a block of data. For these simulations a  block size 

of 125 da ta  bits is used. Assume that time division multiple access (TDMA) is used in this 

transmission. If the data transmission rate is 500 kb/s, then the duration of a  time-slot, 

consisting of 125 bits, will be 0.25 ms. The TDMA frame period (consisting of 8 time 

slo ts) will be 2 ms. As the time slot corresponding to a  user is sent with a  period of 2 ms 

th en , for each 2 ms, a  sample must be taken from the sim ulated Rayleigh fading signal. 

T his means the channel impulse responses change during each time slot.

T h e  samples (amplitude values) are first normalised to  have desired decibel mean and 

th en  stored in memory. As mentioned before, 750 samples were taken 2 ms apart, and an 

envelope is produced th at is 1.5 s long. This is done for each tap  as shown in Fig. 3.4.

3.4 O n C h annel e s tim a to r s

As th e  communication channel is a frequency selective Rayleigh fading channel, the inter­

symbol interference introduced by the channel can be suppressed by an adaptive equaliser. 

As th e  channel characteristics are not known and change w ith time, the equaliser should be 

adaptive i.e. it should be able to follow rapid variations in th e  channel impulse response. 

T h e  structure of the adaptive algorithm, which is going to  b e  discussed in details later, 

can be seen in Fig. 3.5. In this figure, Y represents the unknown mobile channel which 

has to  be compensated by an adaptive filter Y \ The objective of the compensation is to 

reach  the case in which X  =  Z. A channel estimator is employed to estimate the channel 

im pulse responses (CIR). It performs the identification (estim ation) by a known training 

sequence transmitted periodically at every TDMA frame. By using these (CIR)s, the tap 

coefficients of the feedforward and feedback sections of this equaliser can be found. Various 

papers have already shown that several algorithms can be used to  find the channel impulse 

responses. Amongst these are gradient, Kalman and fast Kalman algorithms. W hat they 

all have in common is th at they evaluate the difference between known or estimated refer­

ence symbols and equaliser output values, and update the coefficients by iterative feedback.
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F igure 3.4: The block diagram of a  frequency selective Rayleigh fading channel
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Y’

Adaptive algorithm section

Figure 3.5: The block diagram of the adaptive algorithm

The channel estim ators proposed in this thesis are based on the least-mean-square algo­

rithm [25]. They a re  implemented by applying the steepest descent (gradient) algorithm 

for minimisation o f  the mean square error (MSE) [74].

3.4.1 T h e  s im u la te d  channel e s tim a to r

The objective o f the  channel estimator to be presented within this section is to  obtain 

an optimum estim ate  of the channel characteristics, by using a  known training sequence. 

A channel estim ator is identical in structure to a  linear transversal equaliser. In fact, a 

channel estim ator is a  replica of the equivalent channel. The estimated tap  coefficients, 

denoted as Yn( i) ,  are adjusted recursively to minimise the MSE between the actual re­

ceived sequence an d  the output of the estimator. The simulated channel estimator using 

the Least mean square (LMS) algorithm is illustrated in Fig.3.6. The algorithm operates 

as follows. The training sequence S, is passed through a shift register. The channel tap 

gains are adjusted according to [23][24][25]
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? .( (  +  l l - K m  +  A 'M - .  (3.8)

where n =  0 ,1 . .  .L ,  and A is the gradient step size. If the value of A  is kept small, the 

effect of the additive white noise on Yn(i) will be small. On the other hand the rate of 

response of Y^(t) to  become yn(i) will be small. In other words, more iteration will be 

needed for Yn(i)  to  change to yn(t)> «n is the signal error which is:

L
t, = « , - * ,  = K, -  £  (3.9)

k=0
All training symbols 5 ,, 5 ,_ i, S ,-g are multiplied by the corresponding channel tap  gains 

ŸL(i), Ÿ i - i ( • ) , . .  >Vo(0 respectively, and then added to give the estim ate  R; of the re­

ceived symbol R{. This can be seen from equation 3.9.

Two different arrangements of the LMS estimator have been tested. These use the algo­

rithm given by equations 3.8 and 3.9 with the following modifications:

1) LMS estim ator one: At each time slot the initial values of ÿ„($) are assumed to  be zero 

(0). In o ther words, the tap coefficients of the channel estimator a t each tim e slot (at each 

step) are reset.

2) LMS estim ator two: The initial values of yn(i) &re assumed to  be the  same as the 

previous one. In o ther words, the tap coefficients of the channel estim ator are not reset 

at each time slot ( a t  each step).

3.4.2 P e r fo r m a n c e  resu lts

An extensive series of computer simulation tests have been carried o u t to  compare the 

performances of these arrangements with a  different number of training sequences over a 

frequency selective Rayleigh fading channel. An 8-level PSK signal is transm itted  over the 

frequency selective Rayleigh fading channel.

The tests are carried out for 3 different signal to noise ratios(SNR), SN R=20 dB, 30 dB 

and 40 dB, and for a  training sequence with three different numbers(amounts) of symbols,
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Figure 3.6: Adaptive channel estimator
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15, 20 and 25 symbols. The gradient values, A, between 0.10 and 0.30, are considered for 

both LMS channel estimator 1 and 2. The mean-square error (MSE) in ^ „ ( i)  is measured 

in dB, and is given by

M S E  = 10  logl0( 1 /JV £  £  |n < t)  -  (3.10)
n = l «=1

where N is the number of the transmitted symbol. In this study N is chosen to  be 100. 

Table 3.2 and Table 3.3 show the measured mean-square error for LMS estim ator 1 and 

LMS estimator 2, respectively, for given A ’s, training sequences and SNR’s.

The optimum values of gradient step size A are found and given in Table 3 .4. Each LMS 

estimator is optimised for each signal/noise ratio and for each training sequence considered 

in this study.

Figs. 3.7, 3.8 and 3.9 show the variation of MSE with gradient step size A , for the LMS 

estimator 2. As seen in these figures, a  very small value of A degrades the  performance 

because it prevents the estimator from tracking the variations in Yn(i) correctly. In other 

words, more iterations will be needed for Y„(i) to change to  Y„(»). A degradation in 

performance can also be seen when the A is very large. Another common result is that 

increasing the SNR increases the performance of the estimator, and also an  increase is 

observed in optimal gradient step sizes A. As can be seen from Table 3.4, th is  is valid for 

LMS estimator 2 w ith with three different training sequences. In fact, this is true for LMS 

estimator 1 as well. For example, for a training sequence of 15 symbols and a  SNR equal 

to 20, 30 and 40 dB, the optimal A values for LMS 1 and LMS 2 are, 0.22, 0.26, 0.28 and 

0.14, 0.20, 0.28, respectively. It is clear that, increasing the SNR will cause an  increase in 

optimal gradient step  sizes.

The results of the tests  tabulated in Tables 3.2, 3.3 and 3.5 demonstrate th a t ,  for all given 

training sequences and SNR values considered here, the LMS estimator 2 has a slightly 

better performance than the LMS estimator 1. The optimal estimators and corresponding 

mean-square errors are given in Table 3.5. Fig. 3.10 shows the performances o f two LMS 

estimators where the  training sequence is composed of 25 symbols. As seen in this figure, 

the LMS estimator 2 has 1-2 dB better MSE performance than the LMS estim ator 1, for 

fixed SNR’s.
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IVaining seq. || 20 dB | 30 dB | 40 dB

A =0.10

15 -13.739 -13.975 -14.015

20 -19.015 -19.891 -20.029

25 -22.297 -24.558 -24.920

A =0.12

15 -16.170 -16.751 -16.802

20 -21.964 -24.402 -24.800

25 -24.270 -28.910 -30.132

A =0.14

15 -18.110 -19.271 -19.337

20 -22.601 -28.413 -29.580

25 -23.798 -31.406 -34.944

A =0.16

15 -19.261 -21.058 -21.463

20 -23.076 -30.900 -33.942

25 -23.145 -32.164 -38.322

A =0.18

15 -20.138 -22.606 -23.164

20 -22.358 -31.755 -37.128

25 -22.626 -32.261 -40.380

A =0.20

15 -19.788 -23.839 -24.748

20 -21.963 -31.785 -39.430

25 -21.395 -31.699 -41.752

A =0.22

15 -20.285 -24.970 -26.222

20 -21.000 -31.048 -40.241

25 -21.513 -31.084 -40.777

(»)

Table 3.2: Mean-square errors given by LMS estimator 1

31



Training seq. || 20 dB | 30 dB | 40 dB

A =0.24

15 - 19.532 -26.069 -27.716

20 - 20.441 -30.161 -39.793

25 - 20.848 -30.572 -40.519

A =0.26

15 -19.331 -26.748 -29.333

20 -19.723 -29.597 -39.564

25 -19.655 -30.066 -39.656

A =0.28

15 -18.460 -26.557 -30.348

20 -18.796 -29.090 -38.294

25 -18.831 -29.181 -39.200

A =0.30

15 -17.899 -26.303 -30.341

20 -18.067 -28.258 -37.200

25 -18.245 -28.314 -37.971

Table 3.2b: Continued from Table 3.2a.
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Training seq. || 20 dB | 30 dB 40 dB

A =0.10

15 -21.803 -23.339 -23.547

20 -24.322 -30.158 -31.379

25 -25.578 -33.533 -36.330

A =0.12

15 -22.954 -26.543 -26.940

20 -24.631 -32.739 -36.096

25 -25.029 -34.329 -40.607

A =0.14

15 -22.956 -28.312 -29.752

20 -24.058 -33.279 -39.948

25 -24.341 -34.040 -42.593

A =0.16

15 -22.761 -30.084 -32.296

20 -23.773 33.118 41.817

25 -23.179 -32.860 -42.708

A =0.18

15 -22.139 -30.656 -33.987

20 -22.577 -32.465 -42.036

25 -22.477 -32.429 -42.212

A =0.20

15 -21.478 -30.720 -35.568

20 -21.975 -31.760 -41.553

25 -21.871 -31.492 -41.289

A =0.22

15 -21.054 -30.420 -36.867

20 | -21.026 -30.908 -40.898

25 | -21.372 -30.951 -40.756

<»)

Table 3.3: Mean-square errors given by LMS estimator 2
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1 Training seq. || 20 dB | 30 dB | 40 dB

, A =0.24

15 -20.443 -30.190 -37.222

20 -20.626 -30.230 -40.389

25 -20.345 -30.305 -40.513

A =0.26

15 -20.053 -29.236 -37.350

20 -19.547 -29.829 -39.433

25 -19.604 -29.745 -39.803

A =0.28 1

15 -18.681 -28.807 -37.361

20 -18.862 -29.206 -38.807

25 -18.970 -29.193 -39.124

A =0.30

15 -17.764 -28.089 -36.913

20 -18.042 -28.074 -38.138

25 -18.098 -28.085 -38.228

Table 3.3b: Continued from Table 3.3a.

Table 3.4: Optimum values of A
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For trading sequence-15 symbol

Figure 3.7: Variation of mean-square error MSE with gradient step A , for LMS estimator 

2 and training sequence=15 symbol

For training sequence-20  symbols

Figure 3.8: Variation of mean-square error MSE with gradient step A , for LMS estimator 

2 and training sequence=20 symbol
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For training saquanca-25  symbols

Figure 3.9: Variation of mean-square error MSE with gradient step A, for LMS estim ator 

2 and training sequence=25 symbol

In this study, the LMS estimator 2 with training sequence of 25 symbols is employed as a 

part of the receiver. A gradient step size, A, of 0.14 is chosen. The reason for choosing it 

is that when considering three given SNR’s, this size is the optimal one.

Training seq. 20 dB 30 dB 40 dB

LMS # MSE LMS # MSE LMS # MSE 1

15 2 -22.956 2 -30.720 2 -37.361 fl

20 2 -24.631 2 -33.279 2 -42.036 ||

25 2 -25.578 2 -34.329 2 -42.708 I

Table 3.5: Optimum LMS estimators and their MSE values
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Training saquence-25  symbol

Figure 3.10: Comparison of channel estimators LMS 1 and LMS 2, training sequence=25 

symbol

3.5 C on clu sion

The statistical characteristics of the mobile channel are well known. The signal in the 

mobile communication channel is affected by several factors; by m ultipath interference 

which is caused by reflection from a hill, a  building, a  truck, an airplane; by a delay 

spread of the received signal; by a  random frequency modulation due to  different Doppler 

shifts. These effects cause the received signal envelope to fluctuate about the  local mean 

with Rayleigh statistics, and the RF phase with uniform distribution. In a  mobile system 

operating a t a  high bit ra te , the delay spread causes intersymbol interference. Hence, the 

communication channel is a  frequency selective Rayleigh fading channel. A communication 

channel model has been computer simulated. The range of delays th at paths introduce 

to the signal is known as  the multipath spread of the channel. For frequency selective 

fading channels the m ultipath spread is large enough that the received signal has the 

effect of more than one transmitted symbol a t a  given instant. This has been established 

by introducing more th an  one path with independent Rayleigh distributed amplitudes 

and uniformly distributed phases. In this thesis, the impulse response of the channel has 

been expressed by the four ray model. This intersymbol interference introduced by the
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channel can be suppressed by an adaptive equaliser. As the channel characteristics are 

not known and change w ith time, the equaliser should be adaptive i.e. it should be able 

to follow the rapid variations in the channel impulse response. To find the  ta p  coefficients 

of the feedforward and feedback section of this equaliser, a channel estim ator has been 

employed. In this thesis, two arrangements of a  channel estimator based on the least- 

mean-square algorithm [25] have been proposed. They are implemented by applying the 

steepest descent (gradient) algorithm for minimisation of the mean square error (MSE). 

8-level PSK signals are transm itted to find the accuracies of the channel estimators over 

a FSRF channel. The results of computer simulation tests have been presented.
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CH A PTER 4

T R EL LIS C O D E D  M -A R Y  P H A S E  S H IF T  K E Y IN G  (P S K )  

C O M M U N IC A T IO N  S Y S T E M S

4.1 In trod u ction : O n  tre llis  co d in g  m o d u la tio n  (T C M ) t e c h n iq u e

Trellis-coded modulation (TCM ) proposed by Ungerboeck [27] [28] and studied by others 

[32] [33] [34] [40] is a  combination of coding and modulation technique for digital transmis­

sion over additive white Gaussian noise (AWGN) channels. Ungerboeck [27] [28] showed 

th a t  TCM schemes can provide coding gains of 3-6 dB relative to an uncoded scheme with 

the  same spectral efficiency.

The appropriate criterion for designing good TCM schemes in the AWGN channel is to 

maximise the free Euclidean distance [27] [28] [29] [30]. The gain is accomplished by coding 

onto an expanded signal constellation so that the free Euclidean distance is maximised. 

The Hamming distance of the code, whether measured in code bits or code symbols, is 

not directly relevant [27] [28] [30] [75].

M-ary trellis coded (TC) PSK was studied by some authors [27] [28] [32] [33] [34] [40] un­

der the AWGN channel. More recently, TCM has been investigated for other channels as 

well, including Rician channel [30] [36] [38] and Rayleigh channel [31] [35] [37] [41] [42] [43].

However, there were still open questions concerning coding guns under the tim e invariant 

intersymbol interference (ISI) and frequency selective Rayleigh fading channels. In this 

study, the Ungerboeck 4-state rate 2 /3  8-PSK TCM scheme is examined for ISI and fre­

quency selective Rayleigh fading channels. The main concern is whether the coding gains 

obtained for additive white Gaussian noise channels will degrade or stay the  same when 

the  channel is intersymbol interference or frequency selective Rayleigh fading channel.
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Since the error rate is one of the  primary measures of performance in digital transmission 

and since the computation of the  error rate as a  function of multipath parameters, filter 

characteristics, Doppler effect etc. is extremely complex, a simulation method is used to  

determine these performances. Hence, the bit error rate (BER) of each system considered 

in this study is evaluated through computer simulations.

Receiver structures, to recover the  data corrupted in these channels, are presented. For 

a channel with time invariant ISI three types of equaliser are examined. Two of them  

are the known equalisers, namely the linear feedback equaliser, and the decision feed­

back equaliser. The third equaliser is the proposed equaliser, which will be called Viterbi 

decision feedback equaliser (VD FE). To evaluate and compare the performance of these 

three algorithms, computer simulation is used. The simulation is performed for a tim e 

invariant ISI channel, namely telephone channel 2 [49]. For frequency selective Rayleigh 

fading channel (studied in Chapter 3) a receiver structure which is based on the VDFE, is 

proposed and presented. The b it error rate (BER) performance of the system under this 

channel is found through computer simulations.

Since the  coding gain achieved in TC 8-PSK is low, searches have been conducted in im ­

proving this gain. A modulation scheme called Hybrid trellis-coded 8/4 PSK presented by 

Sundberg [44], which is the combination of the TC 8-PSK and the uncoded 4-PSK, has 

been studied under the frequency selective Rayleigh fading. The BER performance is also 

found by using computer simulations.

Section 4.2 presents the system under consideration: The combination of trellis coding 

with 8-PSK. In Section 4.3 the Ungerboeck 4-state rate 2 /3  8-PSK TCM scheme in AWGN 

channels is studied. In Section 4.4, receiver structures to recover the TC 8-PSK signal, 

which is passed through a tim e invariant intersymbol interference channel, are proposed. 

The BER performances are found in the same section. A receiver structure for the T C  

8-PSK signal in frequency selective mobile radio channel is proposed and presented in 

Section 4.5. In the same section the BER performance of this system under frequency 

selective Rayleigh fading (FSRF) channel is computed. The same section discusses th e  

performance results of uncoded and coded schemes. In Section 4.6 a  modulation scheme 

which combines the TC 8-PSK and the uncoded 4-PSK signals is studied under the fre­
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quency selective Rayleigh fading channel. Meanwhile the BER performance of this system 

under the frequency selective Rayleigh fading channel is evaluated through the use of com­

puter simulation. The comparison with the others is also presented. The same section 

discusses the performance results. The chapter is summarised in Section 4.7.

4.2 C o m b in in g  tre llis  c o d e s  w ith  8-PSK : T C  8-P S K

The general structure of 8-PSK trellis coded modulation is illustrated in Fig. 4.1. As 

shown in this figure, TC 8-PSK signals are generated as follows: There sire two bits to  be 

transmitted. One of them is coded onto two bits. These two bits are used to select one of 

the 4-subsets of a  redundant 8-ary signal set. The remaining uncoded bit specifies one of 

the 2 signals in this subset (See Fig. 4.2).

The trellis codes arise from combining convolutional coding with modulation. This com­

bination is called trellis coded modulation (TCM). It is based on set partitioning. Set 

partitioning divides a signal set into smaller subsets by increasing the smallest distances 

in the subsets. Set partitioning is repeated until A, corresponding to the last subset is 

equal to the desired free Euclidean distance of TCM scheme to be designed.

The Trellis coded modulation (TCM ) scheme used in this study is the 4-state TCM 8-PSK 

scheme presented by Ungerboeck. The design of this scheme is based on the free Euclidean 

distance [26] [28] [29]. The scheme shown in Fig. 4.3 consists of a  rate 2/3 convolutional 

encoder and a  8-PSK signal m apper. The corresponding signal constellation and trellis of 

the code are shown in Fig. 4.4(a) and (b). In the 4-state 8-PSK code, the 8-signal set is 

divided first into two subsets, and then into four subsets where the free Euclidean distance 

A« =  2.

The free Euclidean distance in th e  four-state 8-PSK code is defined as [29] 

d/T„  =  M in[A 4,d /„,(l)]

where A4 is the  minimum distance between parallel transitions and d jree( 1) denotes the 

minimum distance between any two signal paths which diverge from the same state and 

remerge in another state after m ore than one transition.
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The distance between parallel transitions, A4, is equal to  2. To find the d /ree( l )  all the 

signal path pairs have to  be considered. It has been shown th at this distance is equal to 

A2 + Ai +  A ] =  A i +  A4 = 2 +  2sin(7r/8). An example to  these is the distance between 

the signal path 0-0-2 and the path 2-1-0 (see Figure 4.4). According to the equation above 

the free Euclidean distance is equal to  2. That means the free Euclidean distance for this 

scheme is the distance between the parallel transition. The free Euclidean distance corre­

sponding to the uncoded 4-PSK scheme is y/2. The probability of error can be written as 

[281

P ( 0  =  W /.„«5[<l/.-/(2»)l (4.1)

where Q(.) is the Gaussian error probability integral which is defined in Equation 2.15, 

and N free is the number of nearest neighbours signal sequences with distance d jree. For 

any state transition along any 4-state TC 8-PSK sequence transmitted, there exists just 

one nearest-neighbour signal at free distance. Now the achievable coding gain can be 

evaluated using Equation 4.1. If it is expressed in decibels, TC 8-PSK with 4-state can 

achieve 3 dB coding gain.

4.3 T C  8 -P S K  sig n a l in an id ea l channel

4.3.1 A  r e ce iv e r  s tru ctu re  fo r  th e  T C  8-P S K  sig n a l in an id eal (m e m o ­

ry le ss )  ch a n n e l w ith  A W G N

In order to decode the TC 8-PSK signal a maximum likelihood sequence estimation 

(MLSE) algorithm can be used effectively. The best known of such algorithms is the 

Viterbi algorithm [73] [72] which is used throughout this study.

Decoding is accomplished as follows: The received noisy signal is compared with the corre­

sponding components of the two possible signals (the two parallel signals) at each of the 8 

possible branches (See Fig. 4.4). The symbol closest to the received signal is determined. 

In other words, a  hard decision is made on the signal of each branch. That is why the 

parallel signals of each branch are designed to be as far from each other as possible. The 

error distances between the received signal and the four possible signals in each branch 

are compared and the signal with the smallest error distance is chosen. These signals are
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The distance between parallel transitions, A4, is equal to 2. To find the d /ree( l )  all the 

signal path pairs have to  be considered. It has been shown that this distance is equal to 

A j +  A i +  A j =  A i +  A4 =  2 +  2 sin(jt/ 8). An example to these is the distance between 

the signal path 0-0-2 and the path 2-1-0 (see Figure 4.4). According to the equation above 

the free Euclidean distance is equal to 2. That means the free Euclidean distance for this 

scheme is the distance between the parallel transition. The free Euclidean distance corre­

sponding to the uncoded 4-PSK scheme is y/2. The probability of error can be written as

|28J

P M  = H „..Q \dl t„H2o)] (4.1)

where Q(.) is the Gaussian error probability integral which is defined in Equation 2.15, 

and N free is the number of nearest neighbours signal sequences with distance d fTee- For 

any state transition along any 4-state TC 8-PSK sequence transmitted, there exists just 

one nearest-neighbour signal a t free distance. Now the achievable coding gain can be 

evaluated using Equation 4.1. If it is expressed in decibels, TC 8-PSK with 4-state can 

achieve 3 dB coding gain.

4.3 T C  8 -P S K  sig n a l in  an  ideal channel

4.3.1 A  re ce iv e r  s tr u c tu r e  for th e  T C  8 -P S K  sign al in  an id eal (m e m o ­

ry le ss )  c h a n n e l w ith  A W G N

In order to decode the  TC 8-PSK signal a maximum likelihood sequence estimation 

(MLSE) algorithm can be used effectively. The best known of such algorithms is the 

Viterbi algorithm [73] [72] which is used throughout this study.

Decoding is accomplished as follows: The received noisy signal is compared with the corre­

sponding components of the two possible signals (the two parallel signals) at each of the 8 

possible branches (See Fig. 4.4). The symbol closest to  the received signal is determined. 

In other words, a hard decision is made on the signal of each branch. That is why the 

parallel signals of each branch are designed to be as far from each other as possible. The 

error distances between the received signal and the four possible signals in each branch 

are compared and the  signal with the smallest error distance is chosen. These signals are
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Figure 4.1: General structure of TCM 8-PSK
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Figure 4.2: Set partitioning of the 8-PSK



Figure 4.3: An encoder modulator for the four-state 8-PSK

45



Symbol

0426

1537

2604

3715

(b)

Figure 4.4: The trellis of the TCM 8-PSK 
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stored, together with their squared error distances from the received signal.

After a hard decision is made, there remains two possible signals leading to each of the 

four states in the trellis diagram (See Fig.4.5(a)). From the two signals leading to each of 

the four states, the one which gives less overall accumulated error distance is chosen and 

stored in a memory (see Fig.4.5(b)). The squared value of the error distance is used and 

is computed by:

5 Z l(r" /  “  ° n /)2 +  ( rnQ  -  <*ng)2]

where rn/,  r„g are the baseband components of the n th received signal and a n/ ,  ang  are the 

baseband components of the n th  expected symbol of the trellis path concerned. Accord­

ing to this equation, each received signal is correlated with all possible transmitted signals.

When the length of the trellis (or observation length) reaches the decision depth, a hard 

decision is taken as to the oldest symbol in memory, which is then converted to a 2-bit 

message.

In the simulation, the decision depth length of 10 is used [79]. That means, when the 

observation interval length is equal to  10T», a decision is taken as to the first symbol. It 

was also assumed that the receiver has full knowledge of the timing of the transmitted 

symbols.

4.3.2 T h e B E R  p erform an ce  o f  t h e  TC  8-P S K  m o d u la tio n  in  id ea l chan­

nels w ith  A W G N

In this section the BER performance of the 4-state TC 8-PSK scheme is studied over an 

ideal (memoryless) channel with AWGN through computer simulation. For comparison 

reasons the BER performance of uncoded 4-PSK scheme is also studied. The Gaussian 

noise source used in the simulation was generated from a uniformly distributed random 

source [46]. Fig.4.6 illustrates the signal transmission model used.

The results of the simulation for both 4-state TC 8-PSK and uncoded 4-PSK schemes 

are given in Fig.4.7. As observed, for all error probabilities considered here, the trellis 

coded scheme has better performance than  the uncoded scheme. The coding gain of this

47



I  Slate
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Figure 4.6: The block diagram of the transmission system for AWGN channel

code for bit error probabilities in the area of 10-3 , which is important in digital speech 

transmission, is about 1.5 dB. For error probabilities less than 10~3, a gain increase is 

observed. For high S/N ratio this amount seems to reach 2 dB coding gain. It is observed 

that the simulation result is roughly 1 dB poorer than the expected (theoretical) coding 

gain given in [28].

The main conclusion concerning these results is that a significant gain can be achieved by 

trellis coding modulation in the presence of AWGN.

4.4 T C  8 -P S K  sign a l in  a  t im e  in varian t in tersym b ol interference channel 

w ith  A W G N

The aim of the study in this section is to  find out the obtainable coding gain of the 4-state 

TC 8-PSK modulation under the time invarying intersymbol interference channels.

The data transmission system considered here is shown in Fig.4.8. The information bits 

to be transmitted are generated from a  random source. These are fed to the TC 8-PSK 

modulator. The low-pass envelope of the output symbol 5, is:
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Figure 4.7: The BER performance of TC  8-PSK modulation in ideal channels with AWGN

Si =  5</ +  jSiq

where 5,-/ and 5 ,q are the in-phase and quadrature components of the 8-PSK signal. The 

sequence of the complex data  elements is fed to a transversal filter with complex coeffi­

cients y (0 ) ,y ( l) ,. . .,y(m ) and with a  sampling rate equal to  the symbol rate. This filter 

represents the baseband equivalent of the transmitter output filter, transmission path 

and receiver input filter, and will be referred to as an equivalent baseband channel. The 

in-phase and quadrature components of the received baseband signal for the ith symbol 

period, are denoted by R i  and R q  respectively. The simulated noise samples W /(t) and 

Wq (<) from a  Gaussian distribution with zero mean, are added to the filter output com­

plex signal. The received signal is therefore (see Fig.4.9):

R i + jR o  = -  *) +  j s « ( i  -  *)) • K(H +  (i) +  jW g (i)
k m  0

where i is denoting the current symbol period.

The bandpass transmission path is here taken to be a telephone circuit. Hence the complex 

time invarying intersymbol interference channel which is used in this simulation study is
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Figure 4.8: The da ta  transmission system
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Figure 4.9: The block diagram of the transmission system for ISI channel

the telephone channel 2 in [49]. The channel impulse response coefficients are shown in 

Table 4.1.

When a  digital signal is transmitted over a  linear channel which distorts the signal, the 

resulting intersymbol interference can be removed or greatly reduced by employing an 

equaliser a t the receiver [47][48][49][50][55][56][57][58]. Given the received signal R(t), we 

need to know what is the best receiver for the TC 8-PSK signal under the time-invarying 

intersymbol interference channel. To find out, three kinds of receiver (equaliser) were 

investigated and proposed . All the equalisers studied here have the general structure 

shown in Fig.4.10.

4.4.1 A  rece iv er  s tr u c tu r e  u sin g  zero  forcing lin ear feedb ack  eq u aliser

A zero forcing equaliser is simply an inverse filter, which inverts the frequency response of 

the channel. The equaliser coefficients are chosen in such a  way that the impulse response
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Telephone channel 2

Real part Imaginary part

-0.0086 0.0030

0.0004 0.0042

0.0059 -0.0094

-0.0409 •0.0090

0.0043 0.0405

0.4725 0.0186

0.8081 -0.0218

0.0105 -0.0010

-0.1972 -0.0450

0.2039 0.0602

-0.1028 -0.0803

0.0287 0.0717

0.0208 -0.0461

-0.0406 0.0188

0.0403 0.0026

-.0340 -0.0138

0.0240 0.0177

-0.0158 -0.0190

0.0114 0.0184

-0.0088 -0.0176

0.0075 0.0165

-0.0052 -0.0148

0.0044 0.0126

-0.0045 -0.0110

0.0047 0.0097

-0.0042 -0.0017

0.0045 0.0062

-0.0051 -0.0040

0.0056 0.0023

Table 4.1: Sampled impulse responses of the telephone channel 2 
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Figure 4.10: Generalised equaliser architecture



of the combined channel and equaliser are all zero except the first one. For more details 

about zero forcing equaliser, the reader can be referred to [48][58].

L in ear feedback  equaliser

Suppose th a t the Z-transform of the sampled impulse response of the baseband channel

is:

C(>) = Co +  C .Z - '  +  C ,Z - J +  . . .  +  CmZ - "

where Z ~ x represents the time instant t =  iT  and Co #  0. This channel model is illustrated 

in Fig.4.11.

The received signal, which is the output signal of the channel in the absence of noise, is:

Ri — Si Co +  Si—iC i  +  . . .  +  S i-mCm.

The proposed linear feedback equaliser (LFE) is shown in Fig.4.12. What we want to 

see at the output of the LFE is: X i = 5,-, a t  the time instant t = iT . That is achieved. 

To prove th a t, assume th at all the signals in the equaliser are zero. At the time instant 

t = iT ,  the output of the baseband channel (see Fig.4.11) is R{ =  5 ,Co which is the input 

signal of the equaliser. This will be multiplied by 1/Co and become 5,. This amount will 

be subtracted from the signal coming from the  adder, which is zero, at that time. Now the 

output of the equaliser is Si, which is the desired amount. At the time instant t = (i +  1)T, 

the output of the baseband channel is: R i = 5 ,Co +  $ i-iC i/C o . That amount will be 

subtracted from the amount coming from the  adder, which is Si-\C \/C o . The output of 

the equaliser is now Si. This process continues in this way until the time instant equals 

(i +  m  +  1)T. It is clear that the equaliser removes the intersymbol interference introduced 

by the channel.

In the presence of noise, if |Co| is small, then the noise and the signal will be amplified by 

multiplying them with 1/Co. This means noise magnification.

The proposed receiver structure is shown in Fig.4.13. As seen in this figure the equalised 

signal is passed through the Viterbi decoder to recover the coded data.
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Transmitted symbol sequence

Figure 4.11: A channel model
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Figure 4.12: General structure of a linear feedback equaliser
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Telephone channel 2 & feedforward equaliser

Real part Imaginary part

1.000 0.0000

0.5091 0.1960

-0.1465 0.0000

0.0323 -0.0171

0.0125 0.0200

Table 4.2: Sampled impulse responses of the combination of the telephone channel 2 and 

feedforward equaliser section

Real part Imaginary part

0.5091 0.1960

-0.1465 0.0000

0.0323 -0.0171

0.0125 0.0200

Table 4.3: Sampled impulse responses of the feedback equaliser section 

Sim ulation o f  th e  LFE

The general structure of the zero forcing LFE is as shown in Fig.4.10. The feedforward 

section is the combined section of the baseband channel (telephone channel 2) and the zero 

forcing equaliser. The impulse responses of this feedforward equaliser can be found in [48] 

and are shown in Table 4.2 (after removing the insignificant terms). In the simulation, 

noise is added to the output of the feedforward equaliser. This has been shown to be 

equivalent to adding noise a t the output of the  channel[49] [51]. The impulse responses of 

the feedback section are shown in Table 4.3.

T he B E R  perform ance o f  the TC 8-P S K  in a channel with tim e invariant ISI 

using linear feedback equaliser

In this section the BER performance of 4-state TC 8-PSK scheme is studied over the 

time invarying intersymbol interference channel, namely telephone channel 2 with AWGN 

through computer simulation. For comparison reasons, the BER performance of uncoded
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4-PSK scheme is also studied. Fig.4.13 illustrates the signal transmission model used in 

this study. The equalised signal is passed through the  Viterbi decoder to  recover the data.

The results of simulation for both 4-state TC 8-PSK and uncoded 4-PSK schemes are 

given in Fig.4.14. As is observed, for error probabilities greater than 10-2 , the uncoded 

scheme has better performance. For error probabilities of 10-2 or less, the trellis coded 

scheme has better performance than  the uncoded scheme. The coding gain of this code 

for bit error probabilities in the area of 10-3, which is important in digital speech trans­

mission, is about 0.25 dB.

The main conclusion concerning these results is th a t the coding gain which can be achieved 

by trellis coding modulation is not significant when LFE is used.

4.4.2 A  rece iv er  s tru c tu re  u sin g  d ec is io n  feedb ack  equaliser

It has been shown that decision feedback equalisers (DFE) can sometimes achieve better 

performance than linear equalisers [48][49][58]. As its basic structure is suitable for real 

time signal processing, the decision feedback equaliser is used widely in communication 

systems [56] [49].

The decision feedback equaliser is implemented as a  linear feedforward transversal equaliser 

fed from the output of the detector, as shown in Fig.4.15. If the detector is removed from 

this figure then it will be seen th a t  the Fig.4.12 is obtained. As the symbol detector (usu­

ally a threshold device) is nonlinear, it can be said th at the DFE is nonlinear as well.

Suppose th at the sampled channel impulse responses vector is:

Cm[C0,CU. . .C m).

The objective of the feedback transversal filter is to give at its output the transmitted 

symbol. At time instant t =  iT ,  the  received signal is:

* i = f ' J i - j C j  + Wi m S,Co +  £  S ,.,C )  +  w,.imO jm 1
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Figure 4.14: The BER performance of T C  8-PSK in a channel with ISI using linear 

feedback equaliser

If both sides of the equation are divided by Co, which is the first impulse response of the 

channel, it becomes:

ft,/C o = Si + j r  S i- jC j/C o  +  W JC*. (4.2)
i= i

The output of the equaliser shown in Fig.4.15 is:

X i  -  « i/C o  -  2 3  S i-jC j/C o
i - 1

(4.3)

Substituting equation (4.2) in (4.3), we have:

X i S, +  £  S ,- ,C ,IC 0 +  w ./C o - E s i - j Q / C o (4.4)
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In the presence of a  correct decision, when S i - j  =  S,*_y» the equation (4.4) becomes

X i  =  Si +  W i/C o  (4.5)

where Si is the desired symbol and W ./Co is th e  noise. It is obvious that as long as 

correct detection is made, the DFE removes th e  intersymbol interference introduced by 

the channel.

The proposed receiver structure is shown in F ig.4.16. As seen in this figure the equalised 

signal is passed through the Viterbi decoder to  recover the coded data.

The B E R  perform ance o f  the TC 8-P S K  in  a  channel with tim e invariant ISI 

using decision feedback equaliser

The to ta l transmission system as it has been simulated is shown in Fig.4.16, of which the 

receiver concept has already been described before. The receiver consists of the decision 

feedback equaliser and the Viterbi decoder, as shown in Fig.4.16. The impulse responses 

of these equalisers are the same as the zero forcing linear feedback equaliser’s impulse 

responses. The only difference is that DFE has a  hard-decision detector in its feedback 

section.

In this section the BER performance of 4 -sta te  TC 8-PSK scheme is studied over the 

time invarying intersymbol interference channel, namely telephone channel 2 with AWGN 

through computer simulation. For comparison reasons, the BER performance of uncoded 

4-PSK scheme is also examined. Fig.4.16 illustrates the signal transmission model used 

in our study. As seen in this figure, the equalised signal is passed through the Viterbi 

decoder to recover the coded data.

Recall that, in this study the decision depth length is chosen to be 10 symbol intervals.

The results of computer simulation for both 4 -sta te  TC 8-PSK and uncoded 4-PSK schemes 

are given in Fig.4.17. As is observed, for all error probabilities considered here, the uncoded
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Figure 4.15: Decision feedback equaliser
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scheme has better performance than the trellis coded scheme. For bit error probabilities in 

the area of 10~3, which is important in digital speech transmission, the TC 8-PSK scheme 

is some 1.3 dB worse than the uncoded scheme. Such disappointing results are expected 

as the detector in the DFE makes hard decisions on the received signals and hence the 

potential benefit offered by trellis coding is lost.

4.4.3 A  rece iv er  s tru c tu re  u sin g  th e  V D F E

As undesired results in the DFE are due to  the use of a hard decision device, the aim 

should be to improve the decision device to  make a better decision. To gain the benefit 

offered by the trellis coding, a new idea is proposed. The idea is to integrate the Viterbi 

algorithm into the DFE architecture. This proposed algorithm will be called "Viterbi 

decision feedback equaliser (VDFE)” .

The tapped delay line (or the shift register) of a  decision feedback equaliser (see Fig.4.15) 

contains the values of the newest symbols determined by the detector using a hard deci­

sion algorithm. The required number of new symbols is the same as the number of tap 

coefficients in the feedback section. These symbols may or may not be correctly detected. 

If there are errors in these symbols, the received signal will be incorrectly equalised and 

more errors will follow if an incorrect decision is subsequently made. In a  Viterbi decoder, 

however, a hard decision is made on the received signal after it has moved through the 

trellis for a  time period equal to the decision depth. If the Viterbi decoder is used directly 

to replace the detector of the DFE, the symbols detected will be "too old” for the purpose 

of the equalisation. Fig.4.18 shows the memory containing the surviving paths schemat­

ically. The timing shown in the diagram is th a t  when the ith symbol is received. It is 

clear that the preceding symbols required for equalisation are not available. However, the 

most probable combinations of these symbols are available in the newest part of the trellis 

memory (see Fig4.18). The equalised signal X{  of the ith path is given by:

X t\l -  «. -  E
m i l

where n is the number of tap  coefficients in the feedback section and j is the trellis state (or 

path) number . In the case of a  4-state trellis, which is considered in this study, there are 

4 possible equalised signals corresponding to  4 surviving paths. Each of these equalised
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Figure 4.16: The total transmission system using decision feedback equaliser 
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Figure 4.17: The BER performance of TC 8-PSK in a channel with ISI using decision 

feedback equaliser

signals is then used to determine the two most probable next symbols of the corresponding 

pa th . Now the number of symbols to  be considered is eight. The metrics (squared error 

distances) corresponding to these eight symbols are first calculated and then added to 

the  corresponding previous accumulated metrics. Then the four paths having smallest 

accumulative error distances of the eight paths are chosen as survived paths, n of the 

last(newest) symbols of these 4 paths are selected as the newest symbols of the feedback 

equaliser. It can be seen that the feedback section o f the VDFE is used to remove the 

intersymbol interference introduced by the baseband channel while the Viterbi algorithm 

is used as a trellis decoder.

T h e  BER perform ance o f  the T C  8-PSK  in a  channel w ith tim e invariant ISI 

usin g the new equalisation algorithm

The total transmission system as it has been simulated is shown in Fig.4.19, of which the 

receiver concept has already been described before. The receiver consists of the Viterbi de­

cision feedback equaliser, as shown in Fig.4.16. The impulse responses of these equalisers 

are  the same as the decision feedback equaliser’s impulse responses. The only difference
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is th at VDFE has a Viterbi algorithm in its feedback section.

In this section the BER performance of 4-state T C  8-PSK scheme is studied over the 

time invariant intersymbol interference channel, namely telephone channel 2 with AWGN 

through a  computer simulation. For comparison reasons, the BER performance of un­

coded 4-PSK scheme is also examined. Fig.4.19 illustrates the signal transmission model 

used in our study.

The simulation results for both 4-state TC 8-PSK and uncoded 4-PSK schemes are given 

in Fig.4.20. As is observed, for all error probabilities considered here, the trellis coded 

scheme has better performance than the uncoded scheme. For bit error probabilities in 

the area of 10-3 , which is important in digital speech transmission, the TC 8-PSK scheme 

is some 1.6 dB better than the uncoded scheme.

4.4.4 D escr ip tio n  o f  th e  resu lts

To recover the TCM 8-PSK signal corrupted by the tim e invariant intersymbol interference 

channels, first, two known algorithms have been studied and examined through a  computer 

simulation. The results show that the TC 8-PSK scheme has little or no advantage over 

the uncoded counterpart (uncoded 4-PSK). Such disappointing results can be expected 

as the detector in the DFE makes hard decisions on  the received signals and hence the 

potential benefit offered by trellis coding is lost. Second, the new proposed algorithm, 

namely VDFE, was shown to  be better than the o th er two algorithms. The results show 

that, using this algorithm, TC 8-PSK signal can be received with 1.6 dB lower S/N, when 

compared with uncoded 4-PSK scheme, for the B E R  in the area of 10-3. Fig.4.21 shows 

the BER performances of the TC 8-PSK scheme using three different receiver algorithms. 

It is obvious that the new proposed algorithm, V D FE , is the superior one amongst them. 

It has remarkably good performance. When compared with the two others, it has approx­

imately 3 dB better performance for bit error rates of around 10~3.
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Figure 4.20: The BER performance of TC 8-PSK in a  channel with ISI using Viterbi 

decision feedback equaliser

Figure 4.21: The BER performance of TCM 8-PSK in a  channel with ISI using three

different equalisers
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4.5 T C  8 -P S K  in  freq u en cy -se lec tiv e  R a y le ig h  fading (F S R F ) channel

As constant envelope schemes such as Gaussian minimum shift keying (GMSK) do not 

cause serious adjacent channel interference, they are used in mobile systems[2][ll][13][71]. 

On the other hand, the bandwidth required to  transm it the RF signals is considerably 

larger and the spectral efficiency is poor. As the demand for mobile communication in­

creases, the spectral efficiency of the GMSK is no longer sufficient. In order to  improve the 

spectral efficiency, the  linear modulation schemes such as high-level PSK are considered 

again [52][53].

Multipath fading is a  common impairment of mobile radio channels. I t occurs when 

there are several radio paths between the transm itter and the receiver. In the presence 

of multipath fading, the received signal is the sum o f signals received from the different 

paths. If these paths interfere destructively at the  receiver then the signal is faded. The 

range of delays th a t paths introduce to  the signal is known as the multipath spread of the 

channel. For frequency selective fading channels the  m ultipath spread is large enough that 

the received signal has the efTect of more than one transm itted symbol at a given instant. 

This is the same as the time varying intersymbol interference.

In this study, the performance of the TC 8-PSK scheme is going to be derived in a 

frequency-selective Rayleigh fading channel corrupted by AWGN. A receiver structure 

is proposed and presented in the following section.

4.5.1 C h annel d escrip tio n

The channel imperfections which considered include: •

• Fast fading which causes Rayleigh envelope fluctuation and uniform distributed 

phase.

• Delayed signal which causes frequency-selective fading

• Additive white Gaussian noise

Fig.3.4 shows the block diagram of a frequency selective Rayleigh fading channel corrupted 

by AWGN. The block TX is the transmitter of the desired symbol that transmits the TC 

8-PSK signal:
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ST(t) = X (t)  coswe(t) -  Y ( t)  sin wc(t) (4.6)

where X (t)  and Y (t)  are the in-phase and quadrature baseband signals, respectively. The 

impulse response of the channel is expressed by the four ray model:

* (* T .)  = +  ojr>fci (* r ,  -  r )  +  « ,¿ '■ < (1 7 ’.  -  t r )  +  O i 'f 'H k T .  -  3 r)  (4.7)

where a i ,  a?, Q3 and 04 are independent and Rayleigh distributed amplitude. 0j, 02 , 63 

and 04 are independent and uniformly distributed phase between 0 and 2jt, and r  is the 

tim e delay between the rays. The sum of £ { a j} , E{a%}, £7{a§} and £{<*4} is set to unity 

in th e  simulation, and so the channel has unity gain. Two different channel characteristics 

with different E {a ?} are examined. The ratio between the sequential values of E{aJ} 

is denoted as C /D . In other words, the ratio of £ { a j}  to  E{a$}, E{a%} to £{<*§} 

and ¿£{03} to E { a \)  will be called C /D . When two different channel characteristics are 

mentioned, channel characteristics with two different C /D  ratios are meant. The signal 

S r ( t )  is modulated by a  Rayleigh envelope Q i(t) and a  uniform phase 0i(t). The first 

delayed signal 5y(f — t ) is modulated by a Rayleigh envelope 03(f) and a  uniform phase 

02( t) . The second delayed signal 5 r(f  — 2r ) ,  and the th ird  5 j ( f  — 3r)  are modulated by a 

Rayleigh envelope 03(f) and 04(f) and a  uniform phase 03(f) and 04(f) respectively. The 

combination of 5y(f), S r (f  — r ) ,  5 j ( f  — 2r )  and S r(f  — 3 r)  accounts for the frequency 

selective fading. The output signal of this filter is then added to a  white Gaussian noise. 

A software fading simulator, which is studied in Chapter 3, has been used to generate the 

am plitude and the phase of each ray in the four ray model. Only one receiver speed of 20 

m ph is examined in an urban area; this scenario then determine the parameters used in 

the  fading channel model.

4 .5 .2  A  receiver s tr u c tu r e  for th e  T C  8 -P S K  sig n a l in  freq u en cy  se le c tiv e  

R ayleigh  fa d in g  channel

In this section, a receiver structure is proposed to  demodulate TC 8-PSK signals in the 

presence of frequency selective Rayleigh channel.
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The proposed receiver, shown in Fig.4.22, consists of two principal components:

1. The Viterbi decision feedback equaliser (VDFE).

2. A channel estimator.

The receiver works as follows: While the Viterbi Algorithm is used to decode the TC 

8-PSK signal, the feedforward and feedback sections of the  VDFE are used to remove the 

channel intersymbol interference. As shown in Fig.4.22, both sections consist of a finite 

impulse response (FIR) filter, whose respective outputs are  added to each other to form 

the equaliser output before Viterbi algorithm processing. As seen, the functioning prin­

ciples of th is  receiver are the same as the receiver’s proposed for the TC 8-PSK signal in 

ISI channel. One difference is th a t the FIR coefficients of the equalisers are computed by 

the channel estimator (for more details on the channel estimator see Chapter 3) using the 

training sequence at each time slot.

4.5.3 T h e  B E R  p e rfo rm a n c e  o f  t h e  T C  8 - P S K  s ig n a ls

The error performances of the TC  8-PSK signal in a  frequency selective Rayleigh fading 

channel are  shown in Fig.4.23, Fig.4.24 and Fig.4.25 for two different C /D  ratios. The 

channel in this study has a multipath spread which spans four symbol intervals. As C /D  

increases, th e  channels become less frequency-selective. If the C /D  ratio is below 40 dB 

then the channel can be considered as a frequency selective channel [54].

For the case o f C /D = 10 dB, the results of computer simulation for both 4-state TC 8-PSK 

and uncoded 4-PSK schemes are given in Fig.4.23. As is observed, for error probabilities 

larger than  10-2-8, the uncoded scheme has better performance. For error probabilities of 

10~2'8 or less, the trellis coded scheme has better performance than the uncoded scheme. 

The coding gain for bit error probabilities in the area of 10~3, which is important in digital 

speech transmission, is about 0.5 dB. For high S /N  ratios this gain is about 1.5 dB.

For the case of C/D = b  dB, the results of our simulation for both 4-state TC 8-PSK and 

uncoded 4-PSK schemes are given in Fig.4.24. As is observed, for error probabilities of 

10-3 or more, the trellis coded scheme has no coding gain over uncoded scheme. For bit
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Figure 4.23: The BER performance of TC 8-PSK scheme in a  FSRF channel (C /D  =  10 

dB)

error probabilities less than 10~3, the coded scheme has be tte r performance. The coding 

gain for bit error probabilities in the area of 10~4 is 1 dB.

Fig.4.25 shows the  BER performance of TC 8-PSK scheme in frequency selective Rayleigh 

fading channel for two different C /D  ratios. By comparing th e  results which are shown 

in this figure, the channel having C /D  ratio of 10 has better performance than the one 

with C /D  ratio o f 5 for error probabilities of 10-3 . This result means, if the C /D  ratio is 

decreased (which corresponds to more frequency selective) then  performance degradation 

occurs.

4.6 A  m o d u la tio n  schem e: c o m b in in g  th e  T C  8 -P S K  w ith  th e  u n cod ed  

4-P S K

The hybrid lYellis-coded 8/4-PSK presented by Sundberg [59] was proposed for such a 

phase error which can occur when the carrier phase varies during the transmission. This 

can be faced in mobile communications, fading channels, and jitte r  channels.
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Figure 4.24: The BER performance of TC 8-PSK scheme in a  FSRF channel (C /D  =  5 

dB)

The performance of T C M  8 -P S K  signal

Figure 4.25: The BER performance of TC 8-PSK scheme in a  FSRF channel for two 

different C /D  ratios
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In an uncoded 4-PSK receiver, the operating range is ^45° in the absence of noise. If 

the phase error is inside this interval, the transmitted signal can be recovered. On one 

hand, the signal recovery fails if it is outside this interval. On the other hand, the signal 

recovery fails in a  TC 8-PSK receiver, if the phase offset exceeds the critical value which 

is ^22.5°. This can cause a  long error burst [29] [59]. By using the hybrid TC 8/4-PSK, 

the operating range of the receiver is increased compared to  the  TC 8-PSK case [59]. By 

this increase for hybrid 8/4-PSK, a lower BER than TC  8-PSK has, can be expected. The 

question is whether this scheme can be more efficient than the TC 8-PSK in frequency 

selective Rayleigh fading channel. As the analysis of this scheme in FSRF channel is too 

complex, the BER performance of a  hybrid Trellis-coded 8/4-PSK in a FSRF channel is 

found through computer simulations.

The required bandwidth of this system is the same as the required bandwidth of the 

uncoded 4-PSK and TC 8-PSK systems[59]

4.6.1 S y stem  d e sc r ip t io n

Hybrid TC 8/4-PSK, whose general structure is shown in Fig.4.26, is the combination of 

4-state TC 8-PSK and uncoded 4-PSK. These are used in a  time varying manner. As 

shown in Fig.4.26 the only difference from the block diagram of TC 8-PSK (shown in 

Fig.4.1) is th at the mapper is changing periodically, whereas the convolutional code keeps 

generating the coded bits. During the odd-numbered symbol time intervals the 8-PSK 

mapper, and during the even-numbered symbol intervals the 4-PSK mapper, is used.

The general structure of hybrid trellis coded 8/4-PSK modulation is illustrated in Fig. 

4.26. As shown in this figure, these signals are generated as follows: There are two bits to 

be transmitted. These are coded onto three bits. These three bits are the input bits to a 

mapper, which is periodically changed. The two mapping rules are shown in Table 4.4. 

The Trellis coded 8-PSK modulation scheme used in this study is the rate of 2/3 and 

4-state TC 8-PSK scheme presented by Ungerboeck. The scheme is shown in Fig. 4.3. 

The corresponding trellis of the code is shown in Fig. 4.27. I t  can easily be seen that the 

squared Free Euclidean distance is 4 as in the TC 8-PSK.
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Two information bits 3 bits

Figure 4.26: General block diagram for hybrid TC  8/4-PSK

| Mapping Rules ||

J Encoder’s output TC 8-PSK 4-PSK I

000 0 0  |

001 7 0  1

I 010 1 2  1

O il 2 2  1
100 4 4 1

101 3 4 1
110 5 6  |

111 6 6  [

Table 4.4: The mapping rules for hybrid T C  8/4-PSK
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4.6.2 A  rece iver  s tru c tu re  for th e  h y b rid  T C  8 /4 -P S K  s ig n a l in  frequ en cy  

se le c tiv e  R ayleigh  fad in g c h a n n e l

In this section, a receiver structure for recovering the hybrid TC 8/4-PSK signals in the 

presence of frequency selective Rayleigh channel is proposed.

The proposed receiver structure is the same as the receiver structure proposed for TC 

8-PSK (see Fig.4.22). The only difference is that the Viterbi Algorithm, which is used to 

decode the TC 8-PSK signal, considers the  two mapping rules.

Decoding is accomplished as follows: During the first (odd-numbered) symbol time inter­

val, the received noisy signal is compared with the corresponding components of the two 

possible signals (the two parallel signals) a t  each of the 8 possible branches (See Fig. 4.27). 

There are 8 possible symbols for this tim e interval. The symbol closest to the received 

signal is determined. In other words, a  hard decision is made on the signal of each branch. 

The error distances between the received signal and the four possible signals in each branch 

are compared and the signal with the smallest error distance is chosen. These signals are 

stored together with their squared error distances from the received signal. After a hard 

decision is made, there remain two possible signals leading to  each of the four states in 

the trellis diagram, from the two signals leading to each of the four states, the one which 

gives less overall accumulated error distance is chosen and stored in a  memory.

During the second (even-numbered) symbol time interval, the received noisy signal is 

compared with the corresponding components of the two possible signals (the two parallel 

signals) at each of the 8 possible branches (See Fig. 4.27). The same computation made 

during the first symbol time interval is required again. The only difference is that the 

total number of the symbol to  be compared with is only four.

When the length of the trellis (or observation length) reaches the decision depth, a hard 

decision is made as to the oldest symbol in memory, which is then converted to a 2-bit 

message.

The feedforward and feedback sections of the VDFE are used to  remove the channel

intersymbol interference.



Figure 4.28: The BER performance of hybrid T C  8/4-PSK scheme in a  FSRF channel. 

4.6.3 T h e  B E R  p e rfo rm a n c e  o f  t h i s  s y s te m  in  a  F S R F  c h a n n e l

In this section the BER performance of hybrid T C  8/4-PSK scheme is studied in a FSRF 

channel with AWGN through computer simulations. The complete transmission system 

has been simulated. For comparison reasons, the BER performance of uncoded 4-PSK 

scheme is also studied.

The results of our simulation for both hybrid T C  8/4-PSK and uncoded 4-PSK schemes 

are given in Fig.4.28. As is observed, the coding gain of this scheme for bit error proba­

bilities in the area of 10~3, which is important in digital speech transmission, is negligible 

(almost 0). But for the error probabilities of 10~4, the hybrid coded scheme has 1 dB 

better performance than the uncoded scheme.

For comparison, the BER performance of TC  8-PSK and hybrid T C  8/4-PSK systems are 

illustrated in Fig.4.29. As shown in this figure, for BER larger than  10“3-7 the hybrid TC 

8/4-PSK has better performance. But for BER smaller than 10-3,7 the TC 8-PSK has 

better performance. In the area of 10“3, the T C  8-PSK scheme has approximately 0.4 dB 

better performance than the hybrid TC 8/4-PSK scheme.
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Figure 4.29: The BER performance comparison between TC 8-PSK and hybrid TC 

8/4-PSK in a FSRF channel.

4.7 C on clu sion

Trellis-coded modulation (TCM) proposed by Ungerboeck, which is a  combination of cod­

ing and modulation technique for digital transmission over band-limited additive white 

Gaussian noise (AWGN) channels, has been shown th a t it can provide coding gains of 3-6 

dB relative to an uncoded scheme with the same spectral efficiency.

In this study, Ungerboeck’s 4-state rate 2/3 8-PSK TCM scheme, which has a theoretical 

3dB coding gain in AWGN channels, has been examined. To prove the theoretical results, 

first the BER performance of this scheme is found through a computer simulation. The 

main conclusion concerning these results is that a  significant gain can be achieved by trel­

lis coding modulation in the presence of AWGN. For error probabilities of 10-3 or less, 

the trellis coded scheme has better performance th an  the uncoded scheme. The coding 

gain for bit error probabilities in the area of 10-3 , which is im portant in digital speech 

transmission, is about 1.5 dB. For error probabilities less than 10-3 , a  gain increase is 

observed. For high S/N ratio this amount seems to  reach the 2 dB coding gain. It is 

observed that the simulation result is roughly 1 dB poorer than the expected (theoretical)
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coding gain.

However, there were still open questions concerning coding gains under the time invariant 

intersymbol interference (ISI) and frequency selective Rayleigh fading channels. In this 

study, Ungerboeck’s 4-state rate 2/3 TC 8-PSK scheme has been proposed for ISI and 

frequency selective Rayleigh fading channels. Receiver structures, to  recover the data 

corrupted by these channels, have been presented. For tim e invariant ISI channel three 

types of equalisers have been examined. Two of them are  the  known algorithms: Linear 

feedback and decision feedback equaliser. The third algorithm is the proposed algorithm 

called Viterbi decision feedback equaliser (VDFE) which is studied in details in Section 

4.4.3.

To evaluate and compare the performance of these three algorithms, computer simula­

tions have been executed for an time invariant ISI channel, namely telephone channel 2. 

For frequency selective Rayleigh fading channel (studied in Chapter 3) a receiver struc­

ture which is based on the VDFE, has proposed and presented. The bit error rate (BER) 

performance of the system under this channel has been found.The results for LFE show 

th at the coding gain of this code for bit error probabilities in the area of 10-3 , which is 

im portant in digital speech transmission, is about 0.25 dB. The results for DFE show that 

the T C  8-PSK scheme has no advantage (or very small) over the uncoded counterpart (un­

coded 4-PSK). Such disappointing results can be expected though as the detector in the 

DFE makes hard decisions on the received signals and hence the potential benefit offered 

by trellis coding is lost. The algorithm VDFE was shown to  be better than the other two 

algorithms. The results show that using this algorithm, T C  8-PSK signal can be received 

with 1.6 dB lower S /N , when compared with uncoded 4-PSK scheme, for the BER in the 

range of 10~3. The VDFE shows superior performance when compared to conventional 

hard-decision demodulation. It has remarkably good performance when compared with 

the other two, it has approximately 3 dB better performance for bit error probabilities in 

the area of 10-3 .

Ungerboeck’s 4-state rate 2 /3  TC 8-PSK scheme has also been examined in the presence of 

a  FSRF channel. A receiver structure based on VDFE has been proposed. The complete 

transmission system has been simulated. The results o f our simulation for TC 8-PSK show 

th at the coding gain of this scheme, for bit error probabilities in the area of 10~3 is about
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0.5 dB. With high S/N ratios, 1.5 dB coding gain is achievable.

A modulation scheme called Hybrid trellis-coded 8/4 PSK presented by Sundberg for 

phase jitte r, which combines the TC 8-PSK and the uncoded 4-PSK, has been studied 

under the frequency selective Rayleigh fading. The BER performance has been found for 

this scheme also. The results of computer simulations for hybrid TC 8/4-PSK show that 

the coding gain of this scheme, for bit error probabilities in the area of 10-3 , which is 

important in digital speech transmission, is negligible. W hile the hybrid TC 8/4-PSK has 

better performance for the cases where BER is larger than  10-2 '7, the TC 8-PSK becomes 

better for BER is smaller than 10-2’7. In the area of 10-3 , the TC 8-PSK scheme has 

approximately 0.4 dB better performance than the hybrid T C  8/4-PSK scheme. In con­

clusion, no significant advantage of hybrid TC 8/4-PSK over T C  8-PSK has been observed.
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CH APTER 5

T H E  A N A L Y S IS  O F PA R T IA L  R E S P O N S E  D P M  S IG N A L S  A N D  A  

R E C E IV E R  S T R U C T U R E  FO R T H E S E  S IG N A L S  IN  A M O B ILE  

R A D IO  C H A N N E L

5.1 In tro d u ctio n

Modulation schemes such as band limited M-ary PSK are usually used due to their high 

spectral and power efficiencies. However, the rf envelope of the  modulated carrier is not 

constant and, if a  non-linear amplifier is used in the transm itter, the spectral side-lobes 

of the signal increase due to the non-linear effects of the amplifier. This causes serious 

adjacent channel interference which increases the error probability. This is unfortunate 

since, as far as mobile radio is concerned, the available power is limited and this makes it 

necessary to  use a  non-linear amplifier. One way to overcome this problem is to use spec­

trally efficient but constant or low-fluctuation envelope signals, such as continuous phase 

modulation (CPM ) [68] or digitally phase modulated (D PM ) signals [13] [60]. Because 

they have phase shaping before or within the modulator, rather then after the modula­

tor, their rf envelopes are constant and their spectral side-lobes are reduced compared to 

M-ary PSK. One disadvantage of partial response DPM, mentioned in [60], is that it has 

a broader main lobe in the power spectrum than partial response CPM. However, as far 

as implementation is concerned, DPM [13] [60] signals have some advantages over CPM 

signals. This is because phase modulation is used instead of frequency modulation. Thus 

carrier recovery needed for coherent modulation is simpler to  implement. In demodulator, 

there is no need for the carrier phase to be accumulated continuously as in the case for 

CPM. The other advantage of DPM is that it is well suited for VLSI implementation 

[60] [13]. These advantages of DPM signals motivated a  consideration of these signals in 

mobile radio environments.

In this thesis, the study was restricted to a binary and 4-level partial response DPM
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scheme with pulse duration LT, where T is the symbol interval and L = 3. In the second 

Section of this Chapter, general properties such as squared free Euclidean distance (</£,,„) 

and power spectrum of binary and 4-level partial response DPM systems are studied in 

detail. A fast algorithm developed by Aulin [65] for CPM system has been modified in 

order to evaluate the free Euclidean distance of binary and 4-level partial response DPM 

signals.

In [60] these properties have been studied for binary L-SP DPM cases. But the following 

details were not considered:

• The observation interval (01) length which gives d£,in. In fact this interval length 

is the decision depth length of the Viterbi algorithm which is used in the receiver 

section.

• The case of M  > 2 is not studied.

In Section 6.2, these are studied. In the third section of this chapter, to recover these 

signals which are affected by the frequency selectivity of the mobile channel, a receiver 

structure is proposed and presented. In the fourth section, com puter simulations of whole 

transmission system were performed in order to validate the numerical results found. 

The bit error rate (BER) performances of binary and 4-level 3-SP DPM under frequency 

selective Rayleigh fading channel are evaluated through the use o f  computer simulation. 

The Chapter is summarised in Section 5.5.

5.2 S o m e  p ro p erties  o f  th e  partial resp o n se  D P M  s ig n a ls

In this section, general properties such as free Euclidean distance and power spectrum of 

binary and 4-level partial response DPM systems are studied in detail. The observation 

interval lengths which give </£,,•„ are studied and evaluated.

5.2.1 FYee E u clid ean  d is ta n ce  and u p p er  b o u n d s o n  fre e  E u clid ean d is­

ta n c e

In mobile cellular radio systems, the total power which can be transm itted from the base 

station is limited [69]. Because of this restriction it is of vital importance that the trans­

mitted information is detected with as low an error probability as possible at the receiver 

end with a given SNR [13] [68].
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As the error probability of a system is a  function of in the presence of additive white 

Gaussian noise (AWGN), is the one parameter which simplifies the  search for reliable 

data  communication systems. In other words, is the appropriate criterion of the error 

probability [72] [73] [76]. Throughout the study it is assumed th a t th is  parameter is also 

a  criterion of the error probability in the presence of frequency selective Rayleigh fading 

channels, though it is not the only appropriate criterion. This will be proved in the forth­

coming sections. The free Euclidean distance for DPM is the smallest distance between 

all possible pairs of signals where the phase trajectories of these signals differ only over a 

finite interval of time. The distance between two DPM signals Sm( t)  and 5m»(t) over the 

interval [(n — 1)T„ nT,\ can be derived. Recalling the form of DPM signals from Chapter 2:

Where </>„(!) is the time varying phase of the DPM signal, n =  1 ,2 , . . . .  According to the 

definition of the distance given in equation (2.1) and assuming wc is much greater then 

1 /T„ then

Sm(t) = y/2E JT .cos(  tnc(<) +  * i( i))

Sm'(t) =  s/2EJT.cos(wc(t) + <h(t))

+COS(<t>m(t) -  <l>m'(t))]dt
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cos(2wct +  <t>m(t) +  <j>m'(t))dt
rnT.

= 2E , -  2E ./T ,  /
J{n-\)T.

- 2 E J T .  r T' cos(d>m(t) -  <t>m'(t))d t  
J(n-\)T.

(5.1)

The first integral is negligible relative to the second integral (when the carrier frequency 

wc is much greater than 1 /T„ giving

D2m<m.(Sm( t) ,S m.(t)) = 2£ .(1  -  1/T.) j T T' )r cos(<t>m( t)  -

= 2 E ./T , f nT‘ (1 -  cosA^i))«** (5.2)

where

A # l )  =  < M ') - « m ’« )  (5-3)

The squared Euclidean distance normalised by bit energy is [65] [66] [68]:

<&,m' =  D3m<m./2 E h (5.4)

where Et, is the bit energy. The normalisation of the Euclidean distance is necessary for 

the comparison of systems having different M’s.

Using equation (5.2), equation (5.4) becomes:

= M /T . r T'  (i-coaA<H t))dt = 2iog1M /T . f " T'  . in 1[A*<l)/2]<<l (5.5)
’ J ( n - \ ) T ,  J ( n —l ) T t

where E , = £(,log2 M .

The squared Euclidean distance, the distance between two signals, normalised by bit

energy for partial response DPM system is:



d] (5.6)
Nt  /  h /n j

m,m' = 1o82 sin2 I 1/2 j  7mm',i9n-ii)
n=o \  <-l(»-K-i)/nJ

where ATy is the length of the observation interval, [ i j  denotes the integer part of x, and 

7mm',i are the difference sequences between two data sequences which are:

7mm',. =  (<*m,. -  <*m',.) (5.7)

where «/„ are the filter coefficients, and r? is the integer between the signalling interval T  

and the duration D of each element in the digital filter, and is known as the oversampling 

ratio.

To calculate d£,tn the difference sequences should be in the form:

7,- =  0, fo r  * < 0

7o = ±2, ±4 , ± 6 . .  .2(A/ — 1), (5.8)

7, =  0 ,± 2 ,± 4 ,± 6 .. .2 (A / -  1), fo r  » * 1 ,2 .. .A T t - 1

The first symbol of difference sequences for time instant i =  0 m ust not be zero [68]. 

T hat is the condition of a  merge. As the cosine function is an even function, it is suffi­

cient to  consider just the positive part of the first symbol in the difference sequences. To 

find the free Euclidean distance the observation interval length should be infinitely long. 

The Euclidean distance corresponding to all phase trajectories over an infinitely long N j  

symbol interval is first found according to equation 5.6. The distance corresponding to 

the one having the smallest distance is taken as the free Euclidean distance. To find the 

upper bound on just a  few pairs of infinitely long sequences can be considered over 

observation interval length Nr- Suitable candidates for these infinitely long pairs are the 

pairs that diverge at the same stage and merge as soon as possible after one time interval. 

The time instant they first merge will be called JV,-. At the time intervals after Ni they 

have the same phase. Such merges certainly occur. It is easy to  consider this kind of 

pairs, because the observation interval length is now finite. There is no need to consider 

the time instants after Ni, a t which the difference between pairs always zero. It means
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no effect on changing the Euclidean distance.

For partial response DPM signals, the  first time instant for these two pairs to merge is 

t =  LTa. This is known as the first merge. At t =  (L  +  1 )T, the second merge may 

occur. For L-SP DPM the upper bound of the free Euclidean distance does not decrease 

significantly as the number of merges extends above L. For the case of 3-SP DPM, three 

merges were considered. For the first merge, the corresponding normalised Euclidean 

distances for different sequence pairs are computed and the one giving the minimum value 

is recorded. The same computations were carried out for the second and th ird  merge. Next, 

the minimum value of these three values is chosen as an upper bound on the minimum 

Euclidean distance (free Euclidean distance), for given modulation indices (h). In the 

following two sections the upper bounds on the minimum Euclidean distance are derived 

for binary and 4-level 3-SP DPM using techniques in [64], [65], [72], [73].

F in d in g  th e  u p p e r bounds for b in a ry  3-SP D P M

The difference sequences to obtain the  first three merges have been found. If i is the time 

interval, then the first, second and the third merges can be obtained when the differences

are:

For the first merge:

0, if » < 0

2, if f  =  0

0, if i  =  1

- 2 , if t  =  2

0 , if * >  2

First the squared Euclidean distances corresponding to these difference sequences above 

are found, by using equation (5.6). The one having minimum distance is chosen as an 

upper bound for the first merge and stored in memory. This has been done for all modu­

lation indices between 0.05 and 1.45 in steps of 0.05.

For the second merge:
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o, If i < 0

2, if i =  0

a ,  if i =  1

o, if i =  2

—o , if i =  3

0, if i > 3

where a  € {0, ±2}. 

For the third merge:

0, if * < 0

2, if i = 0

a, if i =  1

0, if t =  2

0, if t =  3

0, if i =  4

0, if * > 4

where a  € {0, ±2}.

0, if » <  0

2, if » =  0

o, if 1 = 1

0. if t =  2

0, if i - 3

0, if i =  4

0, if * > 4

where (3 € {±2}.

The upper bounds for the second and third merges are also found and stored in mem­

ory. The minimum of these three values is chosen as an upper bound on dj,in for given
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Figure 5.1: The upper bound on for binary 3-SP DPM

modulation indices. Even the Euclidean distance is a  non-decreasing function of the obser­

vation interval [64][65]; for some modulation indices, the Euclidean distance, corresponding 

to higher merges, might be smaller then the Euclidean distance corresponding to lower 

merges. That is the reason for considering more than one merge. In Fig. 5.1 the normal­

ized upper bounds on are shown for different h values. These can be seen in Table 

5.1 as well.

F inding  th e  u p p e r  bounds for 4-level 3-SP D P M

The difference sequences to obtain these merges have been evaluated. If i is the time 

interval, then the first merge can be obtained when the difference sequences are:

o, if »<  0

o , if i = 0

0, if i = 1

- a ,  if t = 2

o, if i>  2
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where a  € {2,4,6}.

The second merge can be obtained when the difference sequences are:

0, if » < 0

2 ,4 ,6 if • = 0

a , if «=  1

0, if » = 2

—a , if » = 3

0, if i > 3

where a  € {0,2,4,6}.

The third merge can be obtained when the difference sequences are:

0, if i <  0

2 ,4 ,6 if « = 0

/?, if i = 1

a , if i = 2

0, if »=  3

—a , if i = 4

0, if * > 4

where a  € {0,2,4,6} and /? € {±2, ±4, ±6}.

As for the binary case, using equation (5.6), the  squared Euclidean distances correspond­

ing to difference sequences are first derived for the first merge above. The distance having 

the minimum value is chosen as an upper bound for the first merge, as a  function of the 

modulation indices. Then the computation is made for the second and third merges. The 

smallest value of these three values is chosen as an upper bound on the minimum Eu­

clidean distance for different h values. In fig. 5.2 the normalized upper bounds on
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Binary 3-SP DPM 4-level S-SP DPM

h ■M *)’
0.05 0.008 0.037

0.10 0.033 0.148

0.15 0.074 0.330

0.20 0.131 0.579

0.25 0.203 0.891

0.30 0.290 1.257

0.35 0.390 1.671

0.40 0.503 2.123

0.45 0.628 2.431

0.50 0.764 1.925

0.55 0.909 1.544

0.60 1.061 0.866

0.65 1.221 0.893

0.70 1.385 1.016

0.75 1.553 1.925

0.80 1.723 1.024

0.85 1.893 0.607

0.90 2.063 0.532

0.95 2.230 0.920

1.00 2.394 0.835

1.05 2.100 1.133

1.10 1.912 1.943

1.15 1.846 1.103

1.20 1.912 0.478

1.25 2.109 0.928

1.30 2.424 0.185

1.35 2.838 0.858

1.40 3.309 2.180

1.45 3.153 2.057

Table 5.1: Upper bounds on dj,,-n(h) for uncoded binary and 4-level 3-SP DPM.
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The upper bound for 4-level 3-SP DPM

I

1.6

Figure 5.2: The upper bound on d*,in for 4-level 3-SP DPM 

are shown for different modulation indices, and M=4. These also can be seen in Table 5.1.

A  modified algorithm  to  com p u te the free Euclidean distances

An algorithm developed by Aulin [64] [65] has been modified in order to  evaluate dj,,n of 

partial response DPM signals. Using this algorithm, the growth of the Euclidean distance 

with incremental observation interval length is observed.

The squared Euclidean distances for DPM signals are additive, as for a  CPM  system [65]. 

T hat means when the Euclidean distance is calculated for the N  th  observation inter­

val (01), the Euclidean distance for the (IV +  1) th  observation interval is the  Euclidean 

distance corresponding to the N th  symbol interval, plus the distance for the last time 

interval. That is clear from the expression of the normalized squared Euclidean distance 

which is:
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where

AM-1 / N
^ ,m '( “ W+l'k) =  dm,m (<**»*) +  log2 A/2 £  Sin2 I 1/2 £  7i9N-i

n m N  \  im { n - L + l)

To calculate in a  conventional m ethod, (Af — 1)(2M — l ) ^ -1 difference sequences 

should be considered [64] [65]. It is seen th a t when the observation interval length grows 

the number of calculations required grows exponentially. The algorithm developed by 

Aulin [64] [65] deals with this problem. The required number of calculations grows lin­

early with N .

The basic principle of the algorithm is not to consider all the difference sequences defined 

by equation (5.8). The idea is to compare the Euclidean distance corresponding to the 

first 01 length with the upper bound for a  given value of h. If the calculated distance is 

larger than d lp(h) then this first value of the difference sequnce will never be used again 

[65]. In other words any subtree having this value as a  first value will never be consid­

ered again when finding the Euclidean distance for the next observation interval. The 

Euclidean distance for the  next 01 length will be calculated using 70, 71 . .  .7 0 /-1  values 

whose corresponding distances do not exceed the upper bound. The subtrees are contin­

uously deleted up to the maximum observation interval length (O Imax).

The flowchart for this algorithm is illustated in Fig. 5.3.
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E
Figure 5.3a:The flowchart of the algorithm used to find dmin(^)
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Figure 5.3b:Continued from Fig.5.3a



dmin.OI(h) growth for binary 3-SP DPM

Figure 5.4: The growth of Euclidean distance with observation interval length for binary 

3-SP DPM

T h e num erical results on free Euclidean distance

In this part of the thesis, the free Euclidean distances for partial responce 3-SP DPM 

signals have been evaluated using the computer simulated algorithm. The computations 

have been performed for binary and 4-level cases, varying the modulation index h from

0.05 to 1.45, in steps of 0.05. Meanwhile the study is carried out to observe how the 

Euclidean distance grows with the observation interval length (01). The 01 lengths which 

give the free Euclidean distances are also found. Table 5.2 shows the values of d£,in and 

corresponding observation interval lengths for binary and 4-level 3-SP DPM. The shown 

in this Table means that corresponding to this 01 length is not the upper bound. If 

the OI length is increased it might reach the upper bound.

Fig. 5.4 shows the growth of normalized squared Euclidean distances for binary 3-SP 

DPM and given h values. The upper bound on is shown with dashed line. As is seen 

in Fig. 5.4, the normalized squared Euclidean distance corresponding to 01=4 is poor for



Binary S-SP DPM 4-level S-SP DPM

h <Pmin 01 Length OI Length

0.05 0.008 3 0.037 3

0.10 0.033 3 0.148 8

0.15 0.074 6 0.330 8

0.20 0.131 6 0.579 8

0.25 0.203 6 0.891 15

0.30 0.290 6 1.257 35

0.35 0.390 6 0.676 *40

0.40 0.503 6 1.123 *40

0.45 0.628 6 1.342 *40

0.50 0.764 6 1.563 *40

0.55 0.909 6 1.544 40

0.60 1.061 6 0.866 8

0.65 1.221 8 0.893 8

0.70 1.385 8 1.016 14

0.75 1.553 8 1.925 35

0.80 1.723 8 0.874 *40

0.85 1.893 25 0.230 *40

0.90 2.063 8 0.532 30

0.95 2.230 8 0.920 8

1.00 2.394 8 0.835 8

1.05 2.100 15 1.133 40

1.10 1.912 40 1.943 40

1.15 0.374 *50 1.103 40

1.20 0.488 *50 0.478 2

1.25 2.109 40 0.928 8

1.30 2.424 20 0.185 12

1.35 2.838 15 0.858 40

1.40 3.309 8 2.180 30

1.45 3.153 8 2.057 30

Table 5.2: djnin and corresponding observation interval lengths for binary and 4-level 3-SP

DPM. 100



dinin.OI(h) growth for 4-level 3-SP DPM

Figure 5.5: The growth of Euclidean distance with obsevation interval length for 4-level 

3-SP DPM

almost all modulation indices. But increasing the 01 length to  8 increases this distance 

significantly. It reaches the upper bound for almost every modulation index, except in the 

region 1 <  h < 1.35. For the 01 length equal to 20, this region becomes narrower. For 

h = 1.17, increasing the 01 length does not have the effect of increasing the Euclidean 

distance. When this happens the modulation index is called a  weak modulation index. It 

occurs when [60]
N- 1
Y , d i  = n*  n =  1 ,2 ,3 . ..
1=0

where d, is as in Equation 2.28

Fig. 5.5 shows the growth of the Euclidean distance with the observation interval length 

for 4-level 3-SP DPM signals. For some modulation indices the upper bound cannot be 

reached. These are, 0.35 < h < 0.50 and h = 0.80,0.85.

For the binary 3-SP DPM system, the maximum value of the minimum Euclidean distance 

is 3.309 when h = 1.40 and O I  = 8. For small modulation indices, the 01 lengths which 

reach the upper bounds (</£,,) are smaller then OI lengths which are needed to reach the 

upper bounds for high modulation indices, except for a few modulation indices. For ex-
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ample, the case of h = 0.85. The upper bounds on free Euclidean distance are not reached 

for some modulation indices and for a given finite number of observation intervals. These 

are h = 1.15 and 1.20, and 01=50. The upper bounds corresponding to these modulation 

indices are 1.846 and 1.912 (see Table 5.1), but the corresponding free Euclidean distances 

are 0.374 and 0.488 (see Table 5.2), respectively. If the 01 length is increased then the 

normalized squared Euclidean distances might increase. 01 lengths of more than 50 are 

not considered.

For the 4-level 3-SP DPM system, the maximum value of the minimum Euclidean distance 

is 2.180 when h = 1.40 and 0 1  = 30. This can be seen from Table 5.2. The upper bounds 

on free Euclidean distance are not reached for some modulation indices and for a given 

finite number of observation intervals. These are h = 0.35,0.40,045,0.50,0.80 and  0.85, 

and 0 1  = 40. The upper bounds corresponding to these modulation indices are 1.671,

2.123, 2.431, 1.925, 1.024, and 0.607 but the free Euclidean distances obtained are 0.676,

1.123, 1.342, 1.563, 0.874, and 0.230, respectively. If the 01 length is increased then the 

Euclidean distances increase. The 01 lengths of more than 40 is not considered. For some 

modulation indices the OI lengths which reach the upper bounds are extremely large. 

These are h = 0.30, 0.55 and the h values between 1.05 and 1.15. These modulation 

indices must be avoided.

The main conclusion concerning these results is that, for both binary and 4-level 3-SP 

DPM, increasing the observation interval length increases except for weak modula­

tion indices. Moreover, increasing the modulation index up to a  certain value also increases 

however the required OI length increases. This can be seen from Table 5.2. Corre­

sponding to modulation indices between 0.05 < h < 0.55 for the 4-level case, is

larger then d^,in(/i) for the binary case. But as it can be seen from Table 5.2 the required 

OI lengths arc larger too.

5.2.2 Pow er sp ectra l d en sity  and band w idth

The most important parameter to consider apart from the minimum Euclidean distance 

is the power spectral density of the signal [68)[74]. The power spectra of partial response 

DPM signals can be obtained by numerical calculations using formulae in [60]. The corn-
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The power spectrum is the Fourier transform of the autocorrelation function of 3-SP DPM 

signal, which is [60]:

n-t U*+")/*>J lofc(M)-I
Kn = V ~ 'Y l  I I  n  '»•(I'llr+in -  9,+™-«)) (5.9)

p = 0 1=0 (=0

where the symbol [A’J denotes the integer part of X. f (- = 0, i f  * €  [0 ,1 . . . , ( K  — 1)]. 

The oversampling ratio is chosen to be 8. In other words, the complex envelope 

has been sampled eight times per symbol interval, and K  = 24.

The autocorrelation values corresponding to n > K  will be [60]:

puter calculations are performed for binary and 4-level 3-SP DPM and given h values.

RfC+m — RK+m+iri (5.10)

where m, * > 0.

That means Rk  is periodic for multiples of r). This causes spectral lines at multiple fre­

quencies of the symbol rate [60]. Thus the power spectrum of DPM signal consists of two 

parts: a continuous and a discrete part. In the thesis the continuous part of the spectrum 

is considered, which is:

p+nri R ,+ J » V o a [ ( R ,+ n „ ) D w ] (5.11)

where J  = [K/rj] =  3.

The power spectrum of partial response DPM signal is:

S(w) = D[sin(Dw/2)/(Dw/2)\*Se(w )  (5.12)

Fig. 5.6 and Fig. 5.7 show the power spectra of binary and 4-level 3-SP DPM systems 

corresponding to certain modulation indices. The frequency is normalised with bit rate
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Power «pectrum of binary 3-SP DPM

Figure 5.6: Power spectrum of binary 3-SP DPM signal

Power ipectrum of 4-level 3-SP DPM

Figure 5.7: Power spectrum of 4-level 3-SP DPM signal
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1/lfc, where T, =  Tj,log2(M ). As it is seen in these figures, the main lobe and sidelobes 

of the power spectrum get broader by increasing the modulation index.

To reduce the amount of the sidelobes, a large value of q and K  must be chosen [60].

The bandwidth is defined as the range of frequencies containing some fixed percentage 

of the to ta l signal power. This percentage will be 99% in this thesis. The normalised 

bandwidth (BggTb) contains 99% of the total power.

The bandwidth for binary and 4-level 3-SP DPM schemes are given in Table 5.3. It is 

obvious th a t  the required bandwidth is dependent on the modulation index. Increasing 

the modulation index increases the bandwidth of the signal. Thus for 4-level case, the 

required bandwidth for modulation indices larger than 0.65 are not evaluated. The values 

t) and K  can effect the bandwidth as well. Larger values of ij and K  can reduce the 

required bandwidth [60].

For small modulation indices, the required bandwidth for a 4-level 3-SP DPM signal is 

smaller than  for a binary 3-SP DPM signal.

5.3 A  rece iv er  stru c tu re  for 3 -S P  D P M  sign a ls in m o b ile  rad io  c h a n n e l

In this section, a receiver structure is described for demodulating partial response DPM 

signals in the presence of frequency selective Rayleigh channel .

The receiver, shown in Fig.5.8, consists of two principal components:

1. An integration of the optimum coherent maximum likelihood sequence estimator 

(MLSE), which is called the optimum Viterbi algorithm, with a  decision feedback 

equaliser.

2. A channel estimator.

Optimum Viterbi Algorithm: The maximum likelihood sequence estimation algorithm prin­

cipally correlates all possible data sequences which could have been transmitted with re­

ceived d a ta  sequences at every symbol time interval. It is done by computation of a
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r Binary S-SP DPM 4-level S-SP DPM

h BggTb B&>Tb

0.05 0.96 0.48

0.10 0.96 0.52

0.15 0.96 0.60

0.20 1.00 0.68

0.25 1.00 0.78

0.30 1.04 0.88

0.35 1.04 1.00

0.40 1.08 1.12

0.45 1.12 1.26

0.50 1.16 1.40

0.55 1.20 1.56

0.60 1.24 1.74

0.65 1.28 2.02

0.70 1.36

0.75 1.40

0.80 1.44

0.85 1.48

0.90 1.52

0.95 1.56

1.00 1.64

1.05 1.68

1.10 1.72

1 - 1.72

1.20 1.76

1.25 1.80

1.30 1.84

1.35 1.88

1.40 1.92

1.45 2.00

Table 5.3: The normalised bandwidth (B ^Tb)  for binary and 4-lcvel 3-SP DPM signals
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Figure 5.8: The receiver structure of partial response DPM signals
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weighting parameter, called the metric, and then selecting the sequence having the high­

est metric [72] [74].

The Viterbi algorithm with M L matched filters is shown in Fig. 5.9. The outputs of these 

filters are sampled once every symbol interval. The metrics or, in other words, the decision 

variables are computed for MLSE.

The MLSE receiving can be obtained by maximising the log likelihood function [65], which

is:

Sequence a ' is the maximum likelihood sequence estimate and (Pr(i) |o /) is the probability 

density function for the received signal. The maximisation of equation (5.13) is equivalent 

to the maximisation of the correlation [68]:

This means that each received signal is correlated with all possible transmitted signals. 

The sequence a ' which maximises this equation is chosen first. The oldest symbol of this 

sequence is chosen as an estimated symbol which is then converted to the message bit. 

Because equation (5.14) is not a feasible structure in practice this equation is defined [68]

(5.13)

J (o ')»  i ° °  r(t)s(t,a ')d t 
J — 00

(5.14)

(5.15)

Thus it can be written as:

• M « 0 -  J n- l(0 ')+ Z » (0 ') (5.16)

where

108



r(n+ l )T
Z n(a ') = J  T r(i)cos[w0t +  <M,t, a  )]dt (5.17)

Metric Z „(a ')  is the correlation between the received signal and an estimated signal over 

the n th symbol interval. First the metric Z„(a ')  is calculated and then added to  J n(o ')  

recursively.

If the received signals quadrature components are I '(t)  and Q'(t) then the equation (5.17) 

becomes:

r(»+i)7 ,
Zn(a  ) = JnT I  (t)cos[4>(t,at)\dt

/■(n+i )T  é

VJ t  i? ( ()J ' nW i. 0 P (5.18)

For DPM signals this is equal to M L baseband filters with the impulse response:

hcj(nD) = c o * ( Z t -  *)T -  nD )), for 

0, for

0 < nD  < T

nD > T  or nD  < 0

h .j(n D ) =
a¿j9((l -  i)T  -  nD)), for 

0, for

0 < n D  < T

nD > T  or nD  < 0
(5.19)

where j  =  1 ,2 ,.. .M L and T  = q D

At the output of the filters the following metrics will be produced:

l /T  J *  e o . ( m -  +,(>))<!< (5.20)
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where <£(i) is the phase of the received signal and <t>j(t) is the phase corresponding to  the 

filter j .  The matched filters can be presented in the way shown in Fig. 5.9.

In the Viterbi algorithm, the sequence that has the largest metrics up to the Nt  th symbol 

interval is selected as the detected sequence. At that time a hard decision is made on a 

received signal. The total number of states in the Viterbi algorithm is S  =

Up to now the section of the receiver involving the Viterbi algorithm is explained. The 

other section is the equaliser, which is presented in detail in chapter 4. The receiver works 

as follows: While the Viterbi Algorithm removes the intersymbol interference introduced 

by the partial response DPM modulator, the feedforward and feedback section of the 

Viterbi decision feedback equaliser (VDFE) are used to remove the channel intersymbol 

interference. As shown in Fig.5.8, both parts consist of a finite impulse response filter 

(FIR ), and their respective outputs are added to each other to form the equaliser output 

before processing by the Viterbi algorithm . The FIR coefficients of the equalisers are 

computed by the channel estim ator (for more details on the channel estimator see Chap­

ter 3) using the training sequence at each time slot.

5.4 P erform an ce  s tu d ie s  o f  th e  sch em e

The total transmission system, as it has been simulated, is shown in Fig. 5.10, of which 

the receiver concept has already been described in the previous section.

The coefficients of the pulse shaping filter which are used in modulator are chosen ac­

cording to equation (2.31). For each different modulation index, h, there are different 

coefficients.

The fading channel in this study has a multipath spread T \i  which spans four symbol 

intervals. The fading channel is modelled by a  transversal filter with four taps and a 

memory of 3 symbols (see Fig.5.11). Each tap  in the transversal filter has a  Rayleigh 

distributed magnitude, and a  uniformly distributed phase, white Gaussian noise is then 

added to the output signal of this filter. More details on the mobile channel can be found 

in chapter 3.
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Figure 5.9: Matched filter section of the partial response DPM receiver
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Figure 5.11: The discrete time model of the frequency selective Rayleigh fading channel
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The decision depth length of the Viterbi algorithm is the observation interval length which 

gives d^nin of the combined system. For different combination of modulation index and 

M-level modulator, the observation interval length which gives might be different. 

The 01 lengths which give djt»,n for both binary and 4-level cases are shown in Table 5.2.

5.4.1 B it  error ra te  (B E R ) ca lcu la tion

The minimum number of bits which must be sent to  perform the BER of a  system is pro­

vided from [75]. This amount depends on the expected BER. In a particular simulation 

run the required number of bits is 100 times the reciprocal of the error rate [75]. In other 

words, in order to measure an average probability of bit error as low as 10- 3 , the required 

number of transmitted bits must be at least as large as 105.

BER calculation for binary 3-SP  P P M  signals

For binary 3-SP DPM schemes with different modulation indices, the plot of BER vs. 

S /N  under frequency selective Rayleigh fading channel is shown in Fig. 5.12. The cases 

of h=0.50 and 1.00 are considered. As it can be seen from Table 5.2, the values of d^,,n for 

these modulation indices arc 0.764 and 2.394, respectively. As it is seen in Fig 5.12, the 

BER corresponding to the binary scheme with h =  1.00 is lower than the schemes with 

h = 0.5, for all observed signal/noise (S/N) ratios. This means increasing </£,,„ decreases 

the BER of the system. Studying the BER of 10-3 , which is the acceptable BER amount 

in speech transmission, shows that, for binary 3-SP DPM, the system with modulation 

index h=1.00 is more power efficient (about 3.5 dB) than the system with h=0.50.

BER calculation for 4-level 3-SP DPM  signals

The variation of BER with S /N  ratio under frequency selective Rayleigh fading channel, 

for 4-level 3-SP DPM schemes with different modulation indices, is shown in Fig. 5.13. 

The cases of h=0.15, 0.45 and 0.50 are considered. As it can be seen from Table 5.2, the 

d2min values for these modulation indices are 0.33, 1.342 and 1.563 respectively. Fig 5.13 

shows th a t, as for the binary case, increasing </*,,„ decreases the BER of the system. An 

examination of the BER of 10-25 shows that for 4-level 3-SP DPM system with modulation 

index h=0.50 is more power efficient (about 6 dB) than the system with h=0.15. The one 

with modulation index h=0.50 is better than the one with h=0.45 (about 0.3 dB).
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The  B E R  performance of binary 3 -S P  D P M

Figure 5.12: The BER performance of binary 3-SP DPM for the FSRF channel

The  B E R  performance of 4-level 3 - S P  D P M

Figure 5.13: The BER performance of 4-level 3-SP DPM for the FSRF channel
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Figure 5.14: The power-bandwidth efficiency of binary and 4-level 3-SP DPM signals 

5.5 C o n c lu s io n

In this chapter the free Euclidean distance and spectral properties of partial response 

binary and 4-level 3-SP DPM signals have been analysed. The required bandwidths of 

these signals have been evaluated for given modulation indices. The power-bandwidth 

efficiencies of these systems are illustrated in Fig. 5.14.

The free Euclidean distances corresponding to different 3-SP DPM schemes with a  differ­

ent modulation index have been investigated. The observation interval lengths which give 

^mtn are found. In fact this length is the decision depth length of the Viterbi algorithm 

which is used in the receiver section. A receiver structure to  recover the transmitted data, 

corrupted by the frequency selectivity Rayleigh fading, is presented. The total transmis­

sion systems for both binary and 4-level 3-SP DPM schemes are simulated. The bit error 

rate (BER) of these schemes is presented.

The results show that increasing the free Euclidean distance of a 3-SP DPM system im­

proves the BER performance. Thus d£,in can be considered as a  criterion of power efficiency 

for 3-SP DPM even under the frequency selective Rayleigh fading channel.

116



C H A PT ER  6

C O M B IN IN G  C O N V O L U T IO N A L  C O D E S  W IT H  D P M

6.1 In trod u ction

Three prevailing requirements in transmission systems are decreasing the power needed 

for reliable transmission, reducing the required bandwidth and using a  modulation tech­

nique which is easy to  implement. For spectrum conservation, the band occupancy of the 

chosen modulation scheme has to be small so that as many channels as possible can be 

transmitted in a  given band. In addition to spectral efficiency, the modulation scheme 

should be power efficient as well. As the available transmitter power is limited, the system 

should be designed to use its power efficiently. Another criterion to be taken into account 

in choosing a modulation scheme for mobile systems is the implementation difficulty.

In this Chapter, the efTects of the coding in improving the power efficiency of partial re­

sponse DPM signals are examined. The main interest is to investigate what improvements 

may be obtained by coding.

A convolutional code is generated by passing the information bit sequence to be trans­

mitted through a  linear finite-state shift register. The purpose of the coding is to gain 

noise immunity, in other words, to minimise the effect of the channel noise. The memory 

introduced by the encoder in the signals can be used by the receiver to improve the bit 

error rate.

Over the last ten years two different classes of coding methods related to the bandwidth 

efficiency have been developed. One of them is the combination of convolutional coding 

with CPM: Trellis coded CPM, which was proposed by Sundberg [64] [65], Aulin [66], 

Anderson [77], and Wilson [70]. The other one is Trellis coded modulation (TCM) com­

bined with PSK pioneered by Ungerboeck [27] [28] [29]. CPM is a constant-amplitude

117



modulation scheme which has a good spectrum efficiency, where there is no need for fur­

ther filtering. The modulation schemes used with TCM by Ungerboeck are M-ary PSK 

or M-ary Quadrature phase shift keying (QPSK). These are not constant envelope signals 

and the spectral efficiency is obtained by post filtering. Because partial response DPM is 

a constant-amplitude modulation scheme, it is in the first classes mentioned above.

The main interest of this study is to find the best combinations of 1 /2  rate  convolutional 

encoder, mapping rule and partial response DPM modulator (binary and 4-level) for given 

memory length and modulation index. The type o f convolutional encoders which are con­

sidered are o f short constraint lengths. The constraint length (or memory length) v varies 

from 1 to  3. The binary mapping rule is used for the binary case, and 2 different mapping 

rules are used for the 4-level case. The modulation index is between 0.05 < h < 1.20.

The error probability of a  system, in an additive white Gaussian noise channel, is a func­

tion of the free squared Euclidean distance [76] [72] [73]. Since the error probability 

decreases with the increase of d ^ tn, the combinations of encoder, mapping rule and mod­

ulator, which maximise d ^ in are investigated for each memory length and modulation 

index. As for any state transition along any DPM sequence transmitted there does not 

exist identical sets of neighbour distances, JV/ree(defined in Chapter 4) are not taken into 

occount. More exact study, as has been suggested in [68] [70] for CPM codes is averaging 

against all transmitted sequences and finding the minimum distance for each one.

The study is carried out to  show how the minimum Euclidean distances grow with the ob­

servation interval (01) length for these combinations. The observation interval lengths for 

which the free Euclidean distance is reached are found for each of the best combinations. 

This length is the decision depth length of the MLSE receiver. A small value of 01 length 

is desirable.

In order to  validate the outcomes of the results found, computer simulation of the whole 

transmission system is performed. Receiver structures are proposed and presented to re­

cover these coded signals under the frequency selective Rayleigh fading channel. The bit 

error rate (BER) performances of coded 4-level 3-SP DPM scheme under a frequency se­

lective Rayleigh fading channel are evaluated through the use of computer simulation.
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Section 6.2 presents the system under consideration which consists of a 1/2 convolutional 

encoder, a  mapping rule and a  modulator. In Section 6.3 the upper bounds on free Eu­

clidean distance are discussed. An extended algorithm to compute the free Euclidean 

distances is described in Section 6.4. In Section 6.5 the optimal codes are presented for 

the case of rate 1/2 convolutional encoder combined with the binary partial response DPM 

system. Meanwhile the optimal combinations of encoder, mapping rule and 4-level partied 

response DPM are also presented in the same section. The growth of Euclidean distances 

with the observation interval length is studied in Section 6.6. Section 6.7 presents the 

power spectral density and the bandwidth of these coded signals and discusses the power 

and bandwidth efficiencies of coded 3-SP DPM signals and compares them with those of 

the uncoded cases. In Section 6.8, to  recover these coded signals which are effected by the 

frequency selectivity of a mobile channel, a receiver structure is proposed and presented. 

In Section 6.9, the bit error rate (BER) performances of some coded 4-level 3-SP DPM 

schemes under frequency selective Rayleigh fading channel are evaluated with the use of 

computer simulation. The same section discusses the performance results of uncoded and 

coded schemes. The Chapter is summarised in Section 6.10.

6.2 S y s te m  d escrip tion

The system under consideration is illustrated by the block diagram in Fig. 6.1. It consists 

of a trellis encoder and a partial response DPM modulator. The trellis encoder, as shown 

in Fig. 6.1, combines a convolutional encoder and a  signal mapper. The convolutional 

encoders and the signal mapping rules which are considered will be presented in the fol­

lowing subsections. For information about partial response DPM system, the reader can 

be referred to Section 2.2.3.

6.2.1 R a te  o f  1 /2  co n v o lu tio n a l e n c o d e r s  w ith  short c o n str a in t len g th

The input to the channel encoder is a  sequence of independent équiprobable bits am of 

rate 1/Tj,, while its output is the 2-bit coded word b'm = [6^,6^,] of rate l /T t  where 

T, = log2(A/)7fc. am and 6^(1 < « < 2) take values from the set 0,1. The rate of code Rc, 

is k /n  information bits/coded symbol. Here, the case of k  = 1 and n = 2 is used.
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Figure 6.1: The Block diagram of coded DPM transmitter

One method for describing a  convolutional encoder is to  give its generator matrix. To spec­

ify the generator matrix, a  functionally equivalent representation will be used in which a 

set of vectors is specified, one vector for each of the n modulo-2 adders. A ” 1” in the ith 

position of the vector indicates that the corresponding stage in the shift register is con­

nected to the modulo-2 adder and a  ”0” in a given position indicates that no connection 

exists between that stage and the modulo-2 adder. To be specific, consider the binary 

convolutional encoder with memory length v = 3, and k  = 1, n = 2 (rate of 1 /2), which is 

shown in Fig. 6.2. Since the first and the second stages are connected to the first function 

generator, its matrix is:

J 1 =  |1 1 0 0)

The second function generator is connected to the second and fourth stages. Hence,

S3 =  [0 10 1]

In decimal form, these generators are (12,5). This encoder can be named a (12,5)-encoder, 

with v = 3.

The encoding operation can be written as

m » * 1 . 2 . . .
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where the summations are modulo-2.

The number of encoders to be considered depends on the memory length of the encoder. 

Increasing the memory length increases the number of encoders also. Especially for a  large 

memory length, the  number of encoders is very large. Reducing this number is necessary. 

One way of reducing the number of encoders is to use a  non-catastrophic modulation 

scheme [64] [65] [68] [70]. A modulation scheme is called catastrophic if there exist two 

data symbol sequences with infinite Hamming distance such that the corresponding Eu­

clidean distance in signal space between these two signals is finite. When the convolutional 

encoder is non-catastrophic then the modulation scheme is also non-catastrophic for all 

rational h values [68] [73] [72]. That means it is necessary not to consider catastrophic 

encoders.

Another way to reduce the number of encoders to  be searched is to check the output effect 

of the input bits in the required amount of time. For example, if the memory length of 

an encoder is 2, then (1,3), (1,2), (3,1), and (3,2)-encoders are not appropriate encoders. 

As seen in Fig. 6.3 the first input bit does not effect the first output symbol. For a 

memory length bigger than 2, the number of encoders which are not appropriate is quite 

large. If the first input bit to the encoder does not effect the first output symbol, then the 

first amount of the data difference sequence is zero, which has the effect of decreasing the 

Euclidean distance.

6.2.2 M a p p in g  ru le s

The coded sequence b'm is the input to the mapper. The signal mapper translates the 

sequence b'm into one of the M different symbols am. For the binary case, there is only 

one mapping rule, namely the natural binary mapping rule, which is defined by:

>oS,(M)
« - =  E  (6 1 )

• - 1

For the case of Af =  4, there are M ! = 24 mapping rules. From equation 2.5 it cam be seen 

that if 7 were replaced by -7 the Euclidean distance would be the same i.e. the mapping 

rules can be reduced to  A/!/2 =  12. These are shown in the Table 6.1.
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(12,5)-encoder

Figure 6.2: The (12,5)-convolutionaI encoder with memory length v = 3, and k  = 1, n = 

(ra te  of 1/2)

| Input to the mapper Output symbol (M ap#)

| MSB LSB i la lb lc Id le 2 2a 2b 2c 2d 2 e l
0 0 -3 -3 -3 -3 -3 -3 -1 -1 -1 -1 -1 -i I

0 1 -1 1 3 -1 1 3 -3 -3 1 1 3 3
i 0 1 -1 -1 3 3 1 3 1 -3 3 i -3

i i 3 3 1 1 -1 -1 i 3 3 -3 -3

Table 6.1: Mapping rules for 4-level case
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Table 6.2: Mapping rules which are considered for 4-level case

Input to the mapper Output symbol

MSB LSB Map# 1 Map # 2

0 0 -3 -1

0 1 -1 -3

1 0 1 3

1 1 3 1

It can be easily shown that these rules can be reduced to two [66] [70]. There are just 

two, because one encoder with a  mapping rule can be transformed into any encoder with a 

different mapping rule, except these two mapping rules. These rules will be called m ap# 

1 and m ap# 2. These are shown in Table 6.2. The m ap# 1 is the natural binary mapping 

and m ap# 2 is the natural binary mapping rule with LSB complemented.

For example: Suppose we want to transform the (l,6)-encoder with mapping rule m ap# lc  

(see Fig. 6.1) into an encoder with a mapping rule m ap # Id . In other words, we want to 

create a new encoder with mapping rule m ap# Id from the combination of (l,G)-encoder 

and m ap# lc. As shown in Table 6.1, the symbol ”- l ” should be converted to the symbol 

” 1” and the symbol ” 1” to ”- l ” . In other words, the inputs to the mapper, namely the 

coded bits ”11” , should be converted to bits ”01” and ”01” to ” 11” . In Fig. 6.4, it can be 

seen th at the least significant bit (LSB) is used to create the new encoder. If we add the 

LSB of the (l,6)-encoder to the MSB, to  create the most significant bit (MSB) bit of the 

new encoder and leave LSB unchanged for the LSB of the new encoder, the new encoder 

can be created with mapping rule m ap# Id, which is identical to the (l,6)-encoder with 

mapping rule m ap# lc. The new encoder is (7,6)-encoder.

6.3 F in d in g  th e  u p p er b ou n d s on  free E u clid ean  d ista n ce

The squared Euclidean distance, the distance between two signals, normalised by bit 

energy for partial response DPM system is:

NT /  l» /n j \
= lo«2 M2q~l £  “i"* I l / 2 £  7 1  (6-2)

n= 0  \  i=L(n—#C — 1 )/*|J /
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(3,l)-encoder

v- 2  r —/ ^ \  ModulA
'  *  *

o-2 adder

------------------ *  ***

> h 1

—B-H3-

* b  k
>duk>-2 adder

--------------------*  ***

Figure 6.3: Some encoders, which are not considered
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Figure 6.4: Transforming an encoder with a 4-level mapping rule to encoders with different 

mapping rules
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where N t  is the length of the observation interval, [xj denotes the integer part of x, and 

7mm',i is the difference sequence between two data  sequences, which is:

7mm',.’ =  («m,. -  «m \.)
where qn are the filter coefficients, and rj is the integer between the signalling interval T  

and the duration D of each element in the digital filter and is known as the oversampling 

ratio.

To find the upper bound of ,n, just a few pairs of infinitely long sequences can be con­

sidered. Suitable candidates for these infinitely long pairs are the pairs th at diverge at 

the same stage and merge as soon as possible after one time interval. For the coded DPM 

case, the two sequences should, in addition to having the same phase as in the uncoded 

case, also have the same state in the convolutional encoder. Then it can be said that 

they have a  state and phase merge [65]. For partial response modulation scheme it is not 

sufficient to consider ju st the first state and phase merge [68]. For L-SP DPM, the upper 

bound of does not decrease significantly as the number of merges extends above L. 

For our case of 3-SP DPM, three merges were considered.

To produce a  state merge, two data sequences take on the same pairwise values for a 

number of end elements exactly equal to the memory length of the encoder. For the par­

tial response signal (L  >  1) and for the case of v < L, the phase and state merge can be 

produced by adding the same pairwise values for a number of L to  the end of the difference 

sequences. If r  > L, th is number will be v.

For example: Fig 6.5a shows the modulation scheme consisting a  (7,2)-encoder with rate 

of 1/2, and memory length v = 2, a  mapper (M ap# 1) and a  4-level 3-SP DPM modulator. 

To find an upper bound corresponding to the first merge a  few pairs of da ta  sequences 

which have phase and state merge can be found. The minimum Euclidean distances cor­

responding to these all pairs are computed first. The smallest distance is considered as 

an upper bound on the  free Euclidean distance. Let assume that the starting states of 

the convolutional encoder are [0, 0]. If the two data sequences are data 1 = { 0 0 0  1 00} 

and data2 = { 1 0 0 1 0  0} then the output of the mapper for the first data  sequence is 

Oj =  {—3, —3, —3, 1, 3, 1} and for the second data sequence is a j  = {1, 3, 1, 1, 3, 1}. 

Fig 6.5b shows that these two signals have a phase and state merge, a t t  =  6T. The
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last state of the encoder is [0, 0]. That means they have a  state and phase merge. The 

difference sequence between these two data sequences is

7  =  «1  -  Q2

=  { -4 , - 6 ,  - 4 ,  0, 0, 0}

The normalized squared minimum Euclidean distance (NSMED) can be derived by using 

equation (6.2) and the 7 -sequence. The N t  in equation (6.2) will be 6. To find an upper 

bound, all NSMED corresponding to all pairs of data sequences which have merge should 

be found. The smallest distance is the upper bound for considered combination of encoder 

and modulator.

For binary 3-SP DPM cases the upper bounds, for each combination of encoder and the 

modulator, have been evaluated. The natural binary mapping rule is used.

The upper bounds for each combination of encoder, mapping rule and 4-level 3-SP DPM 

modulator have been also evaluated. The mapping rules are m ap# 1 and m ap#2.

For both binary and 4-level cases, the memory length of 1 < v < 3, and the modulation 

indices between 0.05 and 1.20, in steps of 0.05 are considered. The computed upper bound 

for each of these combinations are stored in a memory. These will help with finding the 

free Euclidean distances.

6.4 A n e x te n d ed  a lg o r ith m  to  co m p u te  th e  free E u clid ea n  d ista n ce

The algorithm which is used to  find the free Euclidean distance of uncoded 3-SP DPM sys­

tem has been extended to find the free Euclidean distances for coded cases. The flowchart 

of the algorithm is illustrated in Fig. 6.6. The modulation indices between 0.05 and 1.20 

are considered in steps of 0.05. The memory length of the encoder varies from 1 to 3. The 

free Euclidean distance for each combination of encoder, mapping rule, and modulator is 

evaluated using this algorithm.

In the first step, the states of the encoder is set to zero, and the first bit of the first sequence 

to ”1”, and the first bit of the second sequence to ”0”. That is the condition of diverge.
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\72)-enco3e T

Modulo-2 adder

0 -

n~i— f v

Mapper

MapUl

(a)

Figure 6.5: A minimum distance pair: An example to find a state and phase merge

At this stage the observation interval length is equal to  N (The length N which is seen 

in the flowchart equals 2 for the binary case, and 1 for 4-level case). Then the difference 

sequence 7 is computed. After that the  normalized squared minimum Euclidean distance 

corresponding to this sequence is first found using equation (6.2); then this distance is 

compared with the evaluated upper bound, d^p(h), as found in the section above. If this 

distance is smaller than d*p(h) then these data sequences (a})l and Oq j) and the current 

states (sta te] ,s ta te \,. .  .sta te l and s ta te],sta te],. . .state*) are stored, where v is the 

memory length of the encoder. At this time, the d^,,n 0 / (/») corresponding to  the first 

observation interval length is stored.

In the second step, the observation interval length is increased by N. Now there are four 

possible new data pairs. These are (a})1 = 0 a*o l  =  0), (a ^ /  = 0 a ^ j  =  1), (a})l  = 

1 oqj =  0), (oqj = 1 Oq i =  1). These four possible new data  pairs will be used with 

the previous data pairs and states, to  evaluate normalized squared minimum Euclidean 

distance corresponding to  this time interval. The total normalized squared minimum Eu­

clidean distance is
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<D<nT)

Figure 6.5 b: Continued from Figure 6.5 a.
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<*£/(*) =  «%/_•(*) +

where d \(h )  is the normalized squared Euclidean distance corresponding to the time in­

terval ( ( 0 /  — 1 )T < t < (O I)T ). Now, the minimum distance of these two distances 

(dminOl(h) and ¿o /(h)) is chosen as a normalized squared minimum Euclidean distance. 

In the following stage, the comparison between an^ d2p(h) is accomplished. If

^min O /W *s small®1- than or equal to d2p(h ) then this distance and the corresponding data 

and state sequences are saved for the computation of the minimum distance correspond­

ing to the next observation interval length. The minimum of these stored distances is the 

normalized squared minimum Euclidean distance corresponding to 0 I=2N  (</£,,„ 2n )- The 

saved data and state sequences are

(a ^ ,  a2JVI, . . . a tOI and a2N , a2N 2, a2o l )

(state\, s ta te \ , . . .statelv and state2, state2, . .  .stated)

At this stage, loop is compared with 4. If it does not reach 4, then it is increased by 1, 

and the new data (new bits to  the encoder) axOJ and Oq 1 are entered. If loop is already 

4 then the stored sequences are checked. If all the stored sequences are read then the 

corresponding d^,,n( /» ) ,0 / and h are printed. This process continues until d \ in is found. 

When d ^ in OI equals to d„p then the computation finishes. That means =  d^p.

At this time, the corresponding 01 length is noted. If djnin OI does not equal to d2p then 

the process starts from the stage A again.For some modulation indices this distance ( d2p) 

might not be reached by the maximum observed 01 time.
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A

Figure 6.6a:The flowchart of an extended algorithm to compute the free Euclidean distance
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Figure 6.6b Continued from Fig. 6.6a
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6.5 T h e  o p tim a l com b in ation s o f  1 /2  ra te  e n c o d e r , m ap p in g  rule and  

3 -S P  D P M  m od u lator

In this section, the best (optimal) combinations of 1/2 rate convolutional encoder, map­

ping rule and 3-SP DPM modulator (binary and 4-level) are searched forgiven modulation 

indices h and memory length v. To be more specific, the best combination is found for 

every modulation index h and memory length v.

Since the erro r probability of a system is a function of the free Euclidean distance 

the combinations which maximise this distance are investigated. The optimal combination 

will contain the type of the encoder, the mapping rule, corresponding and the 01

length which gives this distance.

6.5.1 T h e  op tim al com b in ation s for b in ary  3 -S P  D P M

The encoders examined were chosen according to the restrictions given in Section 6.2.1. 

Memory lengths between 1 and 3, and modulation indices between 0.05 and 1.20 in steps 

of 0.05, are studied. The mapping rule considered is the natural binary mapping rule given 

in Section 6.2.2.

The optimal combinations are given in Tables 6.3, 6.4 and, 6.5; these consist of the type of 

the encoder, the corresponding d£,in(h) and the 01 length for which = ^up(^)-

For reasons of comparision, d£,in(h ) values for binary uncoded 3-SP DPM are given in 

Table 6.6.

First ¿„ in  0 i(h )  corresponding to all combinations considered for v = l case are found. 

These can be used to find the optimal combinations for a given modulation index. The 

found optim al combinations are shown in Table 6.3. It is found that the (l,2)-encoder is 

the optim al one for modulation indices h < 0.70. One exception is for h=0.55, for which 

the (2,3)-encoder combination is optimal. When the modulation index is greater than 0.75 

the (2,l)-encoder is the best one. The largest d^ ,n found for v = l  is 4.248, when h=1.20. 

The corresponding free Euclidean distance for the uncoded case is 1.912. The increase in 

is more than two times. It is seen from Table 6.3 and Fig. 6.7 that the free Euclidean 

distances corresponding to all modulation indices are significantly increased, when corn-
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pared with uncoded cases.

For memory length v = 2 , the optimal combinations are shown in Table 6.4. It is clear from 

Table 6.4 that the (4,5)-encoder is the optimal one for modulation indices smaller than 

0.80. For modulation indices larger than 0.80, the (4,3)-encoder is optimal; meanwhile the 

(l,6)-encoder is also as good as the (4,3)-encoder for some modulation indices between 

0.80 and 1.20. The largest found, for v=2, is 5.953 when h=1.10. It is increased from 

4.248 (for v = l)  to 5.953. If the memory length v=2 case is compared w ith the v = l  case 

it can be seen th at all the d£,,n(h) values for v=2 case are larger than the values

for the v = l case. This shows that increasing the memory length from 1 to  2 increases the 

coding gain.

For memory length v= 3, the search shows that the (ll,15)-encoder is the optimal one for 

modulation indices h <  0.40. As it is seen in the Table 6.5 the (15,ll)-encoder is the best 

one for modulation indices between 0.45 < h < 0.60. The (13,ll)-encoder is the example 

of best encoder for modulation indices in the interval 0.65 < h  < 0.70. For modulation 

indices between 0.75 — 1.10 and 1.15 — 1.20, the (8,3) and (10,7)-encoders are optimal 

respectively. The largest d*un, for v=3, is 6.632, when h=1.20.

It can be seen from Fig.6.7 and Tables 6.3, 6.4, and 6.5 that for memory length v=3, the 

d^ninih) values are larger than the d ^ in(h) values corresponding to  memory lengths v = l 

and v=2. This means 1/2 rate convolutional encoder with memory length equals to 3 

when combined with binary 3-SP DPM modulator; this combination has the maximum 

^mm(^) f°r every modulation index.

The numerical results show that increasing the memory length increases the coding gain 

for each modulation index considered in this study. As it is seen in Fig. 6.7, combining 

the modulator with ra te  1/2 encoder having memory length of v = l  increases the optimal 

d ^ in significantly when compared with d ^ n for the uncoded case. Increasing the mem­

ory length from 1 to  2 increases the d*,jn significantly as well. Increasing v from 2 to 3 

increases the free Euclidean distances but these increases are not significantly large. It 

means less gain when compared with the gain of increasing the memory length from 1 to 2.
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Coded binary 3-SP DPM (v= l)

h Optimal encoder OI Length

0.05 (1.2) 0.042 6

0.10 (1.2) 0.165 6

0.15 (1.2) 0.362 6

0.20 (1.2) 0.619 6

0.25 (1.2) 0.922 6

0.30 (1,2) 1.252 6

0.35 (1,2) 1.589 6

0.40 (1.2) 1.913 4

0.45 (1.2) 2.206 4

0.50 (1.2) 2.452 4

0.55 (2,3) 2.559 10

0.60 (1.2) 2.761 8

0.65 (1,2) 2.815 6

0.70 (1.2) 2.802 6

0.75 (2,1) 3.031 12

0.80 (2,1) 3.273 12

0.85 (2,1) 3.494 12

0.90 (2,1) 3.690 8

0.95 (2,1) 3.860 8

1.00 (2,1) 4.000 8

1.05 (2,1) 4.109 8

1.10 (2,1) 4.187 90

1.15 (2,1) 4.233 12

1.20 (2,1) 4.248 16

Table 6.3: Optimal combinations of 1/2 rate encoder and binary 3-SP DPM modulator

(v= l)
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Coded binary 3-SP DPM (v=2)

h Optimal encoder <Pmtn OI Length

0.05 (4.5) 0.054 2

0.10 (4,5) 0.214 2

0.15 (4,5) 0.471 2

0.20 (4,5) 0.812 4

0.25 (4,5) 1.219 4

0.30 (4,5) 1.672 4

0.35 (4,5) 2.149 4

0.40 (4,5) 2.628 4

0.45 (4,5) 3.087 6

0.50 (4,5) 3.508 12

0.55 (4,5) 3.876 16

0.60 (4,5) 4.180 16

0.65 (4,5) 4.415 14

0.70 (4,5) 4.581 16

0.75 (4,5) 4.611 18

0.80 (4,3) 4.478 10

0.85 (4,3) 4.806 10

0.90 (6,1), (4,3) 5.106 12-10

0.95 (6,1), (4,3) 5.374 12-10

1.00 (6,1), (4,3) 5.606 12-12

1.05 (4,3) 5.800 12

1.10 (4,3) 5.953 14

1.15 (4,3) 5.870 16

1.20 (6,1) 5.898 24

Table 6.4: Optimal combinations of 1/2 rate encoder and binary 3-SP DPM modulator

(v=2)
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Coded binary 3-SP DPM (v=3)

h Optimal encoder <Pmin 01 Length

0.05 (1 U 5 ) 0.069 2

0.10 (11,15) 0.270 2

0.15 (11,15) 0.593 4

0.20 (11,15) 1.018 4

0.25 (11,15) 1.520 6

0.30 (11,15) 2.071 6

0.35 (11,15) 2.640 6

0.40 (11,15) 3.196 8

0.45 (15,11) 3.718 10

0.50 (15,11) 4.266 10

0.55 (15,11) 4.759 10

0.60 (15,11) 5.089 14

0.65 (13,11) 5.316 18

0.70 (13,11) 5.575 34

0.75 (8,3) 4.751 12

0.80 (8,3) 5.123 12

0.85 (8,3) 5.461 12

0.90 (8,3) 5.758 12

0.95 (8,3) 6.009 12

1.00 (8,3) 6.211 12

1.05 (8,3) 6.362 14

1.10 (8,3) 6.459 16

1.15 (10,7) 6.529 14

1.20 (10,7) 6.632 16

Table 6.5: Optimal combinations of 1/2 rate encoder and binary 3-SP DPM modulator

(v=3)
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Figure 6.7: Optimum d^,n(/i) for coded binary 3-SP DPM 

6.5.2 T h e  o p t im a l  c o m b in a tio n s  fo r  4 -lev e I 3 -S P  D P M

The encoders were chosen according to the restrictions given in Section 6.2.1. The memory 

length between 1 and 3, and modulation indices between 0.05 and 1.00 in steps of 0.05 

are studied. The two mapping rules considered in this search are discussed in detail in 

Section 6.2.2.

The optimal combinations are given in Tables 6.7, 6.8, 6.9 and consist of the type of 

the encoder, the mapping rule, the corresponding d£,,n and the OI length for which 

d ^ in 0 /(/i) = For reasons of com parison, dj*,,-n(/») values for 4-level uncoded 3-SP

DPM are given in Table 6.6.

Fir.tly, 0 l(/») values corresponding to  all combinations considered for the v = l  case 

are found. These can be used to find the optimal combinations for a  given modulation 

index. The optimal combinations found are shown in Table 6.7. For memory length v = l, 

as seen in Table 6.7, the (3,2)-encoder with m ap#  1 is the optimal combination for mod­

ulation indices smaller than 0.45, except for h=0.30 and 0.35, for which the (1,3) and 

(l,2)-encoder8 with m ap# 1 are optimal. When the modulation index is 0.45 or 0.50
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the (l,3)-encoder with m ap# 2 is the best combination. The (l,2)-encoder with m ap#

1 is the optimal combination for modulation indices in the interval 0.55 < h < 0.75, 

except for h =  0.70. For this h value, the (3,l)-encoder with m ap# 2 is the best one. 

Among the considered modulation indices the most convienent combination for h values 

equal to or larger than 0.80 is the (2,3)-encoder with mapping rule m ap# 1. The largest 

^min found, for v = l ,  is 5.697, when h=0.95. It is increased from 0.920 to 5.697. If the 

^min(^) values for the v = l case is compared with the uncoded case, it can be seen that 

all the d^,in(h) values are significantly increased for all modulation indices considered here.

For memory length v=2, the optimal combinations are shown in Table 6.8. It is clear 

from Table 6.8 that the (3,4)-encoder with m ap#  1 is optimal for most of the modulation 

indices smaller than or equal to 0.30, except for h = 15 and 0.20. For these modulation 

indices the (5,2)-encoder with m ap# 1 is optimal. For modulation index h = 0.40 two 

combinations ((1,6) and (4,3)-encoders with same mapping rule: m ap# 1) have the same 

but different observation interval lengths. As the (l,6)-encoder with m ap# 1 has a 

smaller OI length , it can be considered as an optimal one. For modulation indices be­

tween 0.50 and 0.55, 0.60 and 0.65, 0.75 and 0.80, 0.85 and 0.95 the (4,1), (l,6)-encoders 

with m ap#  1, (2,5)-encoder with map# 2, and (4,7)-encoder with m ap#  1 are optimal 

combinations respectively. The largest d£,,-n found, for v=2, is 7.557 when h=0.95. It 

is increased from 5.697 (for v = l)  to 7.557. If the memory length v=2 case is compared 

with v = l case it can be seen that all the d*,,n(h) values for v=2 case are larger than the 

values for the v = l case. This shows th at increasing the memory length from 1 to

2 increases the coding gain.

The optimal encoders have been found, for specific modulation index and for memory 

length v=3. The search shows that the (ll,9)-encoder with m ap# 1 is the optimal one 

for modulation index h = 0.05. As it seen in Table 6.9 the (ll,12)-encoder with m ap# 1 

is the best combination for modulation indices between 0.10 and 0.25. The (ll,2)-encoder 

with mapping rule m ap# 2 is an example of the best encoder for modulation indices in the 

interval 0.35 < h < 0.50. For modulation indices between 0.55 and 0.60, 0.65 and 0.75,the 

(2,ll)-encoder with m ap# 1, and (2,13)-encoder with map# 2, are optimal respectively. 

The largest </£,,„ found, for v=3, is 7.943 when h=0.95. It is increased from 7.557 (for 

v=2) to  7.943.
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Figure 6.8: Optimum dj,in(/i) for coded 4-level 3-SP DPM

It can be seen from Fig.6.8 and Tables 6.7, 6.8, and 6.9 th a t, for memory length v=3, the 

values are larger than the ¿„ .„(h) values corresponding to memory lengths v = l 

and v=2. This means that a 1/2 rate convolutional encoder with memory length equal to 

3, when combined with 4-level 3-SP DPM modulator, has the maximum dm,n(h) f°r every 

modulation index considered in this thesis.

The numerical results show that increasing the memory length increases the coding gain 

for each modulation index considered in this study. As seen in Fig. 6.8, combining the 

modulator with rate 1/2 encoder having memory length of v= l increases the optimal 

^mm significantly when compared with d£,,n for the uncoded case. Increasing the memory 

length from 1 to 2 or from 2 to 3 increases the optimal free Euclidean distances also, but 

the increse is not significant. It mean less gain when compared with the gain going from 

the uncoded case to coded case, with the memory length equal to 1.
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f OT uncoded M-level 3-SP DPM

h Binary 3-SP DPM 4-level S-SP DPM

0.05 0.008 0.037

0.10 0.033 0.148

0.15 0.074 0.330

0.20 0.131 0.579

0.25 0.203 0.891

0.30 0.290 1.257

0.35 0.390 0.676

0.40 0.503 1.123

0.45 0.628 1.342

0.50 0.764 1.563

0.55 0.909 1.544

0.60 1.061 0.866

0.65 1.221 0.893

0.70 1.385 1.016

0.75 1.553 1.925

0.80 1.723 0.874

0.85 1.893 0.230

0.90 2.063 0.532

0.95 2.230 0.920

1.00 2.394 0.835

1.05 2.100 1.133

1.10 1.912 1.943

1.15 0.374 1.103

1.20 0.488 0.478

Table 6.6: d*,in(/») for uncoded binary and 4-level 3-SP DPM.
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Coded 4-level S-SP DPM (v= l)

h Optimal encoder and mapping rule <Pmtn 01 Length

0.05 (3,2), M ap# 1 0.247 2

0.10 (3,2), M ap# 1 0.941 2

0.15 (3,2), M ap# 1 1.957 2

0.20 (3,2), M ap# 1 3.110 4

0.25 (3,2), M ap# 1 4.199 9

0.30 (1,3), M ap# 1 3.760 11

0.35 (1,2), M ap# 1 4.563 4

0.40 (3,2), M ap# 1 4.885 12

0.45 (1,3), M ap# 2 4.593 17

0.50 (1,3), M ap# 2 3.882 7

0.55 (1,2), M ap# 1 3.382 9

0.60 (1,2), M ap# 1 4.015 10

0.65 (1,2), M ap# 1 4.791 10

0.70 (3,1), M ap# 2 4.807 11

0.75 (1,2), M ap# 1 4.182 11

0.80 (2,3), M ap# 1 4.173 63

0.85 (2,3), M ap# 1 4.767 16

0.90 (2,3), M ap# 1 5.336 26

0.95 (2,3), M ap# 1 5.697 12

1.00 (2,3), M ap# 1 5.256 11

Table 6.7: Optimal combinations of 1/2 rate encoder, mapping rule and 4-level 3-SP DPM

modulator (v= l)
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Coded 4-level S-SP DPM (v=2)

h Optimal encoder and mapping rule dmi„ 01 Length

0.05 (3,4), M ap# 1 0.282 9

0.10 (3,4), Map# 1 1.067 8

0.15 (5,2), M ap# 1 2.256 14

0.20 (5,2), M ap# 1 3.797 16

0.25 (3,4), M ap# 1 4.560 3

0.30 (3,4), M ap# 1 4.827 7

0.35 (4,5), M ap# 1 5.436 19

0.40 (1,6), M ap# 1 5.099 17

(4,3), M ap# 1 34

0.45 (3,4), M ap# 1 5.721 15

0.50 (4,1), M ap# 1 6.035 19

0.55 (4,1), M ap# 1 5.816 15

0.60 (1,6), M ap# 1 5.294 17

0.65 (1,6), M ap# 1 5.223 13

0.70 (2,5), M ap# 1 5.336 38

0.75 (2,5), M ap# 2 5.474 39

0.80 (2,5), M ap# 2 5.869 32

0.85 (4,7), M ap# 1 6.136 20

0.90 (4,7), M ap# 1 6.185 21

0.95 (4,7), M ap# 1 7.557 21

1.00 (3,7), M ap# 1 6.964 26

Table 6.8: Optimal combinations of 1/2 rate encoder, mapping rule and 4-level 3-SP DPM

modulator (v=2)
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Coded 4-level 3-SP DPM (v=S)

h Optimal encoder and mapping rule d*min 01 Length

0.05 (11,9), M ap# 1 0.402 17

0.10 (11,12), M ap# 1 1.430 11

0.15 (11,12), M ap# 1 2.933 24

0.20 (11,12), M ap# 1 4.578 33

0.25 (11,12), M ap# 1 5.825 32

0.30 (11,4), M ap# 1 5.787 18

0.35 (11,2), M ap# 1 6.055 21

0.40 (11,2), M ap# 1 6.642 22

0.45 (11,2), M ap# 1 7.037 24

0.50 (11.2), M ap# 1 6.235 16

0.55 (2,11), M ap# 1 5.922 18

0.60 (2,11), M ap# 1 5.936 14

0.65 (2,13), M ap# 1 6.462 19

0.70 (2,13), M ap# 1 6.552 26

0.75 (2,13), M ap# 1 6.371 20

0.80 (2,11), M ap# 1 6.030 65

0.85 (1,15), M ap# 1 7.098 30

0.90 (6,13), M ap# 1 7.327 20

0.95 (11,13), M ap# 1 7.943 19

1.00 (2,11), M ap# 1 7.592 20

Table 6.9: Optimal combinations of 1/2 rate encoder, mapping rule and 4-level 3-SP DPM

modulator (v=3)
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6.6 T h e  m in im u m  E u clid ean  d ista n ce  grow th  w ith  th e  ob serv a tio n  in ter­

val len g th

In this section the normalized squared minimum Euclidean distance (NSMED) growth, 

d2,,-n o /, is presented as a  function of the observation interval (01) length. In the previous 

section the required 01 lengths for optimal combinations are given for both coded binary 

and 4-level cases. These can be seen in Tables 6.3, 6.4, 6.5, 6.7, 6.8, and 6.9. In the 

following two subsections, the growth of ¿£,¿„0/ W*U be presented for some combination 

of encoder, mapping rule and modulator (binary and 4-level 3-SP DPM).

6.6.1 T h e  m in im um  E u clid ean  d ista n ce  grow th for co d ed  b in ary  3-S P  

D P M

Figs. 6.9, 6.10, 6.11 and 6.12 show the growth of Euclidean distances with the observation 

interval length for the combinations of (1,2), (1,3), (2,1) and (2,3)-encoders with binary 

3-SP DPM modulator, respectively. These figures can be helpfull with finding the optimal 

encoder for desired modulation indices. These are for memory length v = l.  For some 

modulation indices the upper bound can not be reached. The normalized squared mini­

mum Euclidean distance growth, f°r the (1,2) and (2,l)-encoder, are given in

Tables 6.10 and 6.11 as a function of 01 length and given modulation indices. For some 

modulation indices the OI lengths which reach the free Euclidean distance are extremely 

large. An example to this is the combination of (2,l)-encoder with binary 3-SP DPM 

modulator, for h=1.10. The required 01 length for this combination is 90.

For memory length v=2, Figs. 6.13, 6.14 and 6.15 show the growth of Euclidean dis­

tances with the observation interval length for some optimal combinations. These are 

(4,5), (6,1) and (4,3)-encoders combined with binary 3-SP DPM modulator, respectively. 

The memory length is 2. As is seen in Table 6.4, for modulation indices h=0.90, 0.95 and 

1.00, two encoders have the same free Euclidean distance. But the OI lengths which give 

these distances are different. For the (6,l)-encoder, this length is 12 for all of them. For 

the (4,3)-encoder, these lengths are 10,10 and 12, respectively. The normalized squared 

minimum Euclidean distance growth for these combinations is given in Table 6.12, as 

a function of observation interval length. The growth of minimum Euclidean distance 

with the observation interval length is different for each combination. The combination of 

(4,3)-encoder with binary 3-SP DPM is seen to be better, because this combination can
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reach the free Euclidean distance with smaller 01 length, except for h=1.00. For this case 

both of them reach the free Euclidean distance with the same OI length. The normalized 

squared minimum Euclidean distance growth, f°r t*ie (4,5)-encoder is given in

Table 6.13 as a function of OI length and given modulation indices. As it is seen in this 

Table, the OI length is related to the amount of For a larger value of d£»n , a  larger 

01 length is required.

For memory length v=3, Fig. 6.16 and 6.17 show the growth of Euclidean distances with 

the observation interval length for some optimal combinations. These obtained combina­

tions are (11,15) and (8,3)-encoders combined with binary 3-SP DPM modulator. The 

memory length is 3. The 01 lengths which give the free Euclidean distances for optimal 

combinations are given in Table 6.5. The normalized squared minimum Euclidean distance 

growth, d£,«n o A h) f°r the (ll>15)-encoder is given in Table 6.14 as a function of 01 length 

and given modulation indices.

The main conclusion concerning these results is that, for binary 3-SP DPM, increasing 

the observation interval length increases dmin.o/ excePt for weak modulation indices. In­

creasing the memory length also increases d^,,n. On the other hand, for some modulation 

indices, the required OI length increases, which has the effect of increasing the system’s 

complexity. This can be seen from Tables 6.3, 6.4 and 6.5. It has been also shown that the 

increase in ¿min depends on the combined system. For some combinations the increase of 

^min with the 01 length is slow e.g for the combination of (6,l)-encoder, and binary 3-SP 

DPM with h=0.90 and v=2, the required 01 length to reach the d£,,n distance of 5.106 is 

a 12 symbol interval. On the other hand, for the combination of (4,3)-encoder, which has 

the same h and v, the required 01 length is 10 symbol interval. This can be seen

from Fig. 6.4 and Table 6.12.
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(1,2)-cncoder (v-1)

Figure 6.9: The NSMED growth with the observation interval length. For (l,2)-encoder 

combined with binary 3-SP DPM modulator

6.6.2 T h e  m in im u m  E u clid ea n  d is ta n ce  grow th for co d ed  4 -lev e l 3 -S P  

D P M

Fig. 6.18 shows the growth of Euclidean distances with the observation interval for the 

combination of (3,2)-encoder, m ap#  1 and 4-level 3-SP DPM modulator, respectively. 

This is the optimal combination for h < 0.25 and memory length v equal to 1. The nor­

malized squared minimum Euclidean distances growth, for the (3,2)-encoder

combined with m ap# 1 is given in Table 6.15 as a function of 01 length and modulation 

index.

For memory length v=2, Fig. 6.19 shows the growth of Euclidean distances with the 

observation interval for an optimal combination, namely (3,4)-encoder with m ap# 1 com­

bined with 4-level 3-SP DPM modulator. The memory length is 2. As it is seen in Table 

6.8, the required 01 lengths -to reach the free Euclidean distances- are increased when 

compared with v = l case. The normalized squared minimum Euclidean distances growth, 

d j,in 0 /(h), for the (3,4)-encoder with m ap# 1 is given in Table 6.16 as a function of 01 

length and modulation index. As it is seen in this Table, the 01 lengths do not grow with
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(l,3)-encoder (v=l)

Figure 6.10: The NSMED growth with the observation interval length. For (l,3)-encoder 

combined with binary 3-SP DPM modulator

(2,l)-ciicoder (v=l)

Figure 6.11: The NSMED growth with the observation interval length. For (2,l)-encoder

combined with binary 3-SP DPM modulator
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(2,3)-cncodcr (v-1)

Figure 6.12: The NSMED growth with the observation interval length. For (2,3)-encoder 

combined with binary 3-SP DPM modulator

II J L n jO lW  l° r tl,e («=‘1

h

01 0.10 0.15 0.40 0.45 0.60

2 0.019 0.041 0.265 0.326 0.516

4 0.144 0.320 1.913 2.206 2.365

6 0.165 0.362 - - 2.652 |

8 -
2.761 ||

Table 6.10: The NSMED growth with the observation interval length. For (l,2)-encoder

combined with binary 3-SP DPM modulator (v = l)
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!°r  <*« (l,t)-tneod 'T  («=!)

A

OI 0.75 0.80 0.85 0.90 0.95 1.00 1.20

2 1.412 1.377 1.313 1.224 1.117 0.995 0.509

4 2.127 2.153 2.309 2.577 2.824 2.524 1.635

6 2.876 2.584 2.644 3.042 3.567 3.335 2.017

8 2.939 2.607 2.944 3.690 3.860 4.000 2.399

10 3.031 3.038 3.279 - - - 2.781

12 - 3.273 3.494 - - - 3.163

14 - - 3.545

16 3.927

18 4.248

Table 6.11: The NSMED growth with the observation interval length. For (l,2)-encoder 

combined with binary 3-SP DPM modulator (v = l)

d2min 0 i(h ) for the (6,1) and (4,3)-encoders (v=2) ||

h=0.90 h=0.95 h=1.00

OI (4,3) (6,1) (4,3) (6,1) (4,3) (6,1)

2 0.407 0.407 0.473 0.473 0.518 0.518

4 0.871 1.861 1.216 1.706 1.329 1.518

6 2.947 2.285 3.239 2.451 3.511 2.400

8 4.400 4.395 4.473 4.473 4.511 4.518

10 5.106 4.819 5.374 5.216 5.511 5.329

- 5.106 5.374 5.606 5.606

Table 6.12: The NSMED growth with the observation interval length for (6,1) and (4,3)-en-

coders combined with binary 3-SP DPM modulator (v=2)
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<Pmin .o iW  f ° r <*' H ,5)-encakr (v= l)

A

01 0.15 0.35 0.45 0.50 0.65 0.70 0.75

2 0.471 0.474 0.603 0.793 0.721 0.446 0.210

4 - 2.149 1.811 1.136 1.835 2.341 2.042

6 - 3.087 2.773 2.341 2.870 3.496

8 - 3.231 3.093 3.280 3.558

10 3.459 3.469 3.712 4.048

12 3.508 3.845 4.143 4.213

14 - 4.415 4.554 4.275

16 - 4.581 4.306

18 - 4.611

Table 6.13: The NSMED growth with the observation interval length. For (4,5)-encoder 

combined with binary 3-SP DPM modulator (v=2)

(4,5)-cncoder v-2)

Figure 6.13: The NSMED growth with the observation interval length. For (4,5)-encoder

combined with binary 3-SP DPM modulator
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(6,1 )-encoder (v=2)

Figure 6.14: The NSMED growth with the observation interval length. For (6,l)-encoder 

combined with b inary  3-SP DPM modulator

(4,3)-encoder (v-2)

Figure 6.15: The NSMED growth with the observation interval length. For (4,3)-encoder

combined with binary  3-SP DPM modulator
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dmin.oi(h) f or the (1 l,15)-encoder (v=S)

h

01 0.10 0.15 0.20 0.25 0.30 0.35 0.40

2 0.270 0.551 0.690 0.683 0.575 0.474 0.475

4 - 0.593 1.018 1.359 1.503 1.667 1.933

6 - - 1.520 2.071 2.640 2.910

8 - - - 3.196

Table 6.14: The NSMED growth with the observation interval length. For (ll,15)-encoder 

combined with binary 3-SP DPM modulator (v=3)

Figure 6.16: The NSMED growth with the observation interval length. For (ll,5)-encoder

combined with binary 3-SP DPM modulator
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(8,3)-encoder (v«3)

Figure 6.17: The NSMED grow th with the observation interval length. For (8,3)-encoder 

combined with binary 3-SP DPM  modulator

the increase of For small value of the required 01 length migth be larger as it 

is seen in Table 6.16.

For memory length v=3, Fig. 6.20 shows the Euclidean distances growth with the ob­

servation interval for the combination of (ll,12)-encoder, m ap# 1 and 4-level 3-SP DPM 

modulator, which is an optimal combination for modulation indices between 0.10 and 0.25. 

The memory length is 3. The normalized squared minimum Euclidean distances growth, 

d£,,n 0 /(h), for the (ll,12)-encoder with m ap# 1 is given in Table 6.17 as a  function of 01 

length and some modulation indices. As it is seen in this Table the growth of minimum 

Euclidean distance with the OI length is very slow. Sometimes increasing the OI length 

does not increase dmin,o/(M- F °r example increasing the OI length from 3 to 4, from 11 

to  12, from 14 to 15, from 18 to  19 etc. does not increases the dllin Ql(h).

The main conclusion concerning these results is th a t, for 4-level 3-SP DPM, increasing 

the observation interval length increases d£,mio / except for weak modulation indices. In­

creasing the memory length also increases d£,,n. On the other hand, for some modulation 

indices, the required 01 length increases, which has the effect of increasing the system’s
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(3,2)-encodef (v«l)

Figure 6.18: The NSMED growth with th e  observation interval length. For the combina­

tion of (3,2)-encoder, m ap# 1 and 4-level 3-SP DPM modulator

complexity. This can be seen from Tables 6.7, 6.8 and 6.9. It has been also shown th at the 

increase in d£,,n depends on the combined system. For some combinations the increase of 

^min w'th  01 length is very slow e.g for the combination of (ll,12)-encoder, M ap# 1, 

and 4-level 3-SP DPM with h=0.20 and  v=3, the required OI length to reach the dj*,,-,, 

distance of 4.578 is 33 symbol intervals (See Table 6.17). On the other hand for the  com­

bination of (2,ll)-encoder, Map# 1 and  4-level 3-SP DPM with h=0.60 and v= 3, which 

has greater d£,,n (5.936), the required O I length is 14 symbol intervals. This can be seen 

from Fig. 6.9 and Table 6.17.

6.7 D erivation  o f  th e  power a n d  b a n d w id th  e ffic ien cy  o f  th e  c o d e d  sy stem

In this thesis, the encoders considered have a rate of 1/2. This means one bit coded into 

two bits. Because the coded scheme has one bit of information per symbol rather than two, 

the required bandwidth can be assessed to  be twice the amount required for the  uncoded 

scheme. Fig. 6.21 shows the power-bandwidth efficiencies of coded and uncoded binary 

and 4-level 3-SP DPM. The bandwidth defined here contains the 99 percent of the total
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(3,4)-«icoder(v=2)

Figure 6.19: The NSMED growth with th e  observation interval length. For the combina­

tion of (3,4)-encoder, m ap# 1 and 4-level 3-SP DPM modulator

<11.12)-encoder(v-3)

Figure 6.20: The NSMED growth with the observation interval length. For the combina­

tion of (ll,12)-encoder, m ap# 1 and 4-level 3-SP DPM modulator
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f ° r the (S.i)-encoder (v= l)

h

01 0.05 0.10 0.15 0.20 0.25 0.40

2 0.247 0.941 1.957 2.675 1.421 1.048

3 - - - 2.688 2.463 1.857

« 3.110 2.525 2.015

5 - 3.346 3.115

6 3.689 3.219

7 3.751 3.271

8 3.864 3.414

9 4.199 3.890

10 - 4.680

11 4.857

12 4.885

Table 6.15: The NSMED growth with the observation interval length. For the combination 

of (3,2)-encoder, m ap# 1 and 4-level 3-SP DPM modulator (v = l)
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‘Pmin.olW f or ,ke (3,4)-encoder (v=!)

h

01 0.05 0.10 0.25 0.30 0.45

2 0.187 0.720 3.400 3.298 1.107

3 0.242 0.938 4.560 3.300 1.113

4 0.247 0.957 4.012 1.836

5 0.247 0.957 4.373 3.044

6 0.257 0.995 4.660 3.542

7 0.266 1.033 4.827 3.542

8 0.276 1.067 - 3.654

9 0.282 - 3.660

10 - 4.383

11 4.941

12 5.053

13 5.059

14 5.688

15 5.721

Table 6.16: The NSMED growth with the observation interval length. For the  combination 

of (3,4)-encoder, m ap# 1 and 4-level 3-SP DPM m odulator (v=2)
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«Ci.x>/(*) t ° r ,h t ( l l . i s j  encoder \

h

OI 0.10 0.15 0.20 0.25

8 1.361 2.394 3.149 3.677

9 1.380 2.437 3.224 3.795

10 1.418 2.522 3.375 4.028

11 1.430 2.565 3.451 4.146

12 - 2.565 3.451 4.146

13 2.607 3.526 4.264

14 2.650 3.602 4.382

15 2.650 3.602 4.382

16 2.719 3.722 4.563

17 2.762 3.798 4.681

18 2.804 3.873 4.799

19 2.804 3.873 4.799

20 2.847 3.949 4.917

21 2.890 4.025 5.035

22 2.890 4.025 5.035

23 2.932 4.100 5.153

24 2.933 4.176 5.371

25 - 4.176 5.371

26 4.252 5.389

27 4.328 5.506

28 4.328 5.506

29 4.403 5.624

30 4.479 5.742

31 4.479 5.742

32 4.555 5.825

33 4.578 -

Table 6.17: The NSMED growth with the observation interval length. For the combination

of (ll,12)-encoder, m ap# 1 and 4-level 3-SP DPM m odulator (v=3)
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Figure 6.21: Power-bandwidth efficiency of coded and uncoded 3-SP DPM schemes (Binary 

and 4-level)

power.

It is obvious from Fig. 6.21 that the coded 3-SP DPM schemes are more power efficient 

th an  the uncoded shemes. Increasing the memory length increases the power efficiecny 

of the coded schemes. It is also shown that some coded schemes provide greater power- 

bandwidth efficiencies than uncoded ones. An example o f  such a scheme is the (11,12)- 

encoder combined with 4-level 3-SP DPM modulation an d  h = 0.15. This scheme has a

2.7 dB better performance and the bandwidth is only 85% of the uncoded 4-level 3-SP 

DPM  scheme with h =  0.50. Another example, the uncoded 4-level 3-SP DPM scheme 

with h=0.5 has a squared free Euclidean distance of 1.563 (1.9 dB), whereas coded 4-level 

scheme with h=0.20 and v=3 having the same bandwidth has a squared free Euclidean 

distance of 4.578 (6.6 dB).
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6.8 A  receiver stru ctu re  for cod ed  3 -S P  D P M  s ig n a ls  in  frequ en cy s e le c ­

t iv e  m ob ile  radio channel

In this section, a receiver structure is proposed for demodulating coded partial response 

DPM signals (See Fig. 6.24) in the presence of frequency selective Rayleigh channel.

The proposed receiver structure is similar to the receiver structu re  proposed for uncoded 

case, which is shown in Fig.5.8. It consists of two principal components:

1. T he integration of the optimum coherent maximum likelihood sequence estimator 

(MLSE) which is called optimum Viterbi algorithm with a  decision feedback equaliser

2. A channel estimator.

The task  of the Viterbi algorithm is the same as for the uncoded DPM system, which is to 

remove the intersymbol interfarence caused by the modulator an d , in addition to that for 

the coded case, to recover the coded data. After a  certain symbol interval, which is called 

decision depth length, a decision maker in the Viterbi algorithm makes a hard decision on 

survived paths. The one having the smallest squared error is chosen, and the first symbol 

of this sequence is the estimated symbol. The constraint length o f  the receiver is, in fact, 

the OI length which gives As shown in Table 6.9, for (ll,12)-encoder with M ap # l

and h  = 0.20, the required OI length is 33 symbol intervals. T h e  number of states to  be 

employed in Viterbi algorithm is seen to be 2v.M L~l = 128 (w hen v=3, M=4 and L=3). 

As all the L symbol sequence outputs of the encoder do not occur, not all of the 128 states 

are encountered. If the starting states of the encoder and partia l response 3-SP DPM 

m odulator (see Fig.6.22) are [00011] then the following states a re  shown in Fig. 6.23. The 

total number of states is 32.

In the  case of coded partial response DPM, The Viterbi algorithm  works as follows:

As it is seen in Fig.6.23 to each state of the Viterbi algorithm , th ere  are two braches which 

correspond to the existing two possible symbols. That makes it necessery to consider 64 

sequences. The 32 paths with the relatively smaller squared erro rs are chosen and stored 

in the  memory. The same computation is done for the next sym bol interval. This procces 

is continued until the time instant is equal to the constraint length. At this time a  hard
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decision is made on one symbol. The first symbol of the surviving sequence having the 

smallest error distance is chosen as an estimated symbol. After that the d a ta  correspond­

ing to this symbol are found. The newest three symbols of this survived sequence with 

smallest error are used as an input to the feedback equalizer, which helps w ith recovering 

the symbols from intersymbol interference introduced by the frequency selective mobile 

radio channel.

The following quantities have to be calculated and updated a t t = kT  for each state:

f \  = Asa,s c(k) = cos(c*°*c -  rk) +  Wta(k -  1)

f 2 = Asb,s c(k) = cos(cJ‘*e -  r fc) +  Wtb(k  -  1) 

where cj“*c and c^6*1 represent the symbols corresponding to the transition from states a 

and b, to the s ta te  c, respectively and Waa(k — 1) is the total accumulated error distance 

corresponding to  the  time instant (k  -  1), and f \  and f 2 are the two m atrix corresponding 

to two different transitions and k is the current time interval.

the one with larger matrix is chosen, and stored as a total accumulated erro r correspond­

ing to state c, i.e.

Wtc(k) = m a * ( / , , /2).

At that time, the  symbol is either caka*c or c£k*e. This symbol is stored in memory as well.

6.9 P e r fo r m a n c e  stu d ies o f  th e  sch em e

The total coded 3-SP DPM transmission system, as has been simulated, is shown in Fig. 

6.24, of which the  receiver concept has already been described in the previous section.

The computer simulatation of the combination of (ll,12)-encoder with M ap #  1 and 4-level 

3-SP DPM is performed for modulation indices equal to 0.15 and 0.20. T he coefficients of 

the pulse shaping filter which are used in modulator are chosen according to  Equation 2.27 

given Chapter 2. For each different modulation index h, there are different coefficients. 

The oversampling ratio is assumed to be 1.
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(1 l,12)-cncoder and mapping rule, Map#l

Figure 6.22: T he block diagram of transmission section of coded partial response DPM 

signals
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The fading channel in this study has a  multipath spread Tm  which spans four symbol 

intervals. The fading channel is modelled by a  transversal filter with four taps and a 

memory of 3 symbols (see Fig.5.11). Each tap in the transversal filter has a Rayleigh 

distributed m agnitude, and uniformly distributed phase. The output signal of this filter 

is then added to a  white Gaussian noise. More details on the mobile channel can be found 

in chapter 3.

The decision depth length of the Viterbi algorithm depends on observation interval length 

of the combined system. For different combination of modulation index, encoder, mapping 

rule and M-level m odulator, the observation interval length which gives </£,,„ might be 

different. The 01 lengths which give </*,,■„ for these combinations are shown in Table 6.9. 

For h = 0.15, the OI length is equal to 24, and for h = 0.20 it is 33 symbol intervals.

6.9.1 B it  erro r  r a te  (B E R ) calcu lation

The minimum num ber of bits which must be sent to perform the BER of a  system is pro­

vided from [75]. T his number depends on the expected BER. In a  particular simulation 

run, a  total of 100 times the reciprocal of the error rate is required [75]. In other words, 

in order to measure an average probability of bit error as low as 10-3 , the number of 

transmitted bits m ust be at least as large as 10s.

B E R  calculation for the combined system :

( ll ,1 2 )-en co d er , M a p #  1 and 4-level 3-SP P P M

The variations of BER with S /N  ratio under frequency selective Rayleigh fading channel, 

for 3-SP DPM schemes and with two different modulation indices, are shown in Fig. 6.25. 

The case of h=0.15 and 0.20 are considered. As can be seen from Table 6.9, d^in values for 

these modulation indices are 2.933 and 4.578 respectively. As is seen in Fig 6.25, increas­

ing decreases the BER of the system. An examination of the BER of 10-3, which is 

the acceptable BER in speech transmission, shows that the scheme with modulation index 

h=0.20 is more power-efficient (about 2.5 dB) than the system with h=0.15.

The BER comparison between a coded and an uncoded 4-level 3-SP DPM  scheme is shown 

in Fig. 6.26. Although both schemes have the same bandwidth, the coded scheme (the
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Figure 6.24: The block diagram of the total simulated system for coded DPM
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B E R  performance of the coded 4-levef 3 -S P  D P M

Figure 6.25: The BER performance of the combination system of (ll,12)-encoder, M ap# 

1 and 4-level 3-SP DPM for the FSRF channel

combination of (ll,12)-encoder, M ap# 1 and 4-level 3-SP DPM modulator with h=0.20) 

is about 1 dB more power-efficient than the uncoded one ( 4-level 3-SP DPM scheme with 

h =  0.50), for bit error probabilities in the range of 10-3.

6.10 C o n clu s io n

In this chapter the free Euclidean distance and spectral properties of the coded partial 

response binary and 4-level 3-SP DPM signals have been analysed for given modulation 

indices. The power-bandwidth efficiencies of these systems are illustrated in Fig. 6.21.

The results show th a t considerable gain can be achieved by coding for both constant en­

velope binary and 4-level 3-SP DPM. It is shown that a  significant increase in d ^ in can be 

obtained with coding. It has been also shown that increasing the memory length of the en­

coder increases di3un but the cost of this, for most of the modulation indices, is an increase 

in the observation interval length. It is shown that for some combination schemes, which 

have the same d ^ in, h,v and modulator, but different encoder, the required 01 length 

to reach the free Euclidean distance is different. These are the combination of (4,3) and
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Figure 6.26: The BER comparison between the coded ((ll,12)-encoder, M ap# 1) and 

uncoded 4-level 3-SP D PM  for the FSRF channel

(6,l)-encoders and binary 3-SP DPM modulator with h=0.90 and 0.95 (See Table 6.12). 

Finally, some coded schemes have been found which provide greater power and bandwidth 

efficiency than the uncoded ones. An example of such a scheme is the (ll,12)-encoder 

combined with 4-level 3-SP DPM modulation and h =  0.15, v  = 3. The d£,,n correspond­

ing to this scheme is 2.933 (4.7 dB). This scheme has a 2.7 dB better performance and the 

bandwidth is only 85% o f the uncoded 4-level 3-SP DPM scheme with h =  0.50. Another 

example can be seen from  Tables Table 6.6 and 6.9. The uncoded 4-DPM with h  =  0.50 

has a  squared minimum distance of 1.563 (1.9 dB), whereas coded 4-DPM with h  = 0.2 

and v =  3 having the same bandwidth has a squared minimum distance of 4.578 (6.6 dB). 

In order to  decode these signals the Viterbi algorithm can be used effectively. However this 

algorithm is more complex than the algorithm used for uncoded cases. These two coded 

schemes with h =  0.15 and h = 0.20, when compared with of 1.8 (2.5 dB) correspond­

ing to GMSK (BT=0.3, h=0.5)[71], have approximately 2.2 - 4.1 dB better performance. 

On the other hand the  required bandwidth of GMSK is 77% and 68% compared to  the 

bandwidth required for coded two schemes, respectively. That means these coded DPM 

schemes need more bandwidth. As mentioned in Section 5.2, the required bandwidth for
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DPM signal can be reduced by using larger values of rj and K . It can also be shown that 

some coded 3-SP DPM schemes have greater power and bandwidth efficiency th an  some 

coded 3-RC CPM schemes found in [70]. For example, the coded 3-RC CPM, h = 0.5 and 

v = 3 has of 5.26 (7.2 dB) whereas coded 3-SP DPM, h = 0.30 and v = 3 has d ^ in 

of 5.787 (7.6 dB). These two schemes have the same bandwidth.

These results show th a t convolutional codes when combined with 3-SP DPM can provide 

power and bandwidth efficiency relative to uncoded counterparts and to coded 3-RC CPM 

schemes.

A receiver structure to  recover the trellis coded 4-level 3-SP DPM signals, corrupted by 

the frequency selective Rayleigh fading channel, has been proposed and presented. The 

VDFE (more detail of this is given in Chapter 4 and Section 6.8) with channel estimator 

(more detail can be found in Chapter 3) is employed in the receiver section. The Viterbi 

algorithm is used as a  detector in the decision section of the VDFE. The bit erro r rate 

(BER) performances of tw o different combination schemes under the frequency selective 

Rayleigh fading channel have been presented. The simulation results show that increasing 

the free Euclidean distance of a coded 3-SP DPM system improves the BER performance 

of the system. The BER comparison between a  coded and an uncoded 4-level 3-SP DPM 

scheme is shown in Fig. 6.26. Although both schemes have the same bandwidth, th e  coded 

scheme (the combination o f (ll,12)-encoder, M ap# 1 and 4-level 3-SP DPM modulator 

with h=0.20) is about 1 dB more power-efficient than the uncoded one (4-level 3-SP DPM 

scheme with h =  0.50), for bit error probabilities in the range of 10-3 .

This confirm partly the  results found for AWGN channels. Thus d£,,n can be considered 

as one criterion of power efficiency for 3-SP DPM even under the frequency selective 

Rayleigh fading channel.



CH A PTER 7

C O N C L U S IO N S  A N D  F U T U R E  W O R K

7.1 C on clu sion s

Three prevailing requirements in transmission systems are decreasing the power needed 

for reliable transmission, reducing the required bandwidth and using a modulation tech­

nique which is easy to implement. For spectrum conservation, the band occupancy of the 

chosen modulation scheme has to be small so that as many channels as possible can be 

transmitted in a given band. In addition to spectral efficiency, the modulation scheme 

should be power efficient as well. As the available transmitter power is limited, the  system 

should be designed to use its power efficiently. Another criterion to be taken into account 

in choosing a modulation scheme for mobile systems is the implementation difficulty.

In recent years, efforts have been made in the search for power- and bandwidth-efficient 

modulation techniques. Over the last ten years two different classes of coding methods 

related to  the bandwidth efficiency have been developed. One of them is trellis coding 

combined with PSK, pioneered by Ungerboeck. The other one is the combination of 

convolutional coding with continuous phase modulation (CPM).

The search for improving power efficiency has been addressed for some modulation schemes 

in the mobile radio environment.

The first modulation scheme examined in this thesis is the TCM scheme proposed by 

Ungerboeck. Ungerboeck showed that TCM schemes can provide coding gains of 3-6 dB 

relative to an uncoded scheme with the same spectral efficiency under AWGN channels. 

However, there are still open questions concerning coding gains under the time invariant 

intersymbol interference (ISI) and frequency selective Rayleigh fading channels. In this 

study, Ungerboeck’s 4-state rate  2/3 8-PSK TCM scheme has been examined under time 

invariant ISI and frequency selective Rayleigh fading channels.
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The second modulation scheme examined in this thesis is digital phase modulation (DPM ). 

DPM has some advantages over most other forms of CPM. These are:

. It is well suited for VLSI implementation.

. It is relatively simple to implement.

. It uses phase modulation instead of frequency modulation. The shaped symbol 

pulses are applied directly to  a phase modulation.

The modulator and the demodulator are easier to implement, because in the digital form 

of CPM which is called digital frequency modulation or in any similar modulation tech­

nique such as Gaussian minimum shift keying (GMSK), the carrier phase at any time 

instant is the accumulated phase of all the previous symbols. Consider the case of GMSK, 

filter bandwidth B T  = 0.3 (which is used as an modulation technique in digital cellular 

mobile radio in Europe). Both DPM and GMSK employ a Viterbi processor in the receiver 

section. For GMSK, the number of states of the Viterbi processor is 4 * 2L. L can be  con­

sidered as 3 for this GMSK scheme (in fact L=3.33). Then the required number of states 

in the Viterbi processor will be 32. On the other hand DPM requires the Viterbi processor 

to have M L~X states. As mentioned in Chapter 5 this number is 4 for the binary 3-SP 

DPM case, and for the M  =  4 case this number is 16. For both binary and 4-level DPM 

cases the required states in the Viterbi processor are smaller than the number required for 

this case of GMSK.

These advantages of DPM signals motivated a consideration of these signals in mobile 

radio environments. The effects of the coding in improving the power efficiency of partial 

response DPM signals are examined. The main interest is to investigate what improve­

ments may be obtained by coding. The goal is to find the schemes which are both power 

and bandwidth efficient, in addition to having an implementation efficiency.

The first part of the project is the study of TCM signals in two environment, namely a 

time invariant ISI channel and a  frequency selective Rayleigh fading channel.

For a  channel with time invariant ISI, three types of algorithm have been examined. Two
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of them are the known algorithms, namely the linear feedback equaliser, and the deci­

sion feedback equaliser. The third algorithm is an algorithm called the Viterbi decision 

feedback equaliser (VDFE). To evaluate and compare the performance of these three a l­

gorithms, computer simulations are carried out for a time invariant ISI channel, namely 

telephone channel 2. The results for LFE show that the coding gain for bit error probabil­

ities in the range of 10-3 , which is important in digital speech transmission, is about 0.25 

dB. The results for DFE show th a t  the TCM 8-PSK scheme has little or no advantage over 

the uncoded counterpart (uncoded 4-PSK). Such disappointing results can be expected 

as the detector in the DFE makes hard decisions on the received signals, and hence th e  

potential benefit offered by trellis coding is lost. The proposed algorithm, namely V D FE, 

was shown to be better than the other two algorithms. The results show that using th is  

algorithm, a  TCM 8-PSK signal can be received with 1.6 dB less S/N, than for an uncoded 

4-PSK scheme, for the BER in the area of 10-3. The VDFE shows superior performance 

when compared to conventional hard-decision demodulation. It has approximately 3 dB  

better performance at a  bit error rate of 10“3 when compared with LFE, and 3.25 dB  

when compared with DFE.

The main conclusion concerning these results is that the TC 8-PSK scheme proposed for 

AWGN channels has also good performance under a  time invariant ISI channel. The B E R  

performance of this TCM scheme under a time invariant ISI channel is approximately th e  

same as under AWGN channels. That means the criterion, which is used for forming good 

trellis coded schemes in AWGN channels, is also valid when the channel is a  time invariant 

ISI channel.

Ungerboeck’s 4-state rate 2/3 8-PSK TCM scheme has also been examined under a  Fre­

quency selective Rayleigh fading (FSRF) channel. A receiver structure based on V D F E  

has been proposed. The complete transmission system has been simulated. The results 

of computer simulations for TC 8-PSK show that the coding gain of this scheme, for b it 

error probabilities in the area of 10-3 is about 0.5 dB. With high S/N ratios, a 1.5 dB  

coding gain is achievable. This gain is small when compared to the gain achieved under 

AWGN channels. This means the d^,,n is still a  criterion, but not as effective as under 

AWGN channels. This can raise a  question: Is there any other criterion than </£,,„ which 

can be used for finding good trellis coded schemes?
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Since the coding gain achieved in TC 8-PSK is low, searches have been conducted for 

improving this gain. A modulation scheme called Hybrid trellis-coded 8/4 PSK presented 

by Sundberg, which is the combination of the TC 8-PSK and the uncoded 4-PSK, has 

been studied under frequency selective Rayleigh fading. The results of computer sim u­

lation for hybrid TC 8/4-PSK show that the coding gain of this scheme, for bit error 

probabilities in the area of 10-3  is negligible. While the hybrid TC 8/4-PSK has be tte r 

performance for the cases where BER is larger than 10-2,7, TC 8-PSK becomes be tte r 

when the BER is smaller than 10-2'7. In the area of 10-3, the TC 8-PSK scheme has 

approximately 0.4 dB better performance than the hybrid TC 8/4-PSK scheme. In con­

clusion, no significant advantage of hybrid TC 8/4-PSK over TC 8-PSK has been observed.

In the second part of the project, the effects of the coding in improving the power efficiency 

of partial response DPM signals have been examined. The main interest was to investigate 

what improvements may be obtained by coding. The goal of this research was to find the 

best combinations of 1/2 rate convolutional encoder, mapping rule and partial response 

DPM modulator (binary and 4-level) for given memory length and modulation index. The 

type of convolutional encoders which have been considered are of short constraint lengths. 

The constraint length (or memory length) t; varies from 1 to 3. The binary mapping rule 

is used for the binary case, and two different mapping rules have been used for the 4-level 

case. The modulation indices between 0.05 < h < 1.20 have been considered. The error 

probability of a  system, in an additive white Gaussian noise channel, is a function o f  the 

free squared Euclidean distance. Since the error probability decreases with the increase 

of ¿min» the combinations of encoder, mapping rule and modulator, which maximise d2,^  

have been investigated for each memory length and modulation index. The results show 

that considerable gain can be achieved by coding for both constant envelope binary and 

4-level 3-SP DPM. It has been shown that a significant increase in can be obtained 

with coding. It has been also shown that increasing the memory length of the encoder 

increases d£,,n but the cost of this, for most of the modulation indices, is an increase in the 

observation interval length. Finally, some coded schemes have been introduced which pro­

vide greater power and bandwidth efficiency than the uncoded counterparts. An example 

of such a scheme is the (ll,12)-encoder combined with 4-level 3-SP DPM modulation and 

h = 0.15, v = 3. The corresponding to this scheme is 2.933 (4.7 dB). This scheme

173



has a 2.8 dB better performance and the bandwidth is only 86% compared to the uncoded 

4-level 3-SP DPM scheme with h =  0.50. Another example, the uncoded 4-DPM with 

h = 0.50 has a squared minimum distance of 1.563 (1.9 dB), whereas coded 4-DPM with 

h =  0.2 and v = 3 having the same bandwidth has a squared minimum distance of 4.578 

(6.6 dB). These two coded schemes with h = 0.15 and h =  0.20, when compared with d£,fn 

of 1.8 (2.5 dB) corresponding to  GMSK (BT=0.3, h=0.5)[71], have approximately 2.2 - 

4.1 dB better performance. On the other hand the required bandwidth of GMSK is 77% 

and 68% compared to the bandwidth required for the two coded schemes, respectively. 

That means these coded DPM schemes need more bandwidth. As mentioned in Section 

5.2, the required bandwidth for DPM signal can be reduced by using larger values of rj 

and K . It can also be shown th at some coded 3-SP DPM schemes have greater power- 

bandwidth efficiency than some coded 3-RC CPM schemes found in [70]. For example, 

the coded 3-RC CPM, h = 0.5 and v  = 3 has d^,n of 5.26 (7.2 dB) whereas coded 3-SP 

DPM, h = 0.30 and v = 3 has ¿min ° f  5.787 (7.6 dB). These two schemes have the same 

bandwidth.

These results show that convolutional codes when combined with 3-SP DPM can result in 

improved power and bandwidth efficiency relative to uncoded counterparts and to  coded

3- RC CPM schemes.

In order to validate the outcomes of the analytic results, a computer simulation o f the 

whole transmission system has been performed. Receiver structures have been proposed 

and presented to recover these coded signals under a  frequency selective Rayleigh fading 

channel. The bit error rate (BER) performances of coded 4-level 3-SP DPM schemes 

under a  frequency selective Rayleigh fading channel have been evaluated through th e  use 

of computer simulation. A receiver structure based on VDFE to recover the trellis coded

4- level 3-SP DPM signals, corrupted by the frequency selective Rayleigh fading channel, 

has been proposed and presented. Subsequently, the bit error rate (BER) performances of 

two different combination schemes under the frequency selective Rayleigh fading channel 

have been presented. The simulation results show that increasing the free Euclidean 

distance of a coded 3-SP DPM system improves the BER performance of the system. The 

BER comparison between a  coded and an uncoded 4-level 3-SP DPM scheme with the 

same bandwidth is also accomplished. Although both schemes have the same bandwidth,
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the coded scheme (the combination of (ll,12)-encoder, M ap# 1 and 4-level 3-SP DPM 

modulator with h=0.20) is about 1 dB more power-efficient than the uncoded one (4-level 

3-SP DPM scheme with h =  0.50), for bit error probabilities in the range of 10-3 . This 

confirms partly the theoretical results found for AWGN channels.

Some of the results of the work are attached as an appendix.

7.2 F u tu re  work

It would be of interest to  search for coded schemes with longer constraint length. Un­

fortunately the computation time for searching these schemes is long. DPM with a sine 

pulse (SP) of length L =  3 has been considered in this thesis [60]. For future work, DPM 

schemes with different pulse shape could also be considered. More efficient pulse shape, 

in terms of power and bandwidth efficiencies, could be used. Optimisation of the pulse­

shaping filter for the minimisation of the signal bandwidth can be accomplished. Then 

these DPM signals with different pulse shaping filters could be analysed. Afterwards, 

the effects of the coding in improving the power efficiency of these DPM signals can be 

examined. The optimal combinations of convolutional encoder and this modulator can 

be found. In addition, all the coded schemes considered in this thesis can be used with 

interleaving. The only criterion used with finding good codes is the dmin2. The other 

distance criteria such as Hamming distance and product distance can be considered.
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